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Preface

The first edition of Antenna Theory and Design was published in 1981 and the second in
1998. This three-decade span has seen major expansions of antenna application areas,
mainly in wireless communications. Along with technology advances has come public
awareness of the presence and importance of antennas. Base station antennas are now
visible in all urban and rural areas. Wireless telephones such as smart phones have
put antennas into the consumer’s hand. Personal and fleet vehicles have many wireless
features such as satellite navigation (e.g., GPS), satellite and broadcast radio, cellular
telephone, remote keyless entry, wireless toll tags, remote tire pressure monitoring, and
many more.

This third edition has 16 chapters, which is an increase of 4 chapters over the second
edition, representing both introduction of new material and reorganization of previous
topics. The third edition has several new sections of material specifically addressing
modern wireless applications for antennas. Chapter 11 on low-profile antennas and per-
sonal communication antennas includes an expanded treatment of microstrip antennas
and arrays, and new material on leaky wave antennas, fundamental limits on antenna size,
antennas for compact devices, radio frequency identification (RFID) antennas, dielectric
resonator antennas, near fields for large antennas, effects of the human body on antenna
performance, and biohazards of RF exposure.

Chapter 12 on terminal and base station antennas has new material on satellite terminal
antennas, base station antennas, vehicular antennas, smart antennas, and adaptive antennas.

The book organization has changed slightly to reflect new emphasis on wireless
applications. The new Chapter 1 has a greatly expanded discussion of the history of
wireless communications with emphasis on antennas. This provides a setting for the
applications for antennas and a motivation for pursuing the fundamentals needed to
design antennas for specific applications. Chapter 1 also includes a detailed overview of
antenna parameters and antenna types. Chapter 4 on system aspects allows students to
evaluate antennas as used in systems earlier in the book than in previous editions. Chapter
4 includes an introduction to array antennas, and the detailed treatment of arrays is now in
Chapter 8 and includes several practical aspects of antenna arrays such as feed networks
and wideband phased arrays.

The number of problems at the end of the chapters has increased from 504 in the
second edition to 591 in this third edition. Many of the new problems include simulation
aspects to encourage the student to perform high-level quantitative investigations of
antennas. Problems involving open-ended projects have also been added.

This book is a textbook and finds its widest use in the college classroom. Thus, the
primary purpose is to emphasize the understanding of principles and the development of
techniques for examining and designing antenna systems. The book is used by practicing
engineers as well as students. This is because of the applied nature of the material and
because it provides a coherent development of basic topics that are directly useable for
analyzing practical antennas. Handbooks with data on many antennas are available. But,
handbooks and special topics books typically do not provide sufficient background for
full understanding of antennas, which can lead to the dangerous practice of ‘“formula
lifting” that can end in inappropriate use of a formula.

Antenna Theory and Design covers antennas from three perspectives: antenna
fundamentals, antenna techniques, and the design of popular antennas. The first four
chapters stress antenna fundamentals. It is assumed that the student has no previous
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exposure to antennas, and thus all basic physical and mathematical principles are pre-
sented early, in Chapters 1, 2, and 3. This includes Maxwell’s equations along with a
physical explanation of how antennas radiate. The four types of antenna elements are
treated in the following places in the book:

Electrically small antennas—Sec. 3.1
Resonant antennas—Chapters 3 and 6
Broadband antennas—Chapter 7
Aperture antennas—Chapter 9

Also, arrays are introduced in Sec. 3.5 and covered in detail in Chapter 8. The use of
antennas as devices in systems is covered in Chapter 4. The synthesis of arrays and
continuous antennas for low side lobe or shaped main beam applications is presented in
Chapter 10. Chapters 11 and 12 treat low-profile and terminal antennas. Antenna mea-
surements are treated in Chapter 13. Chapters 14 to 16 introduce computational elec-
tromagnetic methods (CEM) for evaluating simple antenna elements as well as large
complex antenna systems. There are now a wide variety of antenna-specific computer
codes and general mathematics applications packages available for antenna computations
(see Appendix G).

The level assumed for this book is that of a typical senior in electrical engineering. It is
assumed the reader has had a basic course in electromagnetics, such as commonly
required of electrical engineering and physics majors. Essential mathematics includes
complex numbers, trigonometry, vector algebra, and coordinate systems (rectangular,
cylindrical, and spherical). Vector calculus is used at various points, and scalar integration
is frequently used.

SUGGESTIONS FOR ACADEMIC COURSES

This book can be readily adapted to various academic programs at both introductory and
advanced levels. The first course in antennas is usually either a one-semester senior elective
or an entry level graduate course. For a one-semester introductory course, Chapters 1 to 7 and
some of 8 and 9 are covered. For a master’s level course, parts of Chapters 8 and 9 can be
added. Topics from later chapters such as synthesis (Chapter 10), low-profile antennas
(Chapter 11), and terminal antennas (Chapter 12) can be treated along with the early chapters.
For example, PIFA antennas in Sec. 11.6.3 are a good fit with wire antennas of Chapter 6.

A second course can focus on advanced design, synthesis, and computational methods
using Chapters 10 to 16. Alternatively, a second course can specialize on computational
methods using Chapters 14 to 16.

LEARNING APPROACH

This text adopts a general approach to the treatment of antenna types and specific
antennas. After a general discussion of the principles, design formulas are derived and
explained using sample calculations and detailed examples. Often some details are left
as student exercises or problems at the end of the chapter. This is done to keep the
amount of material from overwhelming the reader. For the same reason, while many
antennas for wireless applications are presented, it is not an exhaustive treatment that is
better left to handbooks and focused-topic books. As appropriate, data are presented
using numerical or experimental models or computations based on theoretical for-
mulations. In addition, empirical formulas are often presented for easy evaluation of
performance parameters.
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SIMULATIONS AS A LEARNING AID

Literature describing how to write antenna computational programs and commercial
simulation packages for antennas are now widely available (see Appendix H.10). There-
fore, throughout this book results from numerical simulations are presented, often in
association with analytical calculations to explore the accuracy of approximate formulas.
Many problems at the end of each chapter, or parts of problems, require the use of simu-
lations to obtain numerical values. Most include the notation “Simulation.” These problems
greatly enhance the learning experience and give confidence in using simulations. Of
course, these problems can be skipped or postponed until computational methods are
treated in Chapters 14 to 16. Alternatively, computational material can be covered as
needed while going through the early chapters. In any case, the reader should obtain at least
one simulation package and use it while studying antennas. Many commercial codes have
excellent user interfaces that handle three-dimensional geometries and also have well-
organized outputs. The first choice for a code would be a moment method-based, wire
antenna simulation package. There is further discussion of computing tools for antennas
and specific suggestions of available simulation packages given in Appendix G.

LEARNING RESOURCE MATERIALS

Several features are included to aid in learning and in preparation for further self-study.
There are many terms that are specific to the field of antennas, and the terms used in this
book follow the IEEE standard definitions. Numbered literature references are found at the
end of each chapter for further reading. In addition, the bibliography in Appendix H lists
nearly all antenna books published in English, arranged by technical topic. Included are the
many books that have appeared since the second edition, mostly on specific antenna topics.
Citations to these books are made in the text using the following format: “[H.x.y: Author,
page number]”. The other appendices give information on the radio spectrum, material
data, and many mathematical relations used in antenna analysis.
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Chapter

Introduction

Fundamental principles will be presented in this textbook in a manner that students can
readily apply to the analysis and design of antennas. The physics principles of electro-
magnetism are used to understand how antennas operate. Antenna design problems are
solved using the physics principles together with mathematics and computational
methods, but the emphasis is on reducing the physics and mathematics to an under-
standable level. Before developing mathematical tools for designing antennas in subse-
quent chapters, this chapter provides a background to the field of antennas along with a
glimpse of the basic principles, terminology, and application areas. We begin with a brief
history of antennas and related technology developments.

References to specific literature works are found at the end of each chapter in which
the citation occurs. In addition, a list of antenna books in Appendix H is grouped by their
topical coverage to aid the student in locating further details. Citations to books in
Appendix H are of the following form: [H.x.y: Author, page nos.]. The IEEE definitions
of antenna terms [H.2: IEEE] are followed closely in this book.

1.1 THE HISTORY OF ANTENNAS

Antennas are mainly found in communication applications, with most uses in tele-
communications, which means distant communications and has roots in the Greek word
“tele” meaning “at a distance.” References 1 through 6 and [1-6; H.8.2: Visser, Chaps. 1
and 2] are general treatments on the history of technology related to antennas. A highly
recommended work is Sarkar, Mailloux, Oliner, Salazar-Palma, and Sengupta [2], which
provides a chronological summary of historical milestones in electricity, magnetism,
light, and wireless communications, including antennas, and provides comprehensive
discussions of key wireless-related technology developments.

1.1.1 Overview of the History of Communications

Antennas are most widely used in the field of communications, but electronic commu-
nication, including wireless communication, is a recent development in human history. In
fact, of the 4.5 billion years of the Earth’s existence, modern humans have been present
for only 200,000 years, whereas electronic communication is less than 200 years old.
Ancient long-distance communication employed couriers to deliver messages. Early
messages used pictures and symbols. The Greek alphabet was developed around 500 BC.
The word “alphabet” comes from the first two letters of the Greek alphabet, “alpha” and
“beta.” [3] Couriers were used extensively by the Romans to deliver hand-written mes-
sages. Message delivery was reinvented in the 19th century in North America with
horseback riders (e.g., the Pony Express), who delivered messages coast to coast in ten

1



2  Chapter 1 Introduction

days, which was fast for the era. Carrier pigeons were also used to transport written
messages.

Table 1-1 gives the historical timeline of significant events in communications with
emphasis on wireless communications. Communication during the pre-modern civiliza-
tion period used optical communications such as flags for line-of-sight and smoke signals
for non-line-of-sight, as well as devices such as drums for non-line-of-sight acoustical
communications. Signal flags are still in use today for ship-to-ship communications.
Drum beats traveled through the ground for up to 10 km. [3]. Smoke signals in the
daylight and fire signals at night were used extensively in antiquity. It is very interesting
to note that all of these early long-distance communication mechanisms made use of
digital techniques. The dawn of electronic communication in 1844 was also digital via
Morse code over the first telegraph transmission line from Baltimore to Washington, DC,
carrying the now famous message: “What hath God wrought?”” The telegraph, invented by
Samuel Morse (1791-1872), used “dots” and “dashes” generated by hand using a tele-
graph key and received by a operator listening at the other end for audible sounds. The

Table 1-1 Timeline of Significant Events in the History of Antennas and Communications

Pre-modern civilization (up to 2 million years ago)
Optical communications: Smoke signals, flags
Acoustical communications: Drums

1844 Telegraph—The beginning of electronic communication
Samuel Morse

1864 Maxwell’s equations—Principles of radio waves and the electromagnetic spectrum
James Clerk Maxwell

1866  First lasting transatlantic telegraph cable

1876 Telephone—Wireline analog communication over long distance
Alexander Bell

1887 First Antenna
Heinrich Hertz

1897 First practical wireless (radio) systems
Guglielmo Marconi

1901 First transatlantic radio
Guglielmo Marconi

1920  First broadcast radio station

World War II Development of radar; horn, reflector, and array antennas

1950s  Broadcast television in wide use
1960s  Satellite communications and fiber optics
1980s  Wireless reinvented with widespread use of cellular telephones

Electromagnetics Antenna Wireless
Pioneer Pioneer Pioneer

James Clerk Maxwell Heinrich Hertz Guglielmo Marconi
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first underwater telegraph cable in 1851 spanned the English Channel. An interesting side
note is that the cable suddenly stopped functioning due to a fisherman who had snagged
the cable, pulled it up, and hacked it apart, thinking it was a sea serpent. [3, p. 32] After a
few failed attempts at a transatlantic telegraph cable, the first lasting connection was
completed in 1866, but had initial usage rates of $1 per letter! With the invention of the
telephone by Alexander Graham Bell (1847-1922) in 1876, electronic communication
began a long period of analog communication before digital communication returned,
rather recently.

The mathematical and physical foundations for electromagnetic waves were presented
by James Clerk Maxwell in 1864 and are now referred to as Maxwell’s equations.
Wireless (radio) telegraphy was made possible with the inventions of antennas and radio
systems in 1887 by Heinrich Hertz and in 1897 by Guglielmo Marconi, respectively. In
1901, Marconi performed the first transatlantic radio transmission. During the early part
of the 20th century there were several advances in electronics that enabled more
sophisticated radio systems. This culminated during World War II with development of
microwave devices, enabling, for example, radar systems. A new form of tethered
communication returned in the 1960s with the maturing of optical fiber cable. Finally,
massive deployment of radio communications was launched in the 1980s, which turned
out to be the reinvention of wireless communications about a century after its first
deployments. We now give some details on key science and technology milestones in the
history of communications, with emphasis on antennas.

1.1.2 The Significant Contributions to the Understanding
of Electromagnetic Waves

Electromagnetic waves, which enable wireless communication, are composed of electric
and magnetic fields. Electric and magnetic fields are associated with electric and mag-
netic forces which are two of the four forces of nature,' with gravitational and nuclear
(weak and strong) being the other two. Common forces arising from, for example, friction
or spring tension are actually manifestations of electric and magnetic forces. The early
investigations of electromagnetics treated electricity and magnetism as separate unrelated
phenomena, which we now know is true only in the static case.

In 1600, English physicist and physician to Queen Elizabeth I, William Gilbert (1544—
1603) published a book on electricity and magnetism. In 1772, English chemist and
physicist Sir Henry Cavendish (1731-1810) derived the now well-known inverse distance
square law of force between electric charges, which French physicist Charles Augustin
Coulomb (1736-1806) experimentally verified in 1785, and now the law bears his name.
The invention of the electric battery by Italian physicist Alessandro Volta (1745-1827) in
1800 provided the first continuous source of electricity, which was the key to subsequent
experimental discoveries. In 1819, Danish physicist Hans Oersted (1777-1851) acciden-
tally observed in a classroom demonstration to his students that a compass needle is
deflected when brought near a current-carrying wire, laying the foundation for electro-
magnetism. Oersted did not fully realize that the current produced a magnetic field which
interacted with the magnetic field of the compass needle, but French mathematician and
physicist Andre Marie Ampere (1775-1836) did. A week after Oersted announced his
results, Ampere confirmed the findings and introduced the “right-hand rule,” which gives
the direction of the magnetic field as that of the curled fingers when the thumb is along the
current direction. Ampere also showed that parallel current-carrying wires attract (repel) if

!Physicists often include magnetic forces with electric forces because they arise from electrical charge
motion.
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the current directions are the same (opposite). Ampere postulated that magnetic materials
consist of aligned tiny electric current loops, which was shown to be true decades later.

The full connection between electricity and magnetism was finally established in 1831
by English physicist and chemist Michael Faraday (1791-1867) when he discovered
electrical induction (i.e., creation of an electric field from a changing magnetic field) and
transformer action; he constructed the first electric generator to provide steady current
without using a battery. Faraday formulated “lines of force” based on his observations of
iron filing alignments along the magnet fields from a permanent magnet. Faraday used
lines of force, now called field lines, to visualize field direction and intensity (lines are
more closely spaced lines for stronger fields), and he even believed that fields were
physically real. Field theory finally explained “action-at-a-distance” in electric, magnetic,
and gravitational phenomena. Maxwell later further refined the use of fields.

In 1842, Joseph Henry (1797-1878) of Princeton University performed perhaps the
first radiation experiment. He “threw a spark™ in a circuit in an upper room and observed
that needles were magnetized by the current in a receiving circuit located in the cellar.
This experiment was extended to a distance of over a kilometer. Henry also detected
lightning flashes with a vertical wire on the roof of his house. These experiments marked
the beginning of wire antennas.

Based on his observations in 1875 that telegraph key closures radiate, Thomas Edison
patented a communication system in 1885 that employed top-loaded, vertical antennas.

The theoretical foundations for antennas rest on Maxwell’s equations, which Scottish
mathematician and physicist James Clerk Maxwell (1831-1879) presented before the
Royal Society in 1864, which unify electric and magnetic fields into a single theory of
electromagnetism. Maxwell used the laws of Ampere, Gauss, and Faraday and introduced
displacement current to form a single set of electromagnetic theory equations. Maxwell
also predicted that light is explained by electromagnetics and that light and electro-
magnetic disturbances both travel at the same speed; he actually derived a value for the
speed of light that was very close to what is now known to be correct, 3 X 10%m/s.
However, Gustav Kirchhoff (1824—-1887) was the first to discover that electrical signals
propagate at the speed of light in 1857. Maxwell introduced the notion that electro-
magnetic phenomena reside in the space around electrified bodies as well as in the bodies.
Although Maxwell incorrectly believed in the existence of an ether material in space that
supports action-at-a-distance, and he rejected the notion that electricity has a particle
nature, his equations have endured. In spite of Maxwell being a capable experimentalist,
he performed no measurements to validate his theories, nor did he even propose an
experiment. He published the two-volume set Treatise on Electricity and Magnetism in
1873, but it was hard for his followers to understand. Interestingly, Maxwell developed
the basics for color photography and made the first color photograph in 1861. He died in
1879 at the age of 48 from stomach cancer before his theories were experimentally
verified by Hertz.

Maxwell’s work was not immediately accepted, probably because it was customary at
the time for physicists to connect their work to that of Newton by including mechanical
laws, which Maxwell did not do; also, unlike Newton, Maxwell was not an aggressive
self-promoter. [9] Many physicists, in fact, held out for decades that a mechanical sub-
structure would be found for Maxwell’s theory, but when relativity and quantum theories
took hold, the quest for a unified physics foundation was abandoned. [10, p. 100] Albert
Einstein’s (1879-1955) special theory of relativity in 1905 showed that Newtonian
mechanics requires modification when relativistic speeds (i.e., approaching the speed of
light) are involved, whereas Maxwell’s equations already are relativistic and require no
modification for cases of charges moving at relativistic speeds.

2 References focusing on Maxwell’s life are [7-9].
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The importance of the contributions of several of the pioneers in electromagnetism,
which enabled wireless technology to eventually flourish, has been recognized by naming
units of electrical quantities after these giants:

Unit Honoree Quantity Symbol
Ampere Andre Ampere Current A
Coulomb Charles Coulomb Charge C
Farad Michael Faraday Capacitance F
Henry Joseph Henry Inductance H
Hertz Heinrich Hertz Frequency Hz
Volt Alessandro Volta Voltage (emf) \'%

1.1.3 Key Developments in Communication Technology

In 1872, American dentist Mahlon Loomis (1826-1886) obtained the first patent on
wireless telegraphy. He performed crude demonstrations using kite wires 200 m long at
two mountain-top sites in the Blue Ridge Mountains of Virginia separated by 22 km. By
grounding one end, a disturbance of the atmospheric electricity caused a deflection in a
current meter at the other end. [2, p. 69 and p. 251] But Loomis believed that he was
controlling a conducting layer in the lower atmosphere, so the basic premise of his patent
was flawed.

In 1884, John Henry Poynting (1852-1914) showed that Maxwell’s theory can be used
to predict that energy flows through empty space calculated using the electric and
magnetic fields. Heaviside independently at nearly the same time came upon the same
discovery. [1, p. 313]

The German physicist Heinrich Hertz (1857—-1894)* was able to verify experimentally
in 1886 (published in 1887) Maxwell’s claim that electromagnetic actions propagate
through air at the speed of light. Hertz received his Ph.D. at the University of Berlin in 1880
studying under Gustav Kirchhoff, who is well known to students of electrical engineering
through his contributions to circuit theory (he also discovered and coined the term for
blackbody radiation). Hertz also studied under Hermann Helmholtz (1821-1894), who has
been credited with the concept of conservation of energy and who suggested that Hertz look
for radiation above the visible region. Hertz built what can be considered to be the first
radio system, which included the first dipole antenna and first loop antenna, as shown in
Fig. 1-1.* The primary source of electrical disturbances was a spark gap generator con-
sisting of two metal plates in the same plane, each with a wire connected to an induction
coil. This early antenna is similar to the capacitor-plate dipole antenna, which will be
described in Sec. 3.1, and was called a “Hertzian dipole.” Hertz discovered that electrical
disturbances could be detected via visually observed sparks with a single wire loop of
the proper dimensions for resonance and an air gap for the sparks to occur. By moving the
detector between the transmitter and a large conducting plate acting as a reflector, he
created standing waves and calculated the wavelength as 6 m, corresponding to 50 MHz.
Hertz’s understanding of electromagnetic waves was so thorough that he varied the loop
perimeter dimension in increments to maximize the induced spark length, thereby tuning
the loop to half-wavelength resonance at a perimeter of 4.3 m, corresponding to a wave-
length of about 8.6 m for a resonant frequency of about 35 MHz. [11,12]

3 Articles on Hertz’s life and contributions are found in [11-13].
4Although Henry used wire antennas more than 40 years earlier, Hertz was the first to fully understand
their operation and use.
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Figure 1-1 The first complete radio system, built and tested by Heinrich Hertz in 1886. It
includes a dipole source antenna and a loop receiving antenna. Both antennas were the first of
their kind.

Hertz was the first to demonstrate conclusively the existence of electromagnetic
waves. With this laboratory radio system, Hertz made several key discoveries, including
standing waves, reflection, refraction, and polarization. Based on Maxwell’s prediction
that light is an electromagnetic wave, Hertz used ray optics principles, well known at the
time, to design a more directive antenna. This was necessary because he experimented
indoors and realized that he needed a directive antenna to reduce signal reflections off the
walls. In 1888, he constructed a parabolic cylinder reflector antenna from a sheet of zinc;
see Fig. 1-2. It was fed with a dipole along the focal line and operated at 455 MHz.
Although the aperture extent was only 1.8 wavelengths (1.2 m) in the horizontal dimension
and only 3 wavelengths (2 m) in the vertical dimension, this was sufficient to produce a
narrow directional beam that was 35° wide and 80° in the vertical plane. [14] Hertz
published what is probably the first book on antennas, Electric Waves [H.3: Hertz], in
1893. He also investigated the skin effect and the photoelectric effect. Hertz died of
complications from a dental abscess at the early age of 36. [15]

In 1888, English physicist and electrical engineer Oliver Heaviside (1850-1925), who
did not complete college, extended Maxwell’s work. He reduced the 20 equations of
Maxwell that were in scalar form and introduced vector notation, yielding the compact set
of 4 equations we use today. In his three-volume work, Electromagnetic Theory, he
predicted the existence of the charged layer in the upper atmosphere, called the iono-
sphere or Heaviside layer, which is responsible for long-distance communications via
reflection from the layer. He also proposed inductive loading on transmission lines to
produce distortionless signal propagation, making practical long-distance wire commu-
nication possible. Heaviside is often called the father of telecommunication.

English physicist Oliver Lodge (1851-1940) in the 1890s conducted experiments
similar to those of Hertz and Marconi but at higher frequencies. His U.S. Patent 609,154
of Aug. 16, 1898, includes implementations of “Hertzian-wave telegraphy,” loaded
dipoles, biconical antennas (see Sec. 7.4), dielectric lenses (see Sec. 9.8), and even
frequency division multiplexing. He also coined the term “impedance” and correctly



1.1 The History of Antennas 7

Ty

Figure 1-2 The 455-MHz cylindrical-parabolic reflector antenna invented by Hertz in 1888.
The parabolic shape in the horizontal direction has an aperture width of 1.2 m and the linear
shape in the vertical direction is 2 m long.

suggested that the sun emits radio waves. After 1910, Lodge shifted his efforts from
technology to other areas, such as communicating with the dead.

Indian physicist J. Bose (1858-1937) performed extensive investigations of phe-
nomena and devices at microwave and millimeter wave frequencies up to 60 GHz. In
1896, he developed the first pyramidal horn antenna (see Sec. 9.4.3) which he called a
collecting funnel; it was an extension of an open-ended waveguide radiator (see
Sec. 9.2.2) that Lodge developed. He also investigated polarization and polarizers.

1.1.4 Long-Distance Wireless Communications

Guglielmo Marconi (1874-1937), an Italian electrical engineer, studied the work of Hertz
and concluded that electromagnetic waves could be used for telegraph purposes. After
first experimenting with detecting lightning over kilometer distances, he built a micro-
wave parabolic cylinder like the one used by Hertz in Fig. 1-2 in 1895 for code trans-
missions over very short distances at 1.2 GHz. He then reduced the frequency of
operation and employed monopole antennas. Like most of the antenna designers of his
day, Marconi did not use theory to guide his experiments, but instead proceeded largely
on an empirical basis. He did not fully understand why lower frequencies were better for
long-distance communication, and he did not know that his monopole operated best for a
quarter wavelength height. But, the ability to communicate great distances both at night
and during the day resulted in HF-band and lower frequencies being used heavily for
decades. Failing to obtain support from the Italian government for his work, Marconi
moved to England in 1896 and teamed with the British Post Office in subsequent
experiments. In 1901, Marconi received British Patent Number 7777 (often referred to as
the “four sevens patent”) for a tunable radio system, allowing for multiple systems to
operate on different frequencies. Contrary to popular belief at the time, Marconi believed
that radio signals would follow the curvature of the earth at low frequencies. To prove this
dramatically, he set up a 3,500 km link with the transmitter in Poldhu in Cornwall,
England, and receiver in St. Johns, Newfoundland, Canada. The transmitting antenna for
the first transatlantic radio communication in 1901 consisted of a spark transmitter
connected between the ground and a system of 54 fanned out wires 1 meter apart at the



8 Chapter 1 Introduction

H

Figure 1-3 The fan monopole transmitting antenna used by Marconi at 500 kHz in the first
transatlantic radio link.

top and supported on 45.7-m tall masts; see Fig. 1-3. The antenna resembled a variation of
a planar monocone antenna (see Sec. 7.4). The receiving antenna was a 122-m long
copper wire suspended by a kite. The exact operating frequency remains a subject of
controversy. Reproductions of the experiment (scaled up in frequency) and numerical
simulations indicate that Marconi used a frequency of 500 kHz. [2, Chap. 12] The Morse
code letter “s” (three dots) was sent repeatedly, and Marconi logged three successful
receptions in his laboratory notebook. Although many of the elements of his success were
known before his work, he is credited with inventing wireless telegraphy because he
combined the many elements into a commercially feasible system. Reliable transatlantic
wireless telegraphy service began in 1907. The Marconi Wireless Telegraph Company of
America started in 1899 and evolved into the Radio Corporation of America (RCA) in
1919. As a historical note, the passenger ship SS Titanic that sank the night of April 14,
1912, had a Marconi wireless set on board and transmitted distress calls. But the radio
operator on duty on a nearby ship, the California, was asleep at the time of the sinking
and distress calls from the Titanic were not received.” A distant ship, the Carpathia, did
receive the distress call and arrived four hours later at the Zitanic to rescue 706 survivors
of the 2,233 people aboard.

The term wireless was used until 1920 when broadcast radio began. The popular
meaning of the term radio remains in use today for the application of broadcast AM and
FM. With the widespread use of cellular telephones, the term wireless has regained
popularity and now is applied to a variety of untethered communication systems that do
not use wires. The term radio may have evolved from the word radii because the waves
propagate radially outward from the transmitter [2, p. 107], or may simply be a con-
traction derived from electromagnetic radiation. The IRE (Institute of Radio Engineers)
officially adopted the term radio in 1913.

The Russian physicist Alexander Popov (1859-1905) also recognized the importance
of Hertz’s discovery of radio waves and began working on ways of receiving radio waves
a year before Marconi. He is sometimes credited with using the first antenna in the first
radio system by sending a signal over a 3-mile ship-to-shore path in 1897. Popov used
the first elevated wire antenna, which Marconi also used. The elevated wire antenna
was the primary antenna used for the next three decades. Although Popov was first, it was
Marconi who developed radio commercially and also pioneered transoceanic radio
communication. Marconi is considered to be the father of wireless.

Canadian-American physicist Reginald Fessenden (1866—-1932) in 1906 demonstrated
modulation onto a carrier by sending and receiving music, thus creating wireless tele-
phony and amplitude modulation (AM). Fessenden obtained 500 patents but was not a

> A very readable reference with details on the equipment Marconi used is [H.8.2: Visser, Chap. 2].
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serious challenge to Thomas Edison’s world record 1093 patents. Fessenden patented the
heterodyne method of reception in 1902 and superhetrodyne reception in 1905.

Efficient signal detection technology developments occurred in the early 1900s,
starting with patents by English electrical engineer John Fleming (1849-1945) and
American Lee De Forest (1873—-1961) on the vacuum tube diode (referred to as electric
valve then) in 1904 and 1905, respectively. In 1906, De Forest patented the triode tube
(“Audion”) which remained the primary means of detection in radios until the appearance
of the transistor decades later and enabled wide-spread implementation of wireless voice
communication. American electrical engineer Edwin Armstrong (1890-1954) invented
the superhetrodyne radio receiver using eight tubes in 1918, which permitted tuning of a
radio receiver by merely rotating a dial. Armstrong also invented frequency modulation
(FM), which became popular after World War II. Although he earned millions of dollars
from his patents, Armstrong had considerable business and legal troubles and committed
suicide in 1954.

In 1912, the IRE was formed from the merger of the Wireless Institute and the Society
of Radio Engineers.® The importance of antennas is punctuated by the fact that the first
article of the first issue of the journal Proceedings of the IRE was on an antenna topic,
how to measure radiation resistance. [16] The term antenna was introduced by Marconi
and has its origins in the wooden poles used to support wire antennas; the Italian word for
pole is antenna. [H.8.2: Visser, p. 31; 15] The term aerial was also popular and remains in
use. The term antennae is sometimes encountered in the literature and is the plural of
antenna in Latin. The term antenna is also used for the “feelers” on the heads of insects
and crustaceans such as lobsters.

Antenna developments in the early part of the 20th century were limited by the
availability of signal generators, which for the most part operated in the low MHz range
and below. Resonant length antennas (e.g., a half-wavelength dipole) were physically
large and of low directivity. The need for secure communication in World War I provided
motivation to aggressively pursue directive antennas, which are more easily realized at
higher frequencies in the HF range (3 to 30 MHz, often called short waves) and above.
In 1916, Marconi developed a cylindrical parabolic reflector with a monopole feed at
150 MHz.

Commercial broadcast radio by Westinghouse Company started in 1920 in Pittsburgh,
Pennsylvania, at KDKA-AM when continuous programming of speech and music
intended for the public was launched. [17, Chap. 15] Westinghouse sold home-use AM
receivers starting in 1921. The use of directional broadcast antennas was introduced in
1932 in the United States. FM broadcasting began in 1940 in the United States and
operated in the 42 to 50 MHz band until 1945. Popularity of FM broadcast waned in the
mid 1950s due to rapid growth of broadcast felevision (TV'), but revived in the late 1950s.
Regular television broadcasting with black and white pictures began in England in 1939
and in the United States in 1941, with most growth in the 1948 to 1952 period. By
the early 1960s all the networks were broadcasting color TV programming using the RCA
tri-color system.

1.1.5 The Modern Era of Wireless

Mobile telephone, invented by Bell Telephone Company, was introduced into New York
City police cars in 1924. In 1926, the Yagi antenna was developed in Japan (see Sec. 6.3).
In 1934, commercial telephone microwave links began and used parabolic reflector
antennas.

®The IRE merged with the American Institute of Electrical Engineers (AIEE) to form the Institute of
Electrical and Electronic Engineers (IEEE) in 1963.
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Microwave antennas operating at low GHz frequencies were investigated before 1900
by Bose and Lodge, but did not find applications until the 1930s when signal generators at
these frequencies appeared. The term microwaves (now defined as 0.3 to 300 GHz fre-
quencies) was first used in 1932. [18] The first commercial microwave radio telephone
system in 1934 was operated between England and France at 1.8 GHz. The cavity
magnetron and reflex klystron microwave sources were developed in 1937 and 1939,
respectively. The magnetron is used for high-power microwave generation such as in
microwave ovens. With microwave sources available and new applications stimulated
by World War II military needs, horn antennas (see Sec. 9.4) and reflector antennas
(see Sec. 9.6) invented many years earlier finally found widespread use and remain
popular today for both communication and the new application, radar (see Sec. 4.6).
A U.S. government sponsored think tank for microwave technology development called
MIT Radiation Laboratory operated during WW II and resulted in publication of
28 volumes, including 1 volume on antennas [H.3: Silver], mainly aperture antennas.
Also, practical array antennas (see Chap. 8) started a long development process which
continues today.

In the post WW 1I period, three major wireless application areas grew to maturity. Full
mechanical scanning of reflector antennas mainly for radar was gradually replaced by
feed-only mechanical scan and phased arrays with no mechanical moving parts other than
mechanical phase shifters. [5] Broadcast television exploded in the 1948 to 1952 period
much like broadcast radio in the early 1920s. Satellite communications began in the
1960s and now provide both wide-bandwidth interconnections of large nodes for voice,
video, and data, as well as user links like mobile satellite telephones and satellite mobile
broadcast radio. Finally, cellular terrestrial land-mobile radio began in the 1980s and
spawned many innovations in small antennas for handsets (Chap. 11). Also, two
completely new types of antennas were introduced, frequency independent antennas and
microstrip antennas (see Table 1-4, Chap. 7, and Sec. 11.2). Beginning in the 1960s,
computational methods for electromagnetic problems began the transition from a research
area to an easy-to-use tool for the practicing engineer; see Chaps. 14 through 16. Now
many commercial software packages are available for simulating complex antenna sys-
tems. Currently, antenna design is evolving from a purely device level approach in two
directions: design in concert with full system requirements and integration of new
materials. Antennas via wireless are a part of the growing deployments of mixed-mode
communications which combines wire, coaxial cable, fiber optical cable, the Internet, and
wireless.

1.2 WHAT IS AN ANTENNA AND WHEN IS IT USED?
1.2.1 What Is an Antenna?

Electrical signals are carried between points in one of two ways: via transmission line or
through empty space using antennas at the terminals. A transmission line confines the
electrical signals and the energy of the associated electromagnetic waves to the region
near, or inside, the transmission line. This is also the situation for conventional circuits
where no energy appears distant from the circuit. Transmission lines often use a balanced
system of conductors or a metallic enclosure to confine the energy to either entirely
internal to the transmission line or very nearby. An antenna has the opposite purpose—to
encourage electrical signals to reach large distances from the antenna: to radiate. For
example, a good transmitting antenna will produce power densities that are detectable at
great distances from the source. The IEEE defines an antenna as “that part of a trans-
mitting or receiving system that is designed to radiate or to receive electromagnetic

7See [H.8.2: Visser, Sec. 2.4] for a historical discussion of radar.
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waves.” [Sec. H.2: “IEEE Standard Definitions of Terms for Antenna”] A transmission
line requires a guiding structure (typically at least one conductor), whereas an antenna
requires no guiding structure. Examples of RF (radio frequency) transmission lines are
coaxial cables, parallel-wire lines, and hollow pipe waveguides (see Fig. 6-31). It is
appropriate to view an antenna as a transducer that converts a guided (or bound) wave on
a transmission line to a free-space electromagnetic wave (for the transmitting case) or
vice versa (for the receiving case).

For an antenna to be efficient, it must have a physical extent that is at least an
appreciable fraction of a wavelength at the operating frequency. Table 1-2 summarizes the
electromagnetic spectrum showing common frequency bands and the corresponding
wavelength values; more details on the spectrum are found in Appendix A. Conventional
circuits that are smaller than 1 meter in extent, for example, are much smaller than a
wavelength in size for operating frequencies up to many MHz and thus do not radiate.
Conventional circuit analysis uses a lumped element model where the elements (resistors,
capacitors, and inductors) are assumed to have all fields confined to the element extent.
Transmission lines, on the other hand, are often a sizable fraction of a wavelength and

Table 1-2 The Electromagnetic Spectrum

Band Designation Frequency Wavelength Example Uses

ELF (Extremely 3 to 30 Hz 100 to 10 Mm
Low Frequency)

SLF (Super Low 30 to 300 Hz 10 to 1 Mm Power lines
Frequency)

ULF (Ultra Low 300 to 3 kHz 1 Mm to 100 km
Frequency)

VLF (Very Low 3 to 30 kHz 100 to 10 km Submarine comm.
Frequency)

LF (Low Frequency) 30 to 300 kHz 10 to 1 km RFID

MF (Medium 300 kHz to 3 MHz 1 km to 100 m AM broadcast
Frequency)

HF (High Frequency) 3 to 30 MHz 100 to 10 m Shortwave broadcast

VHF (Very High 30 to 300 MHz 10to 1 m FM and TV broadcast
Frequency)

UHF (Ultra High 300 MHz to 3 GHz 1 mto 10 cm TV, WLAN, GPS, Microwave
Frequency) ovens

SHF (Super High 3 to 30 GHz 10to 1 cm Radar, WLAN, Satellite comm.
Frequency)

EHF (Extremely High 30 to 300 GHz 10 to 1 mm Radar, Radio astronomy, Point-

Frequency)

Microwaves
Millimeter waves
Submillimeter waves

1 to 300 GHz 30 cm to 1 mm
30 to 300 GHz 10 to 1 mm
>300 GHz <1 mm

Frequency-to-Wavelength Conversions

L=clf

(
(

A(m) =3 X 108 /f(Hz)
/(m) = 300/f(MHz)

A(cm) = 30/f(GHz)

to-point high rate data links,
Satellite comm.
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require what is called distributed element analysis, whereby the electrical characteristics
are expressed per unit length quantities such as Farads/meter. It should be mentioned
that radiation can be unintended, creating interference. The design of high-speed digital
circuits and high-frequency devices includes techniques for minimizing radiation
(see Sec. 4.7).

1.2.2 When Is an Antenna Used?

In contrast to a transmission line, an antenna requires no guiding structure. However,
the waves are radiated in all directions away from a transmitting antenna, albeit not
uniformly. For a transmitter-receiver spacing of r, the power loss of a signal traveling in

a transmission line is proportional to (e"”)2 where « is the attenuation constant of the
transmission line, whereas for antennas used in a line-of-sight configuration the power loss
is proportional to 1/r°. This prompts the question of how to choose between using a cable
or an antenna, which is the same as asking whether a transmission line or a radio should be
used. Many factors other than propagation loss enter into this decision. Generally
speaking, transmission lines are used at low frequencies and for short distances. But high
frequencies are popular for communication applications because of the available wide
bandwidth. So as the distance or frequency increases, the signal losses and costs of using
transmission lines increase, and the decision is often to use antennas. For long distances,
radio communication using transmit and receive antennas is more appropriate and much
less expensive than using a transmission line.

Antennas must be used in several applications. For example, mobile communications
involving aircraft, spacecraft, ships, or land vehicles require antennas. Antennas are also
popular in broadcast situations where one transmit terminal can serve an unlimited
number of receivers, which can be mobile (e.g., car radio). Non-broadcast radio appli-
cations such as municipal radio (police, fire, rescue), amateur radio, and wireless personal
communications also require antennas. There are also many non-communication appli-
cations for antennas. These include remote sensing and industrial applications. Remote
sensing systems are either active (e.g., radar) or passive (e.g., radiometry) and receive
scattered energy or inherent emissions from objects, respectively; see Secs. 4.5 and 4.6.
The received signals are processed to infer information about the objects or scenes.
Industrial examples are cooking and drying with microwaves.

Other factors that influence the choice of the type of transmission system include
historical reasons, security, and reliability. Telephone companies provided wireline
communications before radio technology was available, and telephone infrastructure
continues to be used, although consumers continue to shift to wireless personal com-
munications. Telephone companies employ microwave radio and fiber optic transmission
lines for long-distance telephone calls. Satellite radio links are used for international
telephone calls and for distributing television program material to affiliate stations. Also,
many millions of homes receive television programs from direct broadcast satellites. Very
small aperture terminals (VSAT) are widely used in private data networks to interconnect,
for example, gas stations and retail stores via satellite, mainly for credit card authori-
zation. Although transmission lines inherently offer more security than radio, radio links
can be secured with coding techniques.

Reliability is an additional factor impacting the decision between wired and wireless
interconnectivity. Radio signals are affected by environmental conditions such as struc-
tures along the signal path, the ionosphere, and weather. Furthermore, interference is
always a threat to radio systems. On the other hand, cables are vulnerable to being
damaged, most often by storms (for elevated cables) and by accidentally digging up
buried cables. All of these factors must be examined together with the costs associated
with using transmission lines or antennas. Cable-based systems usually require the pur-
chase or lease of land right-of-way, which can be expensive. Radio-based systems only
have costs associated with antenna sites and benefit from improved reliability and
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reduced equipment costs as technology advances. Cable and radio communication
systems will continue to be used in the future with the choice depending on the specific
application.

The next two sections of this first chapter provide a basic understanding of
how antennas operate and an overview of the types of antennas encountered in practice.

1.3 HOW ANTENNAS RADIATE

In this section, we explain the basic principles of radiation using some examples
explained with simplified physics in preparation for the full mathematical development of
antennas in the next chapter. The mathematical foundation is needed for subsequent
analysis and design of antennas. Radiation is a disturbance of the electromagnetic fields
that propagates away from the source of the disturbance so that the total power in the
wave does not decay with distance. This disturbance is created by a time-varying current
source, which has an accelerated charge distribution associated with it. We, therefore,
begin our discussion of radiation with a single accelerated charge.

Consider the single electric charge of Fig. 1-4 moving with constant velocity in the
z-direction. We know from electrostatic principles that the electric field (often called the
Coulomb field) of a charge terminates either on an oppositely signed charge or at infinity.
Thus, prior to arrival at point A (r < 0), the static electric field lines extend radially away
from the charge to infinity and move with the charge. When the charge reaches point A at
time t = 0 the charge begins to be accelerated (i.e., velocity is increased) until reaching

Figure 1-4 Illustration of how an accelerated charged particle radiates. Charge ¢ moves with
constant velocity in the +z-direction until it reaches point A (time = 0) after which it
accelerates to point B (time = Ar) and then maintains its velocity. The electric field lines
shown here are for a time rp/c after the charge passed point B.
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point B at time r = At where it continues on at the acquired velocity for all time ¢ > At.
The radial field lines outside the circle of radius r4 in Fig. 1-4 originated when the charge
was at point A. The circle of radius rp is centered on point B, which is the charge position
at the end of the acceleration period Ar and the electric field lines extend radially away
from point B interior to the circle or radius rg. The distance between the circles is the
distance light would travel in time Af, or Ar = rp — ry = At/c. Because the charge
moves slowly compared to the speed of light (¢), Az < Ar and the circles are nearly
concentric. The distance Az in Fig. 1-4 is shown large relative to Ar for clarity. The
electric field lines in the Ar region are joined together because of the required continuity
of electric field lines in the absence of charges. This region is obviously one of disturbed
field structure and was caused by acceleration of the charge which ended a time rp/c
earlier than the instant represented in Fig. 1-4. This disturbance propagates outward at the
speed of light. The electric field lines in the Ar region have a “kink” in them which
introduces a transverse component E; in addition to a radial component. As we shall see,
the presence of the transverse field component is a characteristic of radiated fields, and
the disturbance propagates to infinity.

The important physical principle in this example is that accelerated charges radiate.
Acceleration, in general, occurs through change of speed or change of direction of a
charge. For antennas the primary mechanism of radiation is via charges (i.e., charge
disturbances) moving back and forth on a wire, or oscillating in response to an oscillating
generator. Charge direction is reversed at the ends of the wire, which is an acceleration
and results in radiation.

The fact that radiation is a disturbance is directly analogous to a transient wave created
by a stone dropped into a calm lake where the disturbance of the lake surface continues to
propagate radially away from the impact point long after the stone has disappeared.
Another useful analogy of wave behavior, credited to Leonardo da Vinci (1452-1519), is
the waves moving across the tops of a wind-swept field of wheat while the base of the stalks
remain stationary. [H.3: Schelkunoff and Friis, p. 10] Accelerated charges are necessary for
creating radiation, but not for sustaining the wave. Once a wave is started, the electric field
lines that close on themselves (because no charges are present for the lines to terminate on)
and propagate outward away from the original source at the speed of light. The helpful
mechanical analogy here is that of a rope with one end fixed and a kink is generated at the
other end by a flick of the wrist, creating a propagating kink.

The directional properties of radiation are evident in the accelerated charge example.
The disturbance in Fig. 1-4 is maximum in a direction perpendicular to the charge
acceleration direction where the transverse electric field component is maximum. We will
show in the next chapter that maximum radiation occurs perpendicular to a straight wire
antenna which carries the accelerated charges.

The transient excitation example of a single accelerated charge is the most elementary
radiation case. The common situation is steady-state (usually sinusoidal) charge oscil-
lations. The frequency of the charge oscillations determines the frequency of the radiated
wave. This is illustrated with a pair of equal but stationary, oppositely signed charges
separated by a distance much smaller than the wavelength of the oscillation frequency of
the charges. That is, the two charges oscillate in amplitude sinusoidally and in phase,
other than the opposite sign difference. Conceptually, the oscillation of charges back and
forth between the ends occurs by an oscillating uniform current called an ideal dipole.
The fields created by this oscillating charge dipole for a few instants of time are shown
in Fig. 1-5. [H.3: Hertz, pp. 144—145; H.3: Schelkunoff and Friis, Sec. 4.17] A wire dipole
antenna is shown also to indicate that the radiation is the same as that of a small dipole
antenna to be discussed in Sec. 2.3. The dipole provides a current path to allow charge
distributions to alternate back and forth as shown later for the ideal dipole of Fig. 3-2.
In Fig. 1-5, an oscillating current of frequency f (and period 7 = 1/f) was turned on
a quarter period before tr = (0. The upward-flowing current creates an excess of
charges on the upper half of the dipole and a deficit of charges on the lower half.
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Figure 1-5 Fields of an oscillating charge dipole for various instants of time. Electric field
lines are shown on one side of the dipole but exist everywhere around the dipole. The
oscillations are of frequency f with a period of T = 1/f. The separation between the equal,
opposite-sign charges is much smaller than the wavelength of the oscillations. A dipole
antenna is shown to indicate that the radiation is the same as that for an ideal dipole antenna.

Peak charge build-up occurs at t =0 as shown in Fig. 1-5a and produces a voltage between
the dipole halves. The positive charges on the top are attracted to the negative charges
on the bottom half of the dipole, creating a current. The current is maximum at ¢t = 7/4 as
shown in Fig. 1-5b, at which time the charges have been neutralized and there are no longer
charges for termination of electric field lines, which form closed loops near the dipole.
During the next quarter cycle, negative charges accumulate at the top end of the dipole as
shown in Fig. 1-5¢. Near the dipole, the fields are most intense normal to the oscillating
charges on the dipole, just as we found with the single accelerated charge. As time pro-
gresses, the electric field lines detach from the dipole, forming closed loops in space, and
spread outward from the dipole as time progresses. Viewed in terms of current, the con-
duction current on the antenna converts to a displacement current in space, consisting of
longitudinal fields near the antenna and solenoidal (as created by wire loops) fields away
from the antenna. Thus, continuity is satisfied. This process continues, producing radiation
via electric field components that are transverse to the radial direction and propagate to
large distances from the antenna. This example illustrates the general principle that if
charges are accelerated back and forth (i.e., oscillate), a regular disturbance is created and
radiation is continuous. Antennas are designed to support charge oscillations.

This oscillating dipole example assumes that the charge separation distance is small
compared to a wavelength. For dipoles that are not of infinitesimal length, radiation
occurs continuously along the wire [19]; dipoles of various lengths are addressed in
Sec. 6.1. Another important simplification assumed in the oscillating dipole model is that
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(a) Open-circuited transmission line showing currents, charges, and fields. The electric fields are indicated
with lines and the magnetic fields with arrow heads and tails, solid (dashed) for those arising from the top
(bottom) wire. (Note: The separation between the wires is larger than for a normal transmission line to permit
showing the interior fields.)
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(b) Peak currents and fields of a half-wavelength dipole created by bending out the ends of the transmission line.

Figure 1-6 Evolution of a dipole antenna from an open-circuited transmission line.

charges actually move to the dipole ends. For finite length antennas, the charges barely
move at all and are only displaced enough to support the disturbance created by the
generator [20]; again the wind waves in the wheat field help to visualize the situation.
Another helpful analogy is a row of collapsing dominoes, where the dominoes fall at a
speed much less than the wave propagating across the tops of the dominoes while the
bases of the dominoes remain stationary. However, it is convenient to treat charge dis-
turbances resulting in an effective current as if charges actually move along the length of
the antenna.® The same assumption is also employed in conventional circuit analysis.

We will see in Sec. 2.3 that the mathematical solution of the oscillating dipole produces
the property required for successful radiation: that fields die off with distance as 1/7. In
contrast, the electric fields of an electrostatic dipole die off as 1/7°. The time-space behavior
of fields from an antenna are revisited in Chap. 15.

The key to understanding how an antenna radiates lies in Maxwell’s discovery that a
transmission line acts as a guide for waves associated with the fields surrounding the
transmission line. An antenna is a structure that encourages waves to extend out into
the space surrounding the antenna rather than being bound to it. We exploit this concept

8 From this point forward, for simplification, we will adopt the traditional model for antenna currents as
that of charge transport along the antenna, where the current is understood to be an effective current
representing charge displacements from equilibrium transferred to neighboring charges.
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in the next example that begins with the open-circuited transmission line of Fig. 1-6a. The
open-circuit termination presents large discontinuity that creates reflections which
interact with the incident wave, producing a standing wave pattern with a zero current
magnitude at the wire end and nulls every half wavelength from the end. The currents are
in opposite directions on the transmission line wires, as indicated by arrows in Fig. 1-6a.
In transmission lines, the conductors guide the waves and the power resides in the region
surrounding the conductors as manifested by the electric and magnetic fields shown in
Fig. 1-6a. The electric fields originate from or terminate on charges on the wires and are
perpendicular to the wires, and the magnetic fields encircle the wires. Note that all fields
reinforce between the wires and cancel elsewhere. This is true for a wire spacing that is
much smaller than a wavelength, which is usually the case. If the ends of the wires are
bent outward as shown in Fig. 1-6b, the reinforced fields between the wires are exposed to
open space. Note that the currents on the vertical wire halves, which are each a quarter-
wavelength long in this case, are no longer opposed as with the transmission line, but are
both upwardly directed for this instant of time. In reality, the dipole current envelopes
are approximately sinusoidal as shown, but the transmission line currents are not pure
standing waves because the impedance presented by the antenna is a better match to the
characteristic impedance of the transmission line compared to the open circuit discon-
tinuity of the open circuited transmission line. Fig. 1-6b shows the peak envelope of the
current. As time proceeds, the current oscillates and disturbances are created which
propagate away from the wire, much as for the accelerated single charge case. The field
structure for this half-wave dipole resembles that of the ideal dipole of Fig. 1-5. Wire
antennas will be discussed in detail in Chap. 6.

1.4 THE FOUR ANTENNA TYPES

Most antennas are reciprocal devices and behave the same on transmit as receive, so
antennas are treated as transmitting or receiving as appropriate for the best understanding
of the particular situation. In the receiving mode, antennas act to collect incoming waves
and direct them to a common feed point where a transmission line is attached. In some
cases, antennas focus radio waves just as lenses focus optical waves. In all cases, antennas
have directional characteristics; that is, electromagnetic power density is radiated from a
transmitting antenna with varying intensity around the antenna.

In this section, we introduce the parameters used to evaluate antennas and then discuss
the four types of antennas. Antenna performance parameters are listed in Table 1-3 and
will be defined and developed in more detail in the next chapter. The radiation pattern (or
simply, pattern) gives the variation of radiation with angle around an antenna when the
antenna is transmitting. When receiving, the antenna responds to an incoming wave from
a given direction according to the pattern value in that direction. The typical pattern in
Fig. 1-7 shows the pattern main beam and side lobes. Radiation is quantified by noting the
value of power density S at a fixed distance r from the antenna. A directive antenna has a
single narrow main beam, which is the example shown in Fig. 1-7, and finds application
in point-to-point communications. In some applications, the shape of the main beam is
important. In others, an omnidirectional pattern with constant radiation in one plane is
used in broadcast situations to achieve uniform coverage in all directions in the horizontal
plane around the antenna.

An antenna is essentially a spatial amplifier, and directivity expresses how much
greater the peak radiation level is for an antenna than it would be if all the radiated power
were distributed uniformly around the antenna. Fig. 1-7 shows the radiation pattern of a
real antenna compared to an isotropic spatial distribution; also see later Fig. 2-14. The
radiation enhancement in preferred directions that can be achieved by an antenna is
evident. Gain G is directivity reduced by the losses on the antenna.

The third parameter of polarization describes the vector nature of electric fields
radiated by an antenna. The figure traced out with time by the tip of the instantaneous
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Table 1-3 Antenna Performance Parameters

e Radiation Pattern, F(60,¢): Angular variation of radiation around the antenna,
including:
Directive single or multiple narrow beams
Omnidirectional (uniform radiation in one plane)
Shaped main beam

e Directivity, D: Ratio of power density in the direction of the pattern peak to the
average power density at the same distance from the antenna.

e Gain, G (or radiation efficiency e,, where G =e,D): Directivity reduced by the
losses on the antenna.

e Polarization: The figure traced out with time by the instantaneous electric field vector
associated with the radiation from an antenna when transmitting. Antenna polariza-
tions: Linear, Circular, Elliptical

e Impedance, Z,: The input impedance at the antenna terminals.

e Bandwidth: Range of frequencies over which important performance parameters are
acceptable.

e Scanning: Movement of the radiation pattern in space. Scanning is accomplished by
mechanical movement or by electronic means such as adjustment of antenna current
phase.

e System Considerations: Mechanical considerations (size, weight, aerodynamics,
vibration, positioning accuracy), environmental aspects (effects of wind, rain, tem-
perature, altitude), scattering/radar cross section, esthetic appearance.

e Special Considerations for transmitting antennas: Power handling, intermodula-
tion, radiation hazards.

e Special Considerations for receiving antennas: Noise.

Pattern F(0, ¢) of
areal antenna

Main beam

pattern

Side lobe

Figure 1-7 Illustration of radiation pattern F (6, ¢) and directivity D. The power densities at
the same distance are S and S; for the isotropic and real antennas, respectively.

electric field vector determines the polarization of the wave. A straight-wire transmitting
antenna produces a wave with linear polarization parallel to the wire. Another popular
polarization is circular. In general, polarization is elliptical. A dual-polarized antenna
enables the doubling of communication capacity by carrying separate information on
orthogonal polarizations over the same physical link on the same frequency.
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The input impedance of an antenna is the ratio of the voltage to current at the antenna
terminals. The usual goal is to match antenna input impedance to the characteristic
impedance of the connecting transmission line. Bandwidth is the range of frequencies
with acceptable antenna performance as measured by one or more of the performance
parameters; see Sec. 7.1 for commonly used definitions of bandwidth. Finally, it is often
desired to scan the main beam of an antenna over a region of space. This can be
accomplished by mechanically rotating the entire antenna, by electronic scanning, or by a
combination of mechanical and electronic scanning.

There are tradeoffs among parameter values. Usually performance cannot be improved
significantly for one parameter without sacrificing one or more of the other parameter
levels. This is the antenna design challenge.

Antennas can be divided into four basic types by their major performance char-
acteristics. These antenna types are introduced so that the common features can be
grasped early in the study of antennas. When you encounter a new antenna, try to
determine which type it is. The four antenna types are listed in Table 1-4 in the order
that they are commonly used by frequency range. Electrically small antennas are used at
VHF frequencies and below. Resonant antennas are mainly used from HF to low GHz
frequencies. Broadband antennas are mainly used from VHF to middle GHz frequencies.
Aperture antennas are mainly used at UHF and above. This discussion serves as an
overview and should be referred to from time to time as your knowledge of antennas
builds.

Electrically small (or simply, small) antennas are much less than a wavelength in
extent. They are simple in structure and their properties are not sensitive to construction
details. The vertical monopole used for AM reception on cars is a good example. It is
about 0.003 4 long and has a pattern that is nearly omnidirectional in the horizontal plane.
This is often a desirable property, but its low input resistance and high input reactance are
serious disadvantages. Also, small antennas are inefficient because of significant ohmic
losses on the structure.

Resonant antennas are popular when a simple structure with good input impedance over
anarrow band of frequencies is needed. It has a broad main beam and low or moderate (a few
dB) gain. The half-wave dipole is a prominent example.

Many applications require an antenna that operates over a wide frequency range. A
broadband antenna has acceptable performance as measured with one or more para-
meters (pattern, gain, and/or impedance) over a 2:1 bandwidth ratio of upper to lower
operating frequency. A broadband antenna is characterized by an active region. Propa-
gating (or traveling) waves originate at the feed point and travel without radiation to the
active region where most of the power is radiated. A broadband antenna with circular
geometry has an active region where the circumference is one wavelength and produces
circular polarization. An example is the spiral antenna illustrated in, Fig. 1-8 which can
have a 20:1 bandwidth. A broadband antenna made up of linear elements or straight edges
has an active region where the elements are about a half-wavelength in extent and pro-
duces linearly polarized radiation parallel to the linear elements. Because only a portion
of a broadband antenna is responsible for radiation at a given frequency, the gain is low.
But it may be an advantage in many applications to have gain that is nearly constant with
frequency, although low. Also, the traveling wave nature of a broadband antenna means
that it has a real-valued input impedance that is easily matched to the connecting
transmission line.

Aperture antennas have an opening through which propagating electromagnetic waves
flow. The horn antenna shown in Fig. 1-8 is a good example; it acts as a “funnel” for
waves. The aperture is usually several wavelengths long in one or more dimensions. The
pattern usually has a narrow main beam, leading to high gain. Bandwidth is moderate (as
much as 2:1). One property that can be a disadvantage is that the pattern main beam
narrows with increasing frequency for a fixed physical aperture size.
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Table 1-4 Types of Antennas

e Electrically Small Antennas: The extent of the antenna structure is much less than a
wavelength .
Properties:
Low directivity
Low input resistance
High input reactance
Low radiation efficiency

Examples:
Short dipole Small loop
— —
< <A > < << >

o Resonant Antennas: The antenna operates well at a single or selected narrow fre-
quency bands.
Properties:
Low to moderate gain
Real input impedance
Narrow bandwidth

Examples:

Half-wave dipole Microstrip patch Yagi

o Broadband Antennas: The pattern, gain, and impedance remain acceptable and are

nearly constant over a wide frequency range.

Characterized by an active region with a circumference of one wavelength or an extent
of a half-wavelength, which relocates on the antenna as frequency changes.

Properties:
Low to moderate gain
Constant gain
Real input impedance
Wide bandwidth

Examples:
Spiral Log Periodic Dipole Array

©,
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Table 1-4 Continued

e Aperture Antennas: Has a physical aperture (opening) through which waves flow.
Properties:
High gain
Gain increases with frequency
Moderate bandwidth

Examples:

Horn Reflector

Aperture Aperture

A common design situation is the search to find an antenna to achieve a desired gain
value. The list below provides a guide in this selection process.’

e 5dB or less
Electrically small antennas
Loops
Dipoles/monopoles
e 5dB to 8 dB
Microstrip patches
Planar frequency-independent antennas (e.g. spirals)
e 8dB to 15 dB
Yagi-Uda
Helix (axial mode)
Log periodic dipole array
e 15 dB and more
Aperture antennas
Horns
Reflectors

Also, multiple elements can be used in an array configuration to increase gain.

What is the future for antenna engineering? An interesting aspect of the field of
antennas is that new antenna innovations generally do not replace existing antenna types,
as is often the case in electronics and computers. Long-used antennas will find new
applications along with the latest innovative solutions. Fundamental physics limitations
prevent unlimited miniaturization of conventionally designed antennas, which is often the
case in electronic devices through higher scale integration. But the demand is for more
pervasive communications to enable each person and device to be free of wire connec-
tions. An often quoted goal is be able to reach any person or device worldwide without
connections. A “wireless” society is possible only through the use of antennas. Indeed,
the future of antenna engineering is very bright. Sec. 4.5 will give a technical overview of
antennas in wireless communications.

° Gain in dB is 10 log of the gain as a power ratio.
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PROBLEMS

1.3-1 Show that the decay of power density for a wave radiated by an antenna (1/r%) results
from the increase in the area of a sphere centered on the antenna and the fact that the total
radiated power is conserved.

1.3-2 Consider an ideal dipole of length L < A. If charge carriers actually moved along the
full length of the wire in half cycle, 7/2, show that the speed of the charges is much less than
the speed of light (i.e., v < ¢).

1.4-1 Project: Antenna hunt. (a) Locate one representative antenna for each of the four major
antenna type categories. Preferably the antennas will be in your community and be actively
used. Take a photograph, or make a sketch, of the antenna and its surroundings. If you cannot
find an example in your community, you can use other sources such as a catalog, magazine, or
the Internet. (b) Prepare a brief report that shows each of the four antennas and includes
information about the antenna such as the type of antenna, operating frequency, purpose and
use, and any other information you can determine.
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Chapter

Antenna Fundamentals

The overview of the principles of electromagnetics and the application to antennas pre-
sented in the first chapter is followed in the first two sections of this chapter with a
presentation of the fundamental principles of electromagnetics in a mathematical form
suitable for direct application to antenna analysis and design. The principles are applied
in Sec. 2.3 to the important classical problem of an ideal dipole. The remaining
sections in the chapter introduce the student to the basic antenna quantities of pattern,
directivity and gain, impedance, efficiency, and polarization.

2.1 FUNDAMENTALS OF ELECTROMAGNETICS

The formulations of electromagnetics for antenna problems are in vector form and usually
expressed in spherical coordinates. This is because electromagnetic fields, unlike scalar
fields such as sound waves, have polarization, and vectors are a convenient way to rep-
resent polarization, which can be simplistically described as the orientation of the electric
field. Spherical coordinates are required because antennas radiate in all directions (i.e.,
three dimensions) and the fields are expressed as a function of the spherical coordinate
angles # and ¢ around the antenna. Although antenna problems involve vectors and
spherical coordinates, nonlinear conditions rarely arise as they often do in mechanical
engineering problems. In fact, applications of electromagnetics are primarily to linear,
homogeneous, isotropic systems, thus avoiding several mathematical complications.

This section is a concise review of material treated in electromagnetic fields courses in
electrical engineering or physics. Any basic electromagnetics textbook can be consulted
for more details.

The fundamental electromagnetic equations in the time domain are'

oA
VX&= 5 (2-1)
0
Vx”:a@'f'JT (2-2)
V9= pt) (2-3)
VB=0 (2-4)
0
VeI =— (D) (2-5)

! Time-varying quantities will be denoted with script quantities, for example, & = &(x,y,z 7).

23



24 Chapter 2 Antenna Fundamentals

The first four of these differential equations are frequently referred to as
Maxwell’s equations and the last as the continuity equation. The curl equations together
with the continuity equation are equivalent to the curl and divergence equations. In time-
varying field problems, the curl equations with the continuity equation is the most con-
venient formulation. Each of these differential equations has an integral counterpart.

If the sources py(t) and () vary sinusoidally with time at radian frequency w, the
fields will also vary sinusoidally and are frequently called time-harmonic fields. The
fundamental electromagnetic equatlons and their solutions are considerably simplified if
phasor fields are introduced as follows?:

& = Re(Ee™"), A = Re(He™"), etc. (2-6)

where phasor quantities E, H, D, B, p;, and J are complex-valued functions of spatial
coordinates only (i.e., time dependence is not shown). Using the phasor definitions of the
electromagnetic quantities from (2-6) in (2-1) to (2-5) and eliminating the ¢/’ factors that
appear on both sides of the equations yields

V XE = —jwB (2-7)
V X H =jwD + Jr (2-8)
VD =p; (2-9)
V.B=0 (2-10)
Ve Jr = —jwpy (2-11)

The time derivatives in (2-1) to (2-5) have been replaced by a jw factor in (2-7) to (2-11)
and time-varying electromagnetic quantities have been replaced by their phasor coun-
terpart. This process is similar to the solution of circuit equations where the time-
dependent differential equations are Laplace-transformed and the time derivatives are
thus replaced by jw (or s). Egs. (2-7) to (2-10) are often referred to as the time-harmonic
form of Maxwell’s equations because they apply to sinusoidally varying (i.e., time-
harmonic) fields.

If more than one frequency is present, the time-varying forms of the electromagnetic
quantities can be found by inverse transforms after (2-7) to (2-11) have been solved for
the phasor quantities as a function of radian frequency w. This is again analogous to the
procedure used to solve circuit problems. Fortunately, this is not usually necessary in
antenna problems because the bandwidth of the signals is usually very small. In the
typical case, a carrier frequency is accompanied by some form of modulation giving a
spread of frequencies around the carrier. For analysis purposes, we use a single frequency
equal to the carrier frequency. Thus, unless otherwise noted, subsequent material in this
book will assume time-harmonic fields.

The total current density Jy is composed of an impressed, or source, current J and a
conduction current density term ¢E, which occurs in response to the impressed current:

Jr=0E+] (2-12)

The role played by the impressed current density is that of a known quantity. It is quite
frequently an assumed current density on an antenna, but as far as the field equations are
concerned, it is a known function. The current density oE is a current density flowing on a
nearby conductor due to the fields created by source J and can be computed after the field

2The student is cautioned that some authors use ¢!, which leads to sign differences in subsequent
developments.
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equations are solved for E. In addition to conductivity o, a material is further charac-
terized by permittivity ¢ and permeability ji, where®

D = EE (2‘13)
and
B =pH (2-14)

We now rewrite the field equations in preparation for their solution. Substituting (2-12)
and (2-13) into (2-8) gives

Vxij(eJer})E+J:jws’E+J (2-15)

where we have defined ¢’ = € — j(o/w). For antenna problems, we are usually solving for
the fields in air surrounding an antenna where ¢ = 0 and ¢’ = ¢. We therefore use ¢
instead of ¢’ in subsequent developments. However, if the conductivity is nonzero, € can
be replaced by ¢’ = ¢ — j(o/w). Note also that E and H are the fields of primary interest in
antennas.” They are referred to as electric and magnetic fields and have units of V/m and
A/m, respectively.

Let p be the source charge corresponding to the source current density J. Then using
(2-12) to (2-14) in (2-7) and (2-9) to (2-11), and repeating (2-15) permits Maxwell’s
equations to be expressed in terms of E and H (see Prob. 2.1-2 for (2-18)):

V XE = —jwuH (2-16)
V xH = jweE + J (2-17)
V.E= g (2-18)
V-H=0 (2-19)
V)= —jwp (2-20)

These are the time-harmonic electromagnetic field equations with source current density
J and source charge density p shown explicitly. Sometimes, it is convenient to introduce a
fictitious magnetic current density M. Then (2-16) becomes

V XE = —jwpH - M (2-21)

Magnetic currents are useful as equivalent sources that replace complicated electric fields.

The solution of the fundamental electromagnetic equations is not complete until the
boundary conditions are satisfied. A sufficient set of boundary conditions in the time-
harmonic form is

Ax (Hy—H)) =J, (2-22)
(E; —E;) XfA=M, (2-23)

where the electric and magnetic surface currents J; and Mg flow on the boundary between
two homogeneous media with constitutive parameters ¢4, pt1, and o, and €5, s, 0. My is

*In general, ¢ and ;o can be complex, but in most antenna problems they can be approximated as real
constants.
4Sometimes fields other than E and H are used as the two fundamental field quantities, such as E and B.

(1]
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zero unless an equivalent magnetic current sheet is used. The unit normal to the boundary
surface n is directed from Medium 1 into Medium 2. The cross products with the unit
normal form the tangential components to the boundary, and these equations can be
written as

Htan 2 = Htan 1+ -]s (2'24)
En2 = Eqan1 + M, (2—25)

These boundary conditions are derived from the integral form of (2-17) and (2-21). If one
side is a perfect electrical conductor, the boundary conditions become

Hun=J, (2-26)
Eun=0 (2-27)

The tangential boundary conditions on the magnetic field intensity are illustrated in
Fig. 2-1 for the general case and for the case where Medium 1 is a perfect conductor. It is
important to note that all field quantities in the boundary condition equations are eval-
uated at the boundary and the equations apply to each point along the boundary.

Also derivable from Maxwell’s curl equations is a conservation of power equation, or
Poynting’s theorem. Consider a volume v bounded by a closed surface s. The complex
power P delivered by the sources in v equals the sum of the power P flowing out of s, the
time-average power Py, dissipated in v, plus the time-average stored power in v:

- Weav) (2_28)

The complex power flowing out through closed surface s is found from

Py = Py + Py, + j20(W,

Mmay

1
P = iﬂE x H* + ds (2-29)

where ds = dsn and n is the unit normal to the surface directed out from the surface. Note
that E and H are peak phasors, not rms, leading to 1/2 in power expressions. The inte-
grand inside this integral is defined as the Poynting vector:

S = 1E x H* (2-30)

which is a power density with units of W/m?.
The time-average dissipated power in volume v bounded by closed surface s is

Py, = %///U|E\2dv (2-31)

The time-average stored magnetic energy is

1 1
Wingy = 5///5/L|H\2dv (2-32)

The time-average stored electric energy is

1 T
We =5 / / / S elEPdy (2-33)

If the source power is not known explicitly, it can be calculated from the volume current
density as follows:
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Medium 2

(a) General case. (b) One medium a perfect conductor.

Figure 2-1 Magnetic field intensity boundary condition.

Ps:—%/v//E-J*dv (2-34)

If magnetic current density is present, the term H* <M is added to the integrand in this
equation.

From (2-29), we see that the integral of the complex Poynting vector %E X H* over a
closed surface s gives the total complex power flowing out through the surface s. It is
assumed that the complex Poynting vector represents the complex power density in watts
per square meter at a point. Then the complex power through any surface s (not neces-
sarily closed) can be found by integrating the complex Poynting vector over that surface.
We are particularly interested in real power, which is the real component of the complex
power that represents the electric and magnetic field intensities being in-phase. The real
power flowing through surface s is

P:Re<//s.d5>—;Re(//ExH*.ds> (2-35)

The reference direction for this average power flow is that of the specified unit normal n
contained in ds = dsn.

2.2 SOLUTION OF MAXWELL’S EQUATIONS
FOR RADIATION PROBLEMS

This section develops procedures for finding fields radiated by an antenna based on
Maxwell’s equations. Subsequent antenna analysis in this book begins with these basic
relations, and it is usually not necessary to return to Maxwell’s equations.

The antenna problem consists of solving for the fields that are created by an impressed
current distribution J. In the simplest approach, this current distribution is obtained
during the solution process. How to obtain the current distribution will be discussed at
various points in the book, but for the moment suppose we have the current distribution
and wish to determine the fields E and H. As mentioned in the previous section, we need
only work with the two curl equations of Maxwell’s equations as given by (2-16) and
(2-17). These are two coupled, linear, first-order differential equations. They are coupled
because the unknown functions E and H appear in both equations. Thus, these equations
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must be solved simultaneously. In order to simplify the solution for E and H with a given
J, we introduce the scalar and vector potential functions ¢ and A.

The vector potential is introduced by noting from (2-19) that the divergence of H is
zero. Therefore, the vector field H has only circulation; for this reason, it is often called a
solenoidal field. Because it possesses only a circulation, it can be represented by the curl
of some other vector function as follows:

1
H= VA (2-36)

where A is the (magnetic) vector potential. To be more precise, (2-36) is possible because

it satisfies (2-19) identically; that is, from (C-9) V-V X A = 0 for any A. The curl of A is

defined by (2-36), but its divergence needs to be specified for a complete definition of A.
The scalar potential is introduced by substituting (2-36) into (2-16), which gives

VX (E+jwA)=0 (2-37)
The expression in parentheses is an electric field, and because its curl is zero, it is a

conservative field and behaves as a static electric field. The (electric) scalar potential P is
defined from

E +jwA = -V (2-38)

because this definition satisfies (2-37) identically; that is, from (C-10) V X V& = 0 for
any ®. Solving (2-38) for the total electric field gives

E=—jwA -V (2-39)

which may be a familiar result.
The field E and H are now expressed in terms of potential functions by (2-36) and
(2-39). If we knew the potential functions, then the fields could be obtained.
The solution for the potential functions begins by substituting (2-36) into (2-17) to

give
1
VXH=-V XV XA =jweE +]J (2-40)
N
Using the following vector identity, from (C-17),
VXVXA=V(V-A)- VA (2-41)
and (2-39) in (2-40) yields
V(V +A) — VA = juus(—jwA — V) + uJ (2-42)
or
VA + WA — V(joued + Ve A) = —uJ (2-43)

As we mentioned previously, the divergence of A is yet to be specified. A convenient
choice would be one that eliminates the third term of (2-43). It is the Lorentz condition (but
more properly attributed to L. Lorenz rather than H. Lorentz [2]):

VA= —jwued. (2-44)
Then (2-43) reduces to

VA + W peA = —pJ (2-45)
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The choice of (2-44) leads to a decoupling of variables: that is, (2-45) involves A and
not ®. This is the vector wave equation. It is a differential equation that can be solved for
A after the impressed current J is specified. The fields are then found from (2-36) and
from

V(V-A)

E=—jwA —j e

(2-46)

where this equation was obtained from (2-39) and (2-44). Notice that only a knowledge of
A is required. A more cumbersome approach would be to solve the scalar wave equation

V20 + W ped = fg (2-47)

in addition to the vector wave equation. It is left as a problem to-derive (2-47). If this
approach is used, E is found from (2-39). Note that p in (2-47) is related to J in (2-45) by
the continuity equation of (2-20).

The vector wave equation (2-45) is solved by forming three scalar equations. This
begins by decomposing A into rectangular components using (C-18):

V?A = XV?A, + yV?A, +2V?A, (2-48)

Rectangular components are used because the unit vectors in rectangular components
can be factored out of the Laplacian, Vz( ), since they are not themselves functions of
coordinates. This feature is unique to the rectangular coordinate system. Although A is
always decomposed into rectangular components, the Laplacian of each component of A
is expressed in a coordinate system appropriate to the geometry of the problem. The
solution proceeds by substituting (2-48) into (2-45) and equating rectangular components:

V2A, + PA, = —pdy
V2A, + (A, = —ud, (2-49)
V2Az + ﬂzAz = —pJ:

where (%= w?jie. The real-valued constant

B =wy/ue (2-50)

is recognized as the phase constant for a propagating wave. It is a measure of the shift in
phase per unit distance, of wave travel. By definition a wave shifts 27 radians of phase for
one full cycle, i.e., one wavelength, so

p="=" (2-51)

A

The velocity” of electromagnetic waves is actually contained in (2-50) as

31t is common to use the term velocity in this context and it is understood that the magnitude is intended
without direction being indicated; what is meant is speed.
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Maxwell found this result, concluding correctly that the velocity is a finite constant and
that this result also applies to light because light is an electromagnetic wave. Combining
(2-50) and (2-52) gives

g2 (2-53)

C Cc

and again with (2-51)
c=fA (2-54)

In free space (and in air), c = 1/ Voo & 3 X 108 m/s where p and €( are the perme-
ability and permittivity of free space. This relationship is used to compute wavelength
from frequency for all electromagnetic waves. Hertz experimentally determined
the velocity of light in his laboratory by measuring distance between adjacent nulls of the
standing wave (which is a half wavelength) created by reflections off a sheet of metal to
find the wavelength value and then using (2-54).

In the time domain, the non-infinite propagation velocity is responsible for the delay
in arrival time of waves traveling distance Ar, the so-called retarded time given by
At= Ar/c. The corresponding phase change is found from the fraction of the period
T (=1/f) of the time delay:

Aphase = B Ar = @ (cAr) = Zw%. For example, a propagation distance of
Ar = /4 corresponds to a retarded time of Ar=4r =4 fLA =T and a phase increment
of Aphase = ZWTTM = gz 90°.

The three equations in (2-49) are identical in form. After solving one of these
equations, the other two are easily solved. We first find the solution for a point source.
This unit impulse response solution can then be used to form a general solution by
viewing an arbitrary source as a collection of point sources. The differential equation for a
point source is

V3 + B = —8(x) 6(y) 6(2) (2-55)

where 1) is the response to a point source at the origin, and §( ) is the unit impulse
function, or Dirac delta function (see Appendix F.I). In spite of the fact that the point
source is of infinitesimal extent, its associated current has a direction. This is because in
solving practical problems, the point source represents a small subdivision of current that
does have a direction. If the point source current is taken as z-directed, then

Y =A; (2-56)

Because the point source is zero everywhere except at the origin, (2-55) becomes

V2 + 37 =0 (2-57)

away from the origin.

This is the complex scalar wave equation or Helmholtz equation. Because of spherical
symmetry, the Laplacian is written in spherical coordinates and ¢ has only radial
dependence. The two solutions to (2-57) are e/*/r and e¢™”/r. These correspond to
waves propagating radially outward and inward, respectively. The physically meaningful
solution is the one for waves traveling away from the point source. Evaluating the
constant of proportionality (see Prob. 2.2-3), we have for the point source solution:

efjs["r

(4 (2-58)

- drr
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This is the solution to (2-55) and is the magnitude and phase variation with distance r
away from a point source located at the origin. If the source were positioned at an
arbitrary location, we must compute the distance R between the source location and
observation point P (see Fig. 2-2). Then

oiOR

- 47R

(2-59)

The point source serves as a starting point for the ideal dipole antenna solution, which is
discussed in the next section.

For an arbitrary z-directed current density, the vector potential is also z-directed. If we
consider the source to be a collection of point sources weighted by the distribution J,
the response A, is a sum of the point source responses of (2-59). This is expressed by the
integral over the source volume v’

efjﬂR
A, = ///sz iR dv’ (2-60)
U/

Similar equations hold for the x- and y-components. The total solution is then the sum of

all components, which is
eIk
A= d 2-61
/ / / M gar (2-61)

This is the solution to the vector wave equation (2-45). The geometry is shown in Fig. 2-2.
The coordinate system shown is used to describe both the source point and field point. r’
is the vector from the coordinate origin to the source point, and r, is the vector from the
coordinate origin to the field point P. The vector R is the vector from the source point to
the field point and is given by r, —r’. This notation is standard and will be used here.
We can summarize rather simply the procedure for finding the fields generated by a
current distribution J. First, A is found from (2-61). The H field is found from (2-36). The
E field can be found from (2-46), but frequently it is simpler to find E from (2-17) as

1
E=—(VXH- 2-62
Pl J) (2-62)
in the source region, or from
1
E=—VXH (2-63)
Jwe

if the field point is removed in distance from the source; that is, if J=0 at point P.

Source volume v’

o P, field point

Figure 2-2 Vectors used to solve
radiation problems.
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2.3 THE IDEAL DIPOLE

The principles presented in the previous section are used in this section to find the fields
of an infinitesimal element of current. We shall use the term ideal dipole for a uniform
amplitude current that is electrically small with Az< A. It is ideal in the sense that the
current is uniform in both magnitude and phase over the radiating element extent. Such a
discontinuous current is difficult to realize in practice; practical realizations that
approximate the ideal dipole are presented in Sec. 3.1. The term current element is often
used for the ideal dipole to describe its application as a section of a larger current
associated with an actual antenna. Thus, any practical antenna can first be decomposed
into filaments of continuous current that are then subdivided into ideal dipoles. The fields
from the antenna are then found by summing contributions from the ideal dipoles. Other
terms used for the ideal dipole are Hertzian electric dipole, electric dipole, infinitesimal
dipole, and doublet. An electrically small, center-fed wire antenna has a current distri-
bution that tapers to zero from the center to the ends of the wire. This short dipole antenna
has the same pattern as an ideal dipole and is discussed further in Secs. 2.7 and 3.1.

Consider an element of current of length Az along the z-axis centered on the coor-
dinate origin. It is of constant amplitude /. In this case, the volume integral of (2-61) for
vector potential reduces to the one-dimensional integral®

Az/2 ,—jBR .
A =1zul / dz 2-64
—Az/2 4R ( )

The length Az is very small compared to a wavelength and to the distance R; see Fig. 2-3.
Because Az is very small, the distance R from points on the current element to the field
point P approximately equals the distance r from the origin to the field point. Substituting
r for R in (2-64) and integrating gives

Az y

Figure 2-3 The ideal dipole. The
current I is uniform, Az « 1, and
X R~r.

The result in (2-64) could also be obtained by representing the current density on the dipole as

A A
J=16(")6()z for fTZ <7< TZ

Substituting this into (2-61) yields

o @ A2/2 ,joR
A= iﬂl/ 5(x/)dx’/ 6(y’)dy'/ d7
—w — 0 —Az/2 4nR

from which (2-64) follows.
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,uIe‘jﬂ’

drr

A= Azz (2-65)
This is exactly true for a point current element and is approximately true for a small
(Az< 4 and Az< R) but finite uniform current element. The vector potential A, for a
point source was also derived in the previous section; see (2-58) in which /Az = 1. For
many current sources, we can readily make the substitution of r for R in the denominator
of the integrand in (2-64), but usually cannot make the same substitution in the exponent.
However, in the case of a very small source, we can use r for R in both the denominator
and exponent.

We are now ready to calculate the electromagnetic fields created by the ideal dipole.
The magnetic field is found from (2-36) as

1 1
H=-VXA=-VX(Az2) (2-66)
H H
If we apply the vector identity (C-16), the preceding equation becomes

1 1 1
H=—(VA)Xxz+—-A,(VX1z)=—

m A p (VA,) X 12 (2-67)

The second term is zero because the curl of a constant vector is zero. Substituting (2-65)
into (2-67), we have

IAze—jﬁr R
H= — | X 2-68
V( 47r > z ( )
Applying the gradient in spherical coordinates from (C-33) gives
INZ O (e
=" X
H 47 Or r rez
(2-69)
IAz | —iBe—ifr  o—ifr
SR e P
47 r r2
From (C-3), we have
FX2=FX(Fcosh—0Osinf) = —dsinf (2-70)
Substituting (2-70) into (2-69) gives
IAZ[jB 1] _ig . 2
H?[T+ﬁ e Jl Slnad) (2-71)
The electric field can be obtained from (2-63) as
1Az |j 1 1 y .
E:—Z ]cu_,u+ H——i—_ e sinH 0
4m | r er?  jwer’
(2-72)

I Az w1 L 1] N
il (R L T P CL oo
27 er? +jwsr3 ¢ ocosvr
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Egs. (2-71) and (2-72) can be written as

—igr
H:Z—izjﬁ(H—j%)er sinf (2-73a)
Ezﬁjwu 1+_LfL ﬂsin@é
4 jor (gr)z r
. (2-73b)
IAz |1 1 |e P )
+§77 ;—]W Tcos@r

Even the simplest of antennas, the ideal dipole, has a complicated field structure at
distances close to the antenna where 1/r? and 1/r terms are not negligible. The electric
field expression of (2-73b) has transverse (#) and radial () components. The associated
power density near the ideal dipole has a real-valued (dissipative) outward-directed
radial () component and an imaginary-valued (reactive) transverse (f) component; see
Prob. 2.3-3 and (2-79) below. If Or is large (i.e., Br>1, or r>> A because [ = 27/1),
then all terms having inverse powers of jGr are small compared to unity, and (2-73)

reduces to:
IA e
E=""juu’ " sin0@ (2.74a)
47 r
IAz e 7" 5
H=""3%" snod (2.74b)
4 r

These are the fields at large distances from the dipole that are called the radiation fields of
the ideal dipole. The ratio of these electric and magnetic field components is

Ey wp Wit

_ _ P _ N
H,~ B8 wym Ve " 275)

where n=+/p/e is the intrinsic impedance of the medium (for free space
Mo = 376.7 Q = 1207 (2). This is a property of plane waves. Also, as we shall see, at large
distances from any antenna the fields are related in this manner.

Using the fields of (2-74) in (2-30) gives an expression for the complex power density
flowing out of a sphere of radius r surrounding the ideal dipole:

1
=—-E X H*
S 2
2 ; ’
1[IAz\ . e et
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which is real-valued and radially directed, both characteristics of radiation. The total power
flowing out through a sphere of radius » surrounding the ideal dipole using (2-29) is
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This is a real quantity, and real power indicates dissipated power. It is dissipated in the
sense that it travels away from the source, never to return. In fact, the average power
going out through a sphere of radius r can be found as indicated in (2-35) by taking the
real part of (2-77), which leaves it unchanged. This power expression is independent of r,
and thus if we integrate over a sphere of larger radius, we still have the same total power
streaming through it. We refer to this type of power as radiated power.

The general field expressions of (2-73) are valid at any distance from an ideal dipole
and are important in some applications and for understanding the input impedance of a
dipole. For distances so close to the dipole that Fr < 1, or r < /, only the dominant terms
with the largest inverse powers of r need be retained in each component of (2-73):

IAze /7 :
= % sinf b (2-78)
: IAz e IAz e 9 .
E" = _jn47r; ¢ 3 sinf0 — j 53 ; er3 cos Ot (2-78b)

These are referred to as the near fields of the antenna. Actually, the magnetic field of
(2-78a) which varies as 1 /r2 is that of a short, steady or slowly oscillating current, that is,
an induction field. The electric fields of (2-78b) vary as 1/r® and are those of an elec-
trostatic or quasi-static dipole with charges of +¢ and —g spaced Az apart. Note that the
electric field components EZf and E" are in-phase, but are in phase-quadrature with
the magnetic field Hgf , indicating reactive power. This can be shown directly using these
near fields in the complex Poynting vector expression of (2-30):
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Note that this power density vector is imaginary and therefore has no time-average radial
power flow. The radiation fields, in contrast, are in-phase giving a real-valued Poynting
vector that is radially directed; see (2-74) and (2-76). The imaginary power density cor-
responds to standing waves, rather than traveling waves associated with radiation, and
indicate stored energy as in a reactive device. The quadrature phase relationship between
the electric and magnetic field components of (2-78) indicates that energy is interchanged
between these fields with time. That is, at one instant of time the electric fields are strong
near the dipole close to maximum charge regions, and a quarter-period later energy is stored
in the magnetic field, primarily close to the center of the dipole where the current
is maximum.

The imaginary power density in the near field is manifested by a reactive component of
the antenna input impedance. The real part of the input impedance represents radiation if
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ohmic losses on the antenna structure can be neglected. Antenna impedance will be
discussed further in Sec. 2.6. The power density associated with radiation exists every-
where and passes through the near field. The radiated power density from (2-76) and the
near-field power density from (2-79) are both maximum for § =90°. The distance for
which the maximum radiated and reactive powers are equal for the ideal dipole is
r = A/2m; see Prob. 2.3-5. That is, interior to this radius reactive power dominates. This
region is sometimes referred to as the radiansphere.

At large distances (r>>>1/27) from an antenna, called the far-field region, all power is
radiated power. The far field is further characterized by the fact that the angular distri-
bution around the antenna (i.e., the radiation pattern) is independent of distance from the
antenna. Field regions and the distance away from an antenna where the far field begins
are discussed further in Sec. 2.4.3

2.4 RADIATION PATTERNS

We briefly introduced the concept of a radiation pattern in Sec. 1.4 as a description of the
angular variation of radiation level around an antenna. The purpose of an antenna is to
transmit, or receive, signals preferentially in various directions. An antenna’s radiation
pattern is perhaps its most important characteristic. In this section, we present several
definitions associated with patterns and develop the procedural steps for calculating
radiation patterns.

2.4.1 Radiation Pattern Basics

A radiation pattern (also called an antenna pattern) is a graphical representation of the
radiation (far-field) properties of an antenna; a general example radiation pattern is shown
in Fig. 1-7. We saw from the analysis in the previous section that the radiation fields from
a transmitting ideal dipole antenna vary inversely with distance, e.g., 1/r. This is a general
property for antennas of all types; that is, the radiated fields observed far from any
antenna decay with distance as a spherical wave. The variation with observation angles
(6, ¢), however, depends on the size and construction details of the antenna. In fact, the
relationship of an antenna to its radiation pattern forms a large part of antenna
investigations.

A helpful way to understand the concept of radiation pattern is to visualize a spherical
ball of bread dough. The ball represents the hypothetical isotropic radiation pattern (see
Fig. 1-7) that radiates equally in all directions. Squeezing on the dough ball distorts the
shape, representing more radiation in some directions and less in others. The total power
radiated in all directions is same, but the power density (in W/m?) at points on a distant
spherical surface varies with direction in proportion to the square of the pattern (square is
used because the pattern is a field quantity, unless otherwise noted).

Radiation patterns are determined from the calculated or measured fields radiated from
the antenna. We illustrate with the ideal dipole shown in Fig. 2-4. The length and ori-
entation of the field vectors in Fig. 2-4a follow from (2-74) and are shown for an instant
of time for which the fields are peak. An electric field probe antenna moved over the
sphere surface and oriented parallel to E, will have an output proportional to sin 6; see
Fig. 13-4. The relative variation of both E, and H  over the sphere is sin 6, as displayed in
Fig. 2-4b. This radiation pattern graphically represents unit-less, normalized values over
the surface of a sphere of radius r which is in the far field. Any plane containing the z-axis
has the same radiation pattern because there is no ¢-variation in the fields, which is noted
by the constant variation in the xy-plane shown in Fig. 2-4c. A pattern taken in one of the
planes through the z-axis is called an E-plane pattern because it contains the electric
vector. A pattern taken in a plane perpendicular to an E-plane and cutting across the test
antenna (the xy-plane in this case) is called an H-plane pattern because it contains the
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sinf®

() (d)
Figure 2-4 Radiation from an ideal dipole, (a) Field components. (b) E-plane radiation pattern
polar plot of |Eyl or |IHyl. (¢) H-plane radiation pattern polar plot of |Egl or IHyl. (d) Three-
dimensional plot of radiation pattern.

magnetic field H,. The E- and H-plane patterns, in general for linearly polarized antenna,
are referred to as principal plane patterns. The E- and H-plane patterns for the ideal
dipole shown in Fig. 2-4b and c, respectively, are polar plots in which the distance from
the origin to the curve is proportional to the field intensity; they are often referred to as a
polar pattern. For patterns that have a single unidirectional beam, the principal planes are
taken to be two orthogonal planes passing through the beam peak.

The complete 3D pattern for the ideal dipole is shown in isometric view with a slice
removed in Fig. 2-4d. This solid radiation pattern resembles a “doughnut.” It is referred to as
an omnidirectional pattern because it is uniform in one plane, the xy-plane. Omnidirectional
antennas are very popular in ground-based applications where the omnidirectional-pattern
plane is horizontal (parallel to the ground). When encountering new antennas the reader
should attempt to visualize the complete pattern in three dimensions.

2.4.2 Radiation from Line Currents

Radiation patterns in general can be calculated in a manner similar to that used for the
ideal dipole if the current distribution on the antenna is known. This is done by first
finding the vector potential given in (2-61). As a simple example, consider a filament of
current along the z-axis and located near the origin. Many antennas can be modeled by
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this line source; straight wire antennas are good examples. In this case, the vector
potential has only a z-component and the vector potential integral is one-dimensional’:

, e JOR ,
A, = 1 d 2-80
L= / (@) g 4= (2-80)
Due to the symmetry of the source, we expect that the radiation fields will not vary with
¢. This is because as an observer moves around the source such that r and z are constant,
the appearance of the source remains the same; thus, its radiation fields are also
unchanged. Therefore, for simplicity we will confine the observation point to a fixed ¢ in
the yz-plane (¢ =90°) as shown in Fig. 2-5. From Fig. 2-5 we see that

=y +7 (2-81)

z=rcosf (2-82)

y =rsinf (2-83)

If we apply the general geometry of Fig. 2-2 to this case, r, =r =yy +zZandr’' =z'2

leadto R=r1, — 1’ =yy+ (2 — z’)z, and then

R= \/y2 +(z-27)}= \/y2 +22 -2 4 (7)° (2-84)

Substituting (2-81) and (2-82) into (2-83), to put all field point coordinates into the
spherical coordinate system, gives

R={"+[-2rcosfz + ()]}

In order to develop approximate expressions for R, we expand (2-85) using the

binomial theorem (F-4):
(3)
a2 Loaap / N2 20 2
R=(r?) +§(r) [—2rcos07 + ()] +

i (2-85)

[=2rcosf7 + () P+

(Z)* sin 20 N (Z)*sin26 cos 0

=r—z7cosf+ 2 22

(2-86)

" This result could also be obtained by using J, () = I(z') §(¥') §(y') in (2-60) where dv' = dx’ dy' dz'.
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Successive terms in this series decrease as the power of 7' increases if 7' is small com-
pared to r. This expression for R is used in the radiation integral (2-80) to different
degrees of approximation. In the denominator (which affects only the amplitude), we let

R~r (2-87)

We can do this because in the far field r is very large compared to the antenna size, so
r>7 =7 cos 6. In the phase term — (3R, we must be more accurate when computing the
distance from points along the line source to the observation point.

The integral (2-80) sums the contributions from all the points along the line source.
Although the amplitude of waves due to each source point is essentially the same, the
phase can be different if the path length differences are a sizable fraction of a wavelength.
We, therefore, include the first two terms of the series in (2-86) for the R in the numerator
of (2-80), giving

R=~r—7 cosl (2-83)
Using the far-field approximations (2-87) and (2-88) in (2-80) yields
—jB(r—7'cos 0) e ifr

A= / 1) e = S / 1(2)é 5047 (2-89)

dr

where the integral is over the extent of the line source. This may be recognized as a
Fourier-transform-type integral; see Sec. 5.3. [H.3: Silver, Sec. 6.3] The Fourier trans-
form relationship between the antenna current distribution and its radiation pattern will be
revisited for linear antennas in Sec. 5.3 and for aperture antennas in Sec. 9.1. The integral
is referred to as the radiation integral or diffraction integral.

The magnetic field for the line source is found using (2-36):

1 1
H=-VXA=-VX(A.2)
I I
. (2-90)
=—V X (—A;sinf0+ A, cos0T)
i

where (C-3) was used. Since A, is a function of r and 6, the curl in spherical coordinates,
as given by (C-35), leads to

~11[0 . a
H= ¢; - L?t(rAZ sin 0) — %(Az cos 9)} (2-91)

Substitution of (2-89) into the above gives

-1 —sin 6 . 8 _.. eI
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The ratio of the first term to the second term is of the order Gr. If r>> 1, the second term
is small compared to the first and can be neglected, as we did for the far-field approxi-
mation of the ideal dipole. Thus, (2-92) becomes
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~jfr

H= &;’5 sin 6 11 647 / 1()e%esPqy = Jg sinfA.d (2-93)

The electric field is found from (2-46), which is

V(V-A)
wpe

E = —jwA —j (2-94)
Using (2-80) in (2-81) and retaining only the r~ ! term (and assuming Gr>>1) lead to the
far-field approximation

E = —jwA¢0 = jwsin 0 A,0 (2-95)

Note that this result is the portion of the first term of (2-94) that is transverse to I because
—jwA = —jw(—A;sinf0 + A, cos t). This is an important general result that is not
restricted to line sources.

The radiation fields from a z-directed line source (any z-directed current source in
general) are H, and Ey, and are found from (2-93) and (2-95). The only remaining
problem is to calculate A_, which is given by (2-60) in general and by (2-89) for z-directed
line sources. The calculation of A, is the focal point of antenna analysis. We will return to
this topic after pausing to further examine the characteristics of the far-field region.

The ratio of the radiation field components in (2-93) and (2-95) yields

Wit Wit
E(; ﬁ H¢ w\//EHO T]H(ﬁ (2 96)

where 7 = / /¢ is the intrinsic impedance of the medium. Thus, the radiation fields are
perpendicular to each other and to the direction of propagation f and their magnitudes
are related by (2-96). These are the familiar properties of a plane wave. They also hold for
the general form of a “transverse electromagnetic (TEM) wave” that has both the electric
and magnetic fields transverse to the direction of propagation. In general, radiation from a
finite antenna is a special case of a TEM wave, called a “spherical wave,” that propagates
radially outward from the antenna and the radiation fields have no radial components.
Spherical wave behavior is also characterized by the e*/4nr factor in the field
expressions; see (2-93). The e 7 phase factor indicates a traveling wave propagating
radially outward from the origin and the 1/r magnitude dependence leads to constant
power flow just as with the infinitesimal dipole. In fact, the radiation fields of all antennas
of finite extent display this dependence with distance from the antenna.

Another way to view radiation field behavior is to note that spherical waves appear to
an observer in the far field to be a plane wave. This “local plane wave behavior” occurs
because the radius of curvature of the spherical wave is so large that the phase front is
nearly planar over a local region.

2.4.3 Far-Field Conditions and Field Regions

The results for the line current from the previous section are easily generalized to an
arbitrary, but finite-sized, antenna. In the far field of an antenna, the fields exhibit local
plane wave behavior and have 1/r magnitude dependence. In this section, we develop the
conditions for determining the minimum distance from an antenna for far-field behavior.
This begins with a geometric interpretation for far-field approximations.

If parallel lines (or rays) are drawn from each point on a line current as shown in
Fig. 2-6, the distance R to the far field is geometrically related to r by (2-88), which was
derived by neglecting high-order terms in the expression for R in (2-86). The parallel ray
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Figure 2-6 Parallel ray approximation for far-field calculations of a line source.

assumption is exact only when the observation point is at infinity, but it is a good
approximation in the far field. Radiation calculations often start by assuming parallel rays
and then determining R for the phase by geometrical techniques. From the general source
shown in Fig. 2-7, we see that

R=r—7 cosa (2-97)
Using the definition of dot product, we have

rer

R=r—7r ;
rr

or

Figure 2-7 Parallel ray approximation for far-field calculations of a general source.
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R=r—t-r (2-98)

This is a general approximation to R for the phase factor in the radiation integral. Notice that
if I’ = 7'z, as for line sources along the z-axis, (2-98) reduces to (2-86).

The definition of the distance from the source where the far field begins is where errors
due to the parallel ray approximation become insignificant. The distance where the far
field begins, rg, is taken to be that value of r for which the path length deviation due to
neglecting the third term of (2-86) is a sixteenth of a wavelength. This corresponds to a
phase error of 27/X - /16 = n/8 rad =22.5°.

If D is the length of the line source, rg is found by equating the maximum value of the
third term of (2-86), which occurs for 77 = D/2 and §=90°, to a sixteenth of a wave-
length, or (D/2)*/2rg = /./16. Solving for r gives

reg = —— (2-99)

The far-field region is » = ri and ry is called the far-field distance, or Rayleigh distance.
The general far field condition of (2-99) is not sufficiently large if the antenna size is
small compared to a wavelength. Additional considerations are necessary and will be
developed after first discussing the field regions in more detail.

The region interior to the far field, called the near field, is divided into the reactive near
field where the reactive fields dominate over the radiation (real-valued) fields and
the radiating near field where the radiation fields dominate over the reactive fields. For the
ideal dipole, the boundary between the reactive and radiating near field regions occurs for
r = /27 which is the radius of the radiansphere introduced at the end of Sec. 2.3. This
result follows from the general field expressions for the ideal dipole in (2-73). There are
terms with radial dependencies of 1/r, 1//, and 1//°. With increasing distance from the
dipole, first the 1/7° term diminishes compared to other terms, then the 1/7* term dimin-
ishes, and only the 1/r term is significant in the far field. The real and imaginary parts of the
vector components are equal for Sr =1, or r = A/27 = 0.16/, defining the reactive-
radiating near field boundary; see Prob. 2.4-3. We found the same result in Prob. 2.3-5 by
examining the power density expression. The conditions on the derivation of the ideal
dipole fields in Sec. 2.3 were that 2>> Az and r>> Az The ratio of radiated to reactive
power density is 1/(3r)°, as derived in Prob. 2.3-5. So, if 8r = 10 the radiated power
density will be 1000 times (30dB) greater than the reactive power density. Thus,
r=10/8 = 1.64 forms the far-field boundary for an ideal dipole. It turns out that the
boundary value of r = 10 also corresponds to the point where the wave impedance (ratio
of transverse field components) converges to the intrinsic impedance of free space, m,
indicating that a free space wave is well formed; see Prob. 2.4-4. A more conservative
condition of r =54 arises based on the error in magnitude of the Ey component of
(2-73b) being 30 dB down compared to the far-field approximation field of (2-74a); see
Prob. 2.4-5. [3]. Fig. 2-8a summarizes the field regions for the ideal dipole as: the reactive
near field extends from r= 0 to 0.164, the radiating near field from 0.164 to 54, and the far
field is beyond 54. These results also apply to any electrically small antenna, which is
defined as fitting inside a sphere of radius a equal to or less than 0.164.

The reactive-radiating near field boundary changes for radiating sources other than an
ideal dipole. For a line source, this region extends to a distance 0.62,/D3/4 from the
antenna (see Prob. 2.4-6). [H.8.8: Walter, (2-109)] As noted in (2-99), the far field starts
at 2D2//1. An additional far-field distance condition is that r be greater than D, which
was mentioned in association with the approximation R ~ r of (2-87) for use in the
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regions (not to scale).

magnitude dependence. Specifically we require r to be greater than 5 D, which is based
on the maximum error in the distance to the far field being 10% see Prob. 2.4-7. In
addition, the condition r>> A follows from Gr = (27r/1)> 1 which was used to reduce

(2-92) to (2-93). Often this limit is chosen to be r > 1.6 based on reasoning similar to

that used for the ideal dipole. The conditions on the far-field distance for line sources of
length D are summarized as:

2D?
r>= (2-100a)
r>5D far-field conditions (2-100b)
r>1.61 (2-100¢)

The far-field distance criterion of 2D% is usually the limiting condition for antennas
operating in the UHF region and above. At lower frequencies, where the antenna can be

small compared to the operating wavelength, the far-field distance may have to be greater

43
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than 2D2/l in order to satisfy all conditions in (2-100); see Prob. 2.4-8. We will return to
the topic of far-field distance in Sec. 13.2.

The radiated fields (i.e., in the far field) are found by summing up all contributions due
to tiny subdivisions of the current distributions (i.e., integrating). The resulting radiation
pattern is independent of distance from the antenna, r, and varies only with angle around
the antenna. For example, the sin # pattern of an ideal dipole is valid anywhere in its far
field. This result is a consequence of approximating rays from parts of the source as being
parallel. Then distance in the far field is irrelevant and only angles matter. A further
general principle for all antennas is that in the far field the only field components present
are transverse to the radial direction (i.e., the 6- and ¢- components).

Fig. 2-8b summarizes the field regions for antennas that are not electrically small. The
reactive near field extends from » =0 to 0.62+/D3/A. The far field lies at distances beyond
the largest of 2D2//1, 5D, or 1.6J. The radiating near field lies between the reactive near
field and the far-field distance. The 5D and 2D2/i criteria are equal for D = 2.5/, so in the
context of far-field distance an antenna is considered large if D >2.5/.

2.4.4 Steps in the Evaluation of Radiation Fields

The derivation for the fields radiated by a line source in Sec. 2.4.2 can be generalized for
application to any antenna. Fortunately, the derivation itself need not be repeated each
time an antenna is analyzed. That is, it is not necessary to return to Maxwell’s equation
with each new antenna system. Instead, we work from the results of the line source and its
generalizations, which can be reduced to the three-step procedure detailed below.

1. Find A. Select a coordinate system most compatible with the geometry of the
antenna, using the notation of Fig. 2-2. In general, use (2-61) with R ~ r in
the magnitude factor and the parallel ray approximation of (2-98) for determining
phase differences over the antenna. These yield

~ir
A=pS ///Jd*’”/ du/ (2-101)
47r
o

For z-directed volumetric sources,

A—an [ [[ 1% v 2-102
=z anr z v ( )
'l)/

For z-directed line sources on the z-axis,

A=12u 64_: / 1(2)e% < a7 (2-103)
which is (2-89).
2. Find E. Use the component of
E = —jwA (2-104)
which is transverse to the direction of propagation r. This is expressed formally as
E = —jwA — (—jwA « P)f = —jw(Ag0 + Asd) (2-105)

which arises from the component of A tangent to the far-field sphere. For z-directed
sources,

E = jwsin0A.0 (2-106)
which is (2-95).
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3. Find H. Use the plane wave relation.

1
H=-rXE. (2-107)
Ui
This equation expresses the fact that in the far field, the directions of E and H are
perpendicular to each other and to the direction of propagation, and also that their
magnitudes are related by 7. For z-directed sources,
E
Hy=-" (2-108)
Ui

which is (2-75).

The most difficult step is the first, calculating the radiation integral. This topic will be
discussed many times throughout the book, but to immediately develop an appreciation for
the process, we will present an example. This uniform line source example also provides a
specific setting for introducing general radiation pattern concepts and definitions.

EXAMPLE 2-1 The Uniform Line Source

The uniform line source is a line source for which the current is constant along its extent.
If we use a z-directed uniform line source centered on the origin and along the z-axis, the
current is

/ / L
I, ¥x=0, y=0, |{|==
1() = 2 (2-109)

0 elsewhere

where L is the length of the line source; see Fig. 2-9. We first find A, from (2-103) as follows:

—iBr L2
A= Me Jdr/ / Iae/ﬂz/cosedzl
47y —L)2

e=Ior @P(L/2)cost _ e—jgﬁ(L/Z) cos

- I,
Hamr jBcosb

(2-110)

I,Le™%" sin [(BL/2)cos 6]
4wr  (BL/2)cos b
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(a) Antenna geometry. (b) Current distribution.

Figure 2-9 The uniform line source (Example 2-1).
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The electric field from (2-106) is then

~ 1 I()L —jpr : 7,/2 0 R
E=jwsin9A19:JwN ¢ sinesm[(ﬁ /2) cos }6

4rr (BL/2)cos O (2-111)

The magnetic field is simply found from this using Hy = Ey/7.

2.4.5 Radiation Pattern Definitions

Since the radiation pattern is the variation of the radiated electric field over a sphere
centered on the antenna, r is constant and we have only ¢ and ¢ variations of the field. It is
convenient to normalize the field expression such that its maximum value is unity. This
is accomplished as follows for a z-directed source that has only a §-component of E:

 Ep(max)

F(0.9) (2-112)

where F(0, ¢) is the normalized field pattern and Ey(max) is the maximum value of the
magnitude of Ey over a sphere of radius . Here the pattern is real-valued and the mag-
nitude refers to taking the sign to be positive. Also in this case, the pattern is relative to
linear polarization in the f-orientation. Patterns, in general, can be referenced to any
polarization state; see Sec. 13.4 for more details.

In general, E, can be complex-valued and, therefore, so can F(0, ¢). In this case, the
phase is usually set to zero at the same point the magnitude is normalized to unity. This is
appropriate because we are only interested in relative phase behavior. The pattern
magnitude is obtained by taking the absolute value of (2-112).

An element of current on the z-axis has a normalized field pattern from (2-74a) of

IAz/Am)jwp(e 7 /r)sing
(IAz/4m)jop(eoy o0 0 (2-113)

Fo) ="

and there is no ¢ variation.
The normalized field pattern for the uniform fine source is from (2-111) in (2-112)

sin [(BL/2) cos 6]

F(6) = sin® (BL/2) cos @

(2-114)
and again there is no ¢ variation. The second factor of this expression is the function
sin(u)/u and we will encounter it frequently. It has a maximum value of unity at u =0;
this corresponds to 8 =90°, where u = (5L/2) cos 6. Substituting  =90° in (2-114) gives
unity and we see that F(6) is properly normalized.

In general, a normalized field pattern can be written as the product

F(0,¢) = g(6, 9)f (0, 9) (2-115)

where g(6, ¢) is the element factor and f(0, ¢) the pattern factor. The pattern factor comes
from the integral over the current and is strictly due to the distribution of current in space.
The element factor is the pattern of an infinitesimal current element in the current dis-
tribution. For example, we found for a z-directed current element that F(6) = sin 6. This
is, obviously, also the element factor, so

g(0) =sind (2-116)

for a z-directed current element. Actually, this factor originates from (2-95) and can be
interpreted as the projection of the current element in the 6-direction. In other words,
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at 6 =90° we see the maximum length of the current, whereas at § =0° or 180° we see the
end view of an infinitesimal current that yields no radiation. The sin 6 factor expresses the
fraction of the size of the current as seen from the observation angle 6. On the other hand,
the pattern factor f(6, ¢) represents the integrated effect of radiation contributions
from the current distribution, which can be treated as being made up of many current
elements. The pattern value in a specific direction is then found by summing the parallel
rays from each current element to the far field with the magnitude and phase of each
included. The radiation integral of (2-101) sums the far-field contributions from
the current elements and when normalized yields the pattern factor. Antenna analysis is
usually easier to understand by considering the antenna to be transmitting as we have
here. However, most antennas are reciprocal and thus their radiation properties are
identical when used for reception; see Sec. 13.1.

A typical pattern is shown in Fig. 2-10 as a polar plot and in 3D. The rays from various
parts of an antenna arrive in the far field with different magnitude and phase due to variations

Main beam maximum direction

74

1.0 / Main beam

Half-power point (left) L Half-power point (right)

0.707
Half-power bandwidth (HP)

Beamwidth between first nulls (BWFN)

Minor
lobes

(a) Polar plot in relative field intensity.

|
W
W

(b) Three-dimensional view.

Figure 2-10 A typical radiation pattern.
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in the current where the ray originated on the antenna and due to phase changes arising from
path length differences to the far field. These rays interfere, as computed through the
radiation integral and produce a “lobing” effect.

The radiation lobe containing the direction of maximum radiation shows the angle
with the highest radiation intensity and is caused by the fact that the rays from various
parts of the antenna arrive in the far field more nearly in-phase than they do for other
directions. For a source with constant phase, all rays arrive in-phase in the direction
normal to the antenna and the pattern is maximum there. For the ideal dipole, we have
said that the source is so small that there are essentially no phase differences for rays
along the source and thus the pattern factor is unity.

For the z-directed uniform line source pattern of (2-114), we can identify the factors as

g(0) =sind (2-117)
and

~ sin[(BL/2) cos 6]
10) = (BL/2) cos 6

For long line sources (L>> 1), the pattern factor of (2-118) is much sharper than the
element factor sin 6, and the total pattern is approximately that of (2-118); that is,
F(0) =~ f(0). Hence, in many cases we need only work with f{), which is obtained from
(2-103). If we allow the beam to be scanned (this will be discussed in Sec. 2.4.6), the
element factor becomes important as the pattern maximum approaches the z-axis.

Frequently, the directional properties of the radiation from an antenna are described by
another form of radiation pattern, the power pattern. The power pattern gives angular
dependence of the power density and is found from the 6, ¢ variation of the r-component
of the Poynting vector. For z-directed sources, H; = Ey/n so the r-component of the
Poynting vector is (1/2) EgH} = |Eg|*/2n and the normalized power pattern is simply
the square of its field pattern magnitude P(6) = |F(0)|*. The general normalized power
pattern is

(2-118)

P(0,9) = |F(6, ¢) (2-119)

The normalized power pattern for a z-directed current element is
P(#) = sin> 0 (2-120)
and for a z-directed uniform line source is

sin [(BL/2)cos 9]}2

P(0) = {sm9 (BL/2) cos 0 (2-121)

Frequently, patterns are plotted in decibels. It is important to recognize that the field
(magnitude) pattern and power pattern are the same in decibels. This follows directly
from the definitions. From the field pattern in decibels,

[F(0,0)|g = 20 log|F (6, ¢)| (2-122)

and the power pattern in decibels,

P(0,¢);z = 10log P(0, ¢) = 101og|F (0, ®))* = 201og|F (6, ¢)| (2-123)

we see that

P(@, ¢)dB = \F(G, ¢)|dB (2'124)
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Fig. 13-6 shows the same antenna pattern plotted in the four common pattern plot
formats.

2.4.6 Radiation Pattern Parameters

A typical radiation pattern shown in Fig. 2-10a is a polar plot in linear units (rather than
decibels). It consists of several lobes. The main beam (or main lobe or major lobe) is the
lobe containing the direction of maximum radiation. There is also usually a series of lobes
smaller than the main lobe. Any lobe other than the main lobe is called a minor lobe.
Minor lobes are composed of side lobes and back lobes. Back lobes are directly opposite
the main lobe, or sometimes they are taken to be the lobes in the half-space opposite the
main lobe. The term side lobe is sometimes reserved for those minor lobes near the main
lobe, but is most often taken to be synonymous with minor lobe; we will use the latter
convention.

The radiation from an antenna is represented mathematically through the radiation
pattern function, F(#, ¢) for field and P(0, ¢) for power. This angular distribution of
radiation is visualized through various graphical representations of the pattern, which we
discuss in this section. Graphical representations also are used to introduce definitions of
pattern parameters that are commonly used to quantify radiation pattern characteristics.

A three-dimensional plot as in Fig. 2-10b gives a good overall impression of the entire
radiation pattern, but cannot convey accurate quantitative information. Cuts through this
pattern in various planes are the most popular pattern plots. They usually include the
E- and H-plane patterns; see Figs. 2-4b and 2-4c. Pattern cuts are often given for fixed
¢ values, leaving the pattern a function of 6 alone; we will assume that is the case here.
Typically, the side lobes are alternately positive- and negative-valued; see Fig. 5-1a. In
fact, a pattern in its most general form can be complex-valued. Then we use the mag-
nitude of the field pattern IF(8)l or the power pattern P(6).

A measure of how well the power is concentrated into the main lobe is the (relative)
side lobe level, which is the ratio of the pattern value of a side lobe peak to the pattern
value of the main lobe. The largest side lobe level for the whole pattern is the maximum
(relative) side lobe level, frequently abbreviated as SLL. In decibels, it is given by

|[F(SLL)|

SLLdB =20 lOg m

(2-125)

where |F(max)| is the maximum value of the pattern magnitude and |F(SLL)| is the
pattern value of the maximum of the highest side lobe magnitude. For a normalized
pattern, F(max) = 1.

The width of the main beam is quantified through half-power beamwidth HP, which is
the angular separation of the points where the main beam of the power pattern equals one-
half the maximum value:

HP = |0upiere — Oupright (2-126)

where Op 1efe and Oyp rign; are points to the “left” and “right” of the main beam maximum
for which the normalized power pattern has a value of one-half (see Fig. 2-10). On the
field pattern |F(6)], these points correspond to the value 1/v/2. For example, the sin 0
pattern of an ideal dipole has a value of 1/ V2 for 0 values of Oyp e = 135° and
Oup right = 45°. Then HP|135° —45°| =90°. This is shown in Fig. 2-4b. Note that
the definition of HP is the magnitude of the difference of the half-power points and the
assignment of left and right can be interchanged without changing HP. In three dimensions,
the radiation pattern major lobe becomes a solid object and the half-power contour is a
continuous curve. If this curve is essentially elliptical, the pattern cuts that contain the major
and minor axes of the ellipse determine what the IEEE defines as the principal half-power
beamwidths.
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Z
(a) Broadside (b) Intermediate (c¢) Endfire
Figure 2-11 Polar plots of uniform line source patterns | f(6)].

Antennas are often referred to by the type of pattern they produce. An isotropic
antenna, which is hypothetical, radiates equally in all directions giving a con-
stant radiation pattern. An omnidirectional antenna produces a pattern that is constant in
one plane; the ideal dipole of Fig. 2-4 is an example. The pattern shape resembles a
“doughnut.” In contrast to the unrealizable isotropic pattern, the omnidirectional pattern
is achievable, and it has many practical applications. For example, antennas in cellular
telephone handsets should respond equally in all directions around the handset in the
horizontal plane because of their arbitrary orientation when held by a human operator. A
second application that often requires an omnidirectional pattern is a base station antenna,
where uniform coverage is needed to serve users on the ground anywhere around the
tower.

We often refer to a directive antenna as being broadside or endfire. A broadside
antenna is one for which the main beam maximum is in a direction normal to the plane
containing the antenna. An endfire antenna is one for which the main beam is in the
plane containing the antenna. For a linear current on the z-axis, the broadside direction is
#=90° and the endfire directions are 0° and 180°. For example, an ideal dipole is a
broadside antenna. For z-directed line sources, several patterns are possible. Fig. 2-11
illustrates a few |f(6)| patterns. The entire pattern in three dimensions is imagined by
rotating the pattern about the z-axis. The full pattern can then be generated from the
E-plane patterns shown. The broadside pattern of Fig. 2-11a is called a fan beam. The full
three-dimensional endfire pattern for Fig. 2-11b has a single lobe in the endfire direction.
This single lobe is referred to as a pencil beam. Note that the sin 6 element factor, which
must multiply these patterns to obtain the total pattern, will have a significant effect on the
endfire pattern.

2.5 DIRECTIVITY AND GAIN

One very important quantitative description of an antenna is how much it concentrates
energy in one direction in preference to radiation in other directions. This characteristic of
an antenna is called directivity and is equal to its gain if the antenna is 100% efficient.
Gain is expressed relative to an isotropic radiator or sometimes a half-wavelength dipole.

Toward the definition of directivity, let us begin by recalling that the power radiated by
an antenna from (2-29) is

P://S-ds:%Re//(ExH*)-ds (2-127)

1 2r pw
=5Re / / (EoH}, — EgH})r” sin0d0d¢ (2-128)
0 0
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dQ = sinf do d¢

P

Figure 2-12 Element of solid angle df).

In general, there will be both 8- and ¢-components of the radiation fields. From (2-107),
we find that

E E,
Hy==" and Hy=--2 (2-129)
n n
Using these in (2-128) gives
1
p— 57//(|E@|2 B2 de (2-130)

where d) =element of solid angle =sin 6 df d¢, which is shown in Fig. 2-12. The
integral can be evaluated over any surface enclosing the antenna; however, for simplicity
a spherical surface centered on the origin is usually used. Since the magnitude variations
of the radiation fields are 1/r, we find it convenient to introduce radiation intensity, which
is defined from

U(o, ¢) = %Re(E x H*) « 2t = S(0, ¢)r? (2-131)

Radiation intensity is the power radiated in a given direction per unit solid angle and has
units of watts per square radian (or steradian, sr). The advantage to using radiation
intensity is that it is independent of distance . Radiation intensity can be expressed as

U(0,) = Un|F (6, 9)I (2-132)

where U, is the maximum radiation intensity, and |F (0, (;5)|2 is the power pattern nor-
malized to a maximum value of unity in the direction (Omax, @y )> and

Uy = U(emam (bmax) (2_133)

The total power radiated is obtained by integrating the radiation intensity over all angles

around the antenna:
P ://U(e, ¢)dQ) = Um//|F(t9, ¢)|* dQ2 (2-134)

An isotropic source with uniform radiation in all directions is only hypothetical but is
sometimes a useful concept. The radiation intensity of an isotropic source is constant over
all space, at a value of Uye. Then P = [[Uye d2 = Uy [[ d2 = 47U, since there are
47 sr in all space (see Prob. 2.5-1). For nonisotropic sources, the radiation intensity is not
constant throughout space, but an average power per steradian can be defined as

1 P
Uavezﬂ//U(Q,(b)dQ:E (2—135)

The average radiation intensity U, equals the radiation intensity U(6, ¢) that an iso-
tropic source with the same input power P would radiate.
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As an example, consider the ideal dipole again; we find from (2-74) and (2-131) that

U.9) =5 (' fz) Bwpsin? (2-136)
SO
1 (IAZ\?
and
F(0,¢) =sind (2-138)

The average radiation intensity follows from the total radiated power expression (2-77)
for an ideal dipole as

2

P (Bup/12m)(182° 1 1Az
Une = 42 = 4 =3\ 2r | Por

(2-139)

2
= 3 U, idealdipole

Thus, U,, = 1.5U,,. for the ideal dipole, which means that in the direction of maximum
radiation, the radiation intensity is 50% more than that which would occur from an
isotropic source radiating the same total power.

Directivity. Directivity is defined as the ratio of the radiation intensity in a certain
direction to the average radiation intensity. The reference direction is usually taken to be
that of the maximum radiation, giving

U Un
D="" — 2-140
Uwe P/4m ( )

Unless otherwise stated, directivity will be assumed to be this maximum directivity value.
If both the numerator and denominator are divided by 7, then (2-140) becomes a ratio of
power densities at distance r from the antenna:

U/r?  jmax[Re(E X H¥) « §]

D = =
Ue/1? P/4mr?

(2-141)

Thus, directivity has two interpretations, as a ratio of maximum to average radiation
intensities (which are dlmensmnless) and as a ratio of maximum to average power
densities (which have units of W/m? ).

Directivity can be tied more directly to the pattern function. First, we define beam
solid angle, Q4:

Oy = // ®)|*dQ beam solid angle (2-142)
sphere

As illustrated in Fig. 2-13, beam solid angle of the actual radiation pattern has the same
solid angle as constant radiation of a level equal to the maximum value radiation intensity
over all the beam area, or

P=U,Q (2-143)
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m

Q
A Figure 2-13 Antenna beam solid angle 24. (a) Plot

of radiation intensity U(f, ¢) from an actual antenna. (b)
Plot of radiation intensity with all radiation from the
actual antenna concentrated into a cone of solid angle {24
Actual pattern with constant radiation intensity equal to the maximum
(a) (b) of the actual pattern.

This also follows from (2-134) and (2-142). Finally, substituting (2-135) in (2-140) along
with (2-142) gives

47

D—_"
Qy

directivity (2-144)

These results show that directivity is entirely determined by the pattern shape; it is
independent of the details of the antenna hardware. Directivity as a function of pattern
angle is expressed simply as the directivity multiplied by the power pattern:

D(0,¢) = D|F(0, ) (2-145)

Since |F(8, q5|2 has a maximum value of unity, the maximum value of directivity as a
function of angle is D.

The concept of directivity is illustrated in Fig. 2-14. If the radiated power were dis-
tributed isotropically over all of space, the radiation intensity would have a maximum
value equal to its average value as shown in Fig. 2-14a, that is, U,, = U,y or {24 = 4.
Thus, the directivity of this isotropic pattern is unity. The distribution of radiation
intensity U(6, ¢) for an actual antenna is shown in Fig. 2-14b. It has a maximum
radiation intensity in the direction (fmax, Prax) Of U = DU,y and an average radiation
intensity of U, = P/4m. There is D times as much power density in the direction
(Omax»> Pmax) as there would be if the same total power were radiated by an isotropic
source. Thus, by directing the radiated power P in a preferred direction (the maximum
radiation direction) the radiation intensity is increased in that direction by a factor of D
over what it would be if the same radiated power had been isotropically radiated.

ave

(a) Radiation intensity distributed (b) Radiation intensity
isotropically. from an actual antenna.

Figure 2-14 TIllustration of directivity.
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EXAMPLE 2-2  Directivity of an Ideal Dipole

The directivity of an ideal dipole can now be easily calculated using (2-139) in (2-140)

Um Um 3 . .
D=—= =3 ideal dipole (2-146)

Usually directivity is calculated directly from (2-144) and the directivity calculation reduces to
one of finding the beam solid angle. To illustrate, we use the ideal dipole. Substituting (2-138)
in (2-142) leads to

2T g 4 8
U = / / Isin 0%sin 00 d¢p = 27~ = — (2-147)
o Jo 3 3
and we obtain the same value of directivity from
47 4 3
=—=——== 2-148
Q 87/3 2 ( )

Thus, the directivity of an ideal dipole is 50% greater than that of an isotropic source, which
has a directivity of 1.

EXAMPLE 2-3  Directivity of a Sector Omnidirectional Pattern

An ideal omnidirectional antenna would have constant radiation in the horizontal plane (6 =90°)
and would fall rapidly to zero outside that plane. Suppose that the pattern in the vertical plane is
constant out to + £ (+30°) from horizontal. The pattern expression is then written as
1 2
1 - 7<60< -7
F(0) = 3 3 (2-149)

0 elsewhere

The solid angle of the pattern from (2-142) is

2r  pr271/3
O = F(0,)dQ = infdod
A //' (@.9) /0 /ﬂ/s sin0d0do (2-150)
= (2m)[—cos 025 = (27)(0.5+ 0.5) = 27

The directivity from (2-144) is
4 4w
D= =—=2

i 2-151
QA 2 ( )

Gain. Asnoted, directivity is solely determined by the radiation pattern of an antenna. When
an antenna is used in a system (say as a transmitting antenna) we are interested in how effi-
ciently the antenna transforms available power at its input terminals into radiated power, as well
asits directive properties. To quantify this, gain is defined as 47 times the ratio of the maximum
radiation intensity to the net power accepted by the antenna from the connected transmitter, or

ar U,
Pl’ﬂ

This is a power quantity and is sometimes referred to as power gain. This definition does not
include losses due to mismatches of impedance or polarization, which are discussed in Sec. 4.2.

G =

gain (2-152)
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Gain can be expressed as a function of angle by including the power pattern as
G(0, ¢) = G|F(0, ¢)|*>. Gain can also be given as a value in a specific direction. If no
direction is specified and the gain value is not given as a function of 6 and ¢, it is assumed
to be the maximum gain.

Directivity from (2-140) is D =4nU,,/P. Comparing this with (2-152), we see that the
only difference between gain and directivity is the power value used. Directivity can be
viewed as the gain an antenna would have if all input power appeared as radiated power,
that is, P;, = P. Gain includes the fact that real antennas do not behave in this fashion and
some of the input power is lost on the antenna. The portion of input power P;, that does
not appear as radiated power is absorbed on the antenna and nearby structures. This
prompts us to define radiation efficiency, e,, as

er =5 radiation efficiency (2-153)

Radiation efficiency is bounded as
0=e =1 (2-154)

Many antennas are highly efficient, with radiation efficiency close to unity. However,
electrically small antennas are very inefficient, and radiation efficiency is much less than
unity.

Using P =e,P;, from (2-153) in (2-140) leads to

G =eD (2-155)

Thus, the gain of an antenna is equal to its purely directional characteristic of directivity
multiplied by radiation efficiency. The term absolute gain, which is synonymous with
gain, is sometimes used.

Units for Directivity and Gain. Because gain is a power ratio it can be calculated in
decibels as follows:

Ggg = 101log G (2-156)
Similarly for directivity:

Dgg = 10log D (2-157)
For example, the directivity in decibels of an ideal dipole is

Dgg =101og 1.5 =1.76dB ideal dipole directivity (2-158)

Frequently gain is used to describe the performance of the antenna relative to some
standard reference antenna. This relative gain is defined as the ratio of the maximum
radiation intensity from the antenna U,, to the maximum radiation intensity from a ref-
erence antenna U, .. with the same input power, or

Un
Um, ref

This is a convenient definition from a measurement standpoint. The formal definition of
gain employs a lossless isotropic antenna as a reference antenna. This can be shown by
noting that the lossless isotropic reference antenna has a maximum radiation intensity
of P;,/4m because all of its input power is radiated, and substituting this into (2-159) for
U,.rer leads to (2-152).

Grep = (2-159)
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It is common at frequencies below 1 GHz to quote gain values relative to that of a half-
wave dipole because a half-wave dipole is the usual reference antenna used in gain
measurements at these frequencies; see Sec. 13.3. The directivity of a half-wave dipole is
1.64 or 2.15 dB; see Sec. 3.2. Gain relative to a half-wave dipole carries the units of dBd
and is related to gain relative to the normal implied reference of a lossless, isotropic
antenna as

G(dBd) = G(dB) — 2.15 (2-160)

The unit of gain is sometimes denoted as dBi instead of just dB to emphasize that an
isotropic antenna is used as the reference. As a numerical example, the following forms
are equivalent gain values for an antenna with 6.1 dB gain:

G =6.1dB = 6.1dBi = 3.95dBd (2-161)

As a note of caution, sometimes the unit of dB is used in antenna specifications when dBd
is intended, especially in the land mobile industry below 1 GHz.

2.6 ANTENNA IMPEDANCE

The primary function of a transmitting antenna is to convert a bound wave to an unbound
(i.e., radiated) wave, and vice versa for a receiving antenna. Whereas the transmission
line connected to an antenna binds the wave and prevents it from radiating, the antenna
itself should instead enable radio waves to leave the structure. The antenna is an interface
between wave phenomena on and beyond the antenna to the connecting circuit hardware.
The antenna input terminals form the interface point and the circuit parameter of
impedance is used to characterize the input to the antenna. The input impedance of an
antenna (or simply antenna impedance) will be affected by other antennas or objects that
are nearby, but the discussion here assumes an isolated antenna.

As with conventional circuits, antenna impedance is composed of real and imaginary
parts.

Zy = Ry + jXa input impedance (2-162)

Fig. 2-15a shows the general antenna model and Fig. 2-15b shows the equivalent model
for a transmitting antenna. As a consequence of reciprocity, the impedance of an antenna
is identical for receiving and transmitting operation. Receiving antennas and models for
them are discussed in Sec. 4.2. The input resistance, R,, represents dissipation which
occurs in two ways. Power that leaves the antenna and never returns (i.e., radiation) is one

Transmitter —O—/

or
Receiver

(a) General antenna model.

(b) Equivalent model for a transmitting antenna.
Figure 2-15 Antenna models.
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part of the dissipation. There are also ohmic losses just as in a lumped resistor. Electri-
cally small antennas can have significant ohmic losses but other antennas usually have
ohmic losses that are small compared to their radiation dissipation. The input reactance,
X4, represents power stored in the near fields of the antenna.

First, we discuss the input resistance. The average power dissipated in an antenna is

1
Py, = ERA\IA\Z (2-163)

where I, is the current at the input terminals. Note that a factor of % is present because
current /, is the peak value in the time waveform. Separating the dissipated power into
radiative and ohmic losses gives

Py =P+ P,
1 2 _ 1o, 2 (2-164)
—RuAll4|" ==R,|L, —R,|1I
S RAllA™ = SR\ + S RoLu|
where we define the radiation resistance of an antenna referred to the input terminals as
2P
R =— (2-165)
4]
It follows from (2-164) that
Ry =R, +R, (2-166)

where R, is the resistance associated with ohmic losses that include the directly driven

part of the antenna as well as losses in other portions of the antenna structure such as a

ground plane. Ohmic resistance of an antenna is defined as
2P, 2(Py—P)

A

(2-167)

0

The radiated power is found using (1-35):
1
Pzi// (Ex H*) « ds (2-168)
Sff

where s is a surface in the far field, usually spherical. P is real-valued because the power
density S = %E X H* is real-valued in the far field.

Radiation resistance can be defined relative to the current at any point on the antenna,
but we reserve R, for radiation resistance referred to the input terminals. Radiation
resistance relative to the maximum current /,, that occurs on the antenna R,,, is obtained
by using I, in place of I, in (2-165). In this section, we discuss center-fed electrically
short antennas, which always have a current maximum at the input, so R, = R,,,. We
discuss this topic again in Sec. 6.1.

The power radiated from an ideal dipole of length Az< A and input current [, = I is
given by (2-77) which together with (2-165) gives the radiation resistance:

2P 2w o VEBVEVE
TP Pl2r VeEobrm

B a2 [(AxY
=gy (B =n37( 5

B(Az)?

2
R, = 807 (%) Q ideal dipole (2-169)
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For ideal dipoles, R, is very small since Az< 4.

Except for low frequencies, the skin depth é = \/2/wpo is much smaller than the
conductor radius and then the ohmic resistance for an antenna of length L that carries an
axially uniform current is directly proportional to the wire length and inversely propor-
tional to the wire circumference:

R, ~ —R; (2-170)
where L is the length of the wire, a the wire radius, and R, the surface resistance:

wh

R, =
] 20

(2-171)

The ideal dipole has a uniform current as shown in Fig. 2-16a. In reality, the current on
a straight wire antenna must smoothly go to zero at the wire ends. The current distribution
on a center-fed wire dipole of length Az< 4, called a short dipole, is approximately
triangular in shape as illustrated in Fig. 2-16b. If end loading such as with metal plates
(see Fig. 3-3) is added to the short dipole, the radial current reduces to zero at the edge of
the plates, giving a nearly uniform current on the vertical portion of the dipole, which
permits use of the ideal dipole model. More will be said about short dipoles in Sec. 3.1.

Pattern calculations for the ideal dipole were performed in Sec. 2.3 assuming that the
magnitude and phase differences of rays coming from points on the wire due to different
path lengths were negligible. Since the short dipole also satisfies Az < 4, the pattern will
also be the same sin 6 radiation pattern as the ideal dipole. In addition, the ideal dipole
and short dipole will have the same directivity value of 1.5 because pattern shape
completely determines directivity.

The triangular current distribution of the short dipole leads to an equivalent length that
is one-half that of its physical length. This is because the equivalent length is proportional
to the area under the current versus distance curves shown in Fig. 2-16, which follows
from the radiation integral of (2-103) with exp(j37 cosf) ~ 1 for short dipoles. The
radiated fields are, in turn, proportional to this equivalent length. Because the radiation
resistance is proportional to the integral of the far-zone electric field squared and the
patterns of the ideal and short dipoles are the same, the radiation resistances are pro-
portional to the equivalent lengths squared. The area of the triangle-shape current on the
short dipole is one-half that of the uniform current shape, so the radiation resistance is one
fourth that of the ideal dipole. Dividing (2-169) by 4 gives

I(z) Al

N

~
~

N
~

(a) Ideal dipole. (b) Short dipole.

Figure 2-16 The ideal dipole and short dipole with current distributions; Az < 4. I, is the
value of the input current at the terminals in the center of each antenna. The short dipole of (b)
is that which is encountered in practice.



2.6 Antenna Impedance 59

2

R, = 207? (#) Q short dipole (2-172)
The ohmic resistance for the short dipole is less than that of the ideal dipole. The ohmic
resistance of a short dipole is found by first determining the power dissipation from ohmic
losses, which at any point along the antenna is proportional to the current squared. In fact,
in general the total power dissipated is evaluated by integrating the current squared over
the wire antenna, which together with (2-167) yields

2P, 1 R, [Y?
Ry=—"4%=—3 " / 1(z)|* dz. (2-173)
al”  |La|” 27a ) p2

It is easy to show that this reduces to (2-170) for a uniform current of length L = Az. The
short dipole triangular current of Fig. 2-16b can be written as a function of position along
the wire as

2 A
1) =1 <1 - A'i') z| = 7Z (2-174)

Using this in (2-173) yields

Az Ry )
R, 53 short dipole (2-175)
Notice that this is one-third that for an ideal dipole of the same length Az given by
(2-170). Since the radiation resistance for the short dipole is one-fourth that of an ideal
dipole, the radiation resistance is decreased more relative to the ohmic resistance, and
thus the efficiency is lower for the short dipole than it is for an ideal dipole of the same
length.

In contrast to radiated power that contributes to the real part of the input impedance,
the reactive part of the input impedance represents power stored in the near field. This
behavior is very similar to a complex load impedance in circuit theory. Antennas that are
electrically small (i.e., much smaller than a wavelength) have a large input reactance, in
addition to a small radiation resistance. For example, the short dipole has a capacitive
reactance, whereas an electrically small loop antenna has an inductive reactance. This
is an expected result from low-frequency circuit theory. The reactance of a short dipole is
approximated by [H.6: Ant. Eng. Hdbk., 4th ed., p. 4-5].

120 Az .
X, = - A [ln (%) - 1] Q0 short dipole (2-176)
L

This gives a large capacitive reactance for very short dipoles. The total input impedance
of the short dipole is R, + R, + jX4, where X, is given above, R, is given by (2-172), and
R, is given by (2-175).

Antenna impedance is important to the transfer of power from a transmitter to an
antenna or from an antenna to a receiver. For example, to maximize the power transferred
from a receiving antenna, the receiver impedance should be a conjugate match to the
antenna impedance (equal resistances, equal magnitude and opposite sign reactances).
Receivers have real-valued impedance, typically 50 €2, so it is necessary to “tune out” the
antenna reactance with a matching network. There are two disadvantages to using
matching networks: Ohmic losses in the network components such as tuning coils reduce
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efficiency, and second, a matching network provides a match only over a narrow band of
frequencies, which reduces the operational bandwidth. Impedance-matching techniques
are discussed in Sec. 6.4.

2.7 RADIATION EFFICIENCY

In general, an efficiency factor is the ratio of wanted power to total power supplied.
The radiation efficiency e, of an antenna, which was introduced in Sec. 2.5 and defined in
(2-153), is the ratio of radiated power (which is the wanted power) to the net power
accepted by the antenna:

P P
er:—:

Pin P+P0

(2-177)
where

P =power radiated
P, =power dissipated in ohmic losses on the antenna
P;, =P + P,=1input power = power accepted by the antenna

We can derive an expression for the radiation efficiency of an antenna totally in terms of
resistances by substituting (2-164) and (2-165) into (2-177):

Ir 1A

PRATALYY R, R,
=12 =R =R (2-178)
5Rr|IA|2_'_§R0|IA|2 r 0 A

where (2-166) was used. Thus, the radiation resistance relative to the total input resistance
gives the radiation efficiency (often referred to just as efficiency). This fundamental
equation contains the obvious result that for a fixed radiation resistance as the ohmic
resistance increases, the efficiency decreases. For many antennas radiation efficiency is
nearly 100%, but electrically small antennas often have very low radiation efficiency.
Low radiation efficiency is acceptable for receiving and for low-power transmitting
applications. However, radiation efficiency must be as close to 100% as possible in high-
power transmitting antennas for two reasons: the ohmic losses cost money in power
consumption and the heat generated can possibly damage or destroy the antenna. The
following example illustrates calculation of impedance and efficiency.

EXAMPLE 2-4 Impedance and Radiation Efficiency of a Car Radio Whip Antenna

The 31-in-long (h=0.787 m) fender-mount whip antenna was used on cars for reception of
AM and FM radio signals for many decades. Current production cars mainly use on-glass
antennas, which are discussed further in Sec. 12.3. The fender-mount whip antenna in this
example, however, provides a point of reference and usually has near maximum performance.
For simplicity, we assume that the fender provides a good ground plane for the monopole. The
whip is made of steel 1/8-in in diameter (a =0.15875 cm). For an operating frequency in the
AM band of 1 MHz (4 =300 m) the electrical length is 7= 0.0026 /, indicating that the whip
is definitely an electrically small antenna. Using the short monopole model as will be
developed in (3-15), the radiation resistance is

0.787
300

Using the conductivity of stainless steel (see App. B.1) in (2-171) gives

2
R, = 407r2< ) =0.00271Q (2-179)
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27 x 10% « 47 x 1077
Ry= | X0y 405 w1030 (2-180)
2.2x10
The ohmic resistance from (2-175) is
h R, 0.787 1.40 x 1073

= = =0.03709 2-181
2ma 3 2w+ 1.5875 x 1073 3 ( )

The radiation efficiency from (2-178), (2-179), and (2-181) is

R 0.00271

e 4 =6.82% (2-182)

TR +R, 000271 +0.0370

The low efficiency in this broadcast reception application is overcome by using a high-power
transmitter operating into a tall, efficient antenna. Thus, the cost and complexity of the system
are concentrated into the transmitting station, allowing for inexpensive and simple receiving
antennas. The gain is calculated from (2-155) as G=¢,D=0.0682(1.5)=0.1023 = —-9.9 dB.
So the gain drops from 1.76 to —9.9 dB when loss is included for a net loss of 11.7 dB, which
is 10 log (0.0682). The input reactance is found using the above parameter values in (2-176),
giving X, = —37,882 €Q; also see Fig. 6-6. This is a very large capacitive reactance, leading to
a severe impedance mismatch. The total input impedance is

Zy =R, + R, +jX4 = 0.00271 — j37,882 (2-183)

Full numerical simulation of the wire dipole model in this example using the method of
moments discussed in Chap. 14 gives values very close to all of those found above.

In addition to reduction in radiation efficiency, antenna ohmic losses have another
undesirable effect. As with any resistive element in an electrical system, ohmic losses on
antennas are noise sources. For receiving applications above 1 MHz when the signal is
low, internal noise can swamp out a signal. Receiving antennas also pick up external
noise. For frequencies around 1 MHz and below, external noise, mainly due to lightning,
is significant and always present. This external noise picked up by the antenna via the
radiation resistance is usually larger than the internal noise and antenna loss can be
tolerated. Antenna noise is discussed further in Sec. 4.3.

The low efficiency associated with electrically small antennas can be increased greatly
by using superconducting material. However, practical superconducting antennas oper-
ating at room temperature remain an immature technology in most applications. Hansen
[see H.8.11] discusses superconducting antennas in some depth.

There are several other efficiency factors in antenna theory and they are discussed in
Sec. 9.3. The measurement of radiation efficiency is discussed in Sec. 13.3.4.

2.8 ANTENNA POLARIZATION

A monochromatic electromagnetic wave, which varies sinusoidally with time, is char-
acterized at an observation point by its frequency, magnitude, phase, and polarization.
The first three of these are familiar parameters, but polarization is often not well
understood by students and practicing engineers. The polarization of an antenna is the
polarization of the wave radiated in a given direction by the antenna when transmitting. In
this section, we first discuss the possible polarizations of an electromagnetic wave, and
then antenna polarization will follow directly from wave polarization. A complete dis-
cussion of wave and antenna polarization is found in [H.11.1: Stutzman].

The phase front (surface of constant phase) of a wave radiated by a finite-sized radiator
becomes nearly planar over small observation regions. This wave is referred to as a plane
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Figure 2-17 The spatial behavior of the electric (solid) and magnetic (dashed) fields of a
linearly (vertical) polarized wave for a fixed instant of time. (Reproduced by permission from
[H.11.1: Stutzman]. © 1993 by Artech House, Inc., Norwood, MA.)

wave and its electric and magnetic fields lie in a plane. The polarization of a plane wave
is the figure the instantaneous electric field traces out with time at a fixed observation
point. An example is the vertical, linearly polarized wave in Fig. 2-17, which shows
the spatial variation of the electric field at a fixed instant of time. As time progresses, the
electric field (&) at a fixed point oscillates back and forth along a vertical line. For a
completely polarized wave, the figure traced out is, in general, an ellipse. As indicated in
Fig. 2-17, the temporal and spatial variations of the magnetic field are similar to those for
the electric field, except that the magnetic field is perpendicular to the electric field.
Waves can have a nonperiodic behavior, but we will not consider such randomly polarized
wave components because antennas cannot generate them; noise is randomly polarized.

There are some important special cases of the polarization ellipse. If the electric
field vector moves back and forth along a line, it is said to be linearly polarized; see
Figs. 2-18a and 2-18b. An example is the electric field from an ideal dipole or any
linear current. If the electric field vector remains constant in length but rotates around
in a circular path, it is circularly polarized. Rotation at radian frequency w is in one of
two directions, referred to as the sense of rotation. If the wave is traveling toward the
observer and the vector rotates clockwise, it is left-hand polarized. The left-hand rule
applies here: With the thumb of the left hand in the direction of propagation, the fingers
will curl in the direction of rotation of the instantaneous electric field &. If it rotates
counterclockwise, it is right-hand polarized. Left- and right-hand circularly polarized
waves are shown in Figs. 2-18c¢ and 2-18d. A helix antenna produces circularly
polarized waves and the sense of rotation of the wave is the same as that of the helix
windings; for example, a right-hand wound helix produces a right-hand circularly
polarized wave; see Sec. 7.3. Finally, Figs. 2-18e and 2-18f show the most general
cases of left-hand and right-hand sensed elliptical polarizations.

The time-space behavior of the important special case of circular polarization is dif-
ficult to visualize. Fig. 2-19 provides a space perspective view of a left-hand circularly
polarized wave. As the vector pattern translates along the +z-axis, the electric field at a
fixed point appears to rotate clockwise in the xy-plane (yielding a left-hand circularly
polarized wave). This is illustrated with the time sequence of vectors in the fixed plane
shown in Fig. 2-19.

A general polarization ellipse is shown in Fig. 2-20 with a reference axis system. The
wave associated with this polarization ellipse is traveling in the +z-direction. The sense
of rotation can be either left or right. The instantaneous electric field vector & has
components &, and & along the x- and y-axes. The peak values of these components are
E| and E,. The angle ~ describes the relative values of E; and E, from
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(a) Vertical linear polarization. (b) Horizontal linear polarization.
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(e) Left-hand elliptical polarization. (f) Right-hand elliptical polarization.

Figure 2-18 Some wave polarization states. The wave is approaching.

Spatial sequence of
electric field vectors

Time sequence of

electric field vectors

in a fixed plane

Figure 2-19 Perspective view of a left-hand circularly polarized wave shown at a fixed instant
of time and the time sequence of electric field vectors as the wave passes through a fixed

plane in the +z-direction. (Reproduced by permission from [H.11.1: Stutzman]. © 1993 by
Artech House, Inc., Norwood, MA.)
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L)

Figure 2-20 The general polarization ellipse. The wave direction is out of the page in
the 4 z-direction. The tip of the instantaneous electric field vector & traces out the ellipse.
(Reproduced by permission from [H.11.1: Stutzman]. © 1993 by Artech House, Inc.,
Norwood, MA.)

E
y=tan"' =2,  0°=~=90° (2-184)
E,
The tilt angle of the ellipse T is the angle between the x-axis (horizontal) and the major
axis of the ellipse. The angle € is seen from Fig. 2-20 to be

e =cot '(=AR), 1=|AR|= o0, —45° = ¢ =45° (2-185)

where the axial ratio of the ellipse |AR| is the ratio of the major axis electric field
component to that along the minor axis. A linearly polarized wave has AR = co and
(2-185) gives € =0°. The sign of AR is positive for right-hand sense and negative for left-
hand sense. Axial ratio is often expressed in dB as 20 log |AR].

The instantaneous electric field for the wave of Fig. 2-20 can be written as (with z=0
for simplicity)

6 =6X+ 8,y =E coswtX+ E, cos (wt + )y (2-186)

where ¢ is the phase by which the y-component leads the x-component. This represen-
tation describes the ellipse shape as time ¢ progresses. If the components are in-phase
(6=0), the net vector is linearly polarized. The orientation of the linear polarization
depends on the relative values of E; and E,, For example, if E; =0, vertical linear
polarization results; if E, =0, horizontal linear results; if E1= E,, the polarization is
linear at 45° with respect to the axes. Linear polarization is a collapsed ellipse with
infinite axial ratio. If 6 is nonzero, the axial ratio is finite. When 6 >0, &), leads &, in
phase and the sense of rotation is left-hand. For 6 <0, the sense is right-hand. If E,= E,
(thus, 7=45°) and 6 = =90°, the polarization is circular (+90° is left-hand and —90° is
right-hand). The axial ratio magnitude of a circularly polarized wave is unity.
The phasor form of (2-186) is

E = E;X + Exey (2-187)

which can be written as (see Prob. 2.8-3)

E = \/E? + EX(cos X + siny e’y) = |Elé (2-188)
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The factor IE| is the field magnitude and € is the complex vector representation for
the field and is normalized to unity magnitude. Thus, v and § completely specify the
polarization state of the wave. In fact, either pair of angles (g, 7) or (v, 6) uniquely define
the polarization state of a wave. The transformations between these angles are

1
T=3 cos™ ! (cos 2¢ cos27) (2-189)
tan2
o= (32) (2-190)

As an example, a linearly polarized wave tilted 45° relative to the x-axis (7 = 45°)
has E; = E;= 1/4/2 and AR = co. From (2-185), ¢ = cot' (c0) = 0°. Then (2-189) and
(2-190) yield v = 45° and 6 = 0°, which are correct

The polarization of an antenna is the polarization of the wave radiated by the antenna
when transmitting. Therefore, all of the above discussions on wave polarization apply
directly to antenna polarization. The polarization of waves radiated by an antenna vary
with angle around the antenna; if no angle is specified when the polarization of an
antenna is stated, it is assumed to be in the direction of the beam peak. Usually the
polarization characteristics of an antenna remain fairly constant over the main beam.
However, radiation from side lobes can differ significantly in polarization from that of the
main beam. When measuring polarization of an antenna over its pattern, the magnitude
and relative phase of two orthogonal components are measured, often Ey and E;. The
principal plane patterns of a linearly polarized antenna, such as a dipole along the z-axis,
are completely specified when a linearly polarized probe antenna is oriented to respond to
the Ey-component in the E- and H-planes. On the other hand, the principal plane patterns
for a circularly polarized (CP) antenna are not the E- and H-planes because these planes
are not uniquely defined in this case. Instead, the principal planes of a CP antenna are two
orthogonal planes referenced to some stated and fixed physical direction, often denoted as
the ¢ =0° and ¢ =90° planes.

Reciprocal antennas have identical radiation patterns on transmit and receive, and this
extends to the vector nature of the radiation including polarization. Thus, a transmit
antenna is polarization matched to a receive antenna if they have the same polarization
states; that is, they have the same polarization ellipse axial ratio, sense, and major axis
orientation. For example, a right-hand circularly polarized receiving antenna is polari-
zation matched to a right circularly polarized wave. As a mechanical analogy, a right-
hand threaded rod corresponds to a right-hand circularly polarized (RHCP) wave and a
right-hand tapped hole represents a RHCP antenna. The rod and hole are matched when
screwed either in or out, corresponding to reception or transmission. More will be said
about the important topic of reception of polarized waves in Sec. 4.2.

Good examples of the application of antenna polarization are found in broadcast FM
radio and TV. Originally FM and TV broadcast transmitting antennas in the U.S. were
horizontally polarized. [H.6: Ant. Eng. Hdbk., 3rd ed., p. 28-4] In the 1960s, the
Federal Communications Commission (FCC) allowed FM broadcasters to transmit ver-
tical as well as horizontal polarization (or CP), which improved reception in vehicles
using a vertically polarized whip antenna. In practice, FM radio broadcasters commonly
use distorted dipoles that produce elliptical polarization, which provides an increased
vertical component but not one equal to the horizontal signal strength. In 1977, the FCC
permitted TV broadcasters to use CP (right-hand) by allowing transmitters to maintain the
maximum EIRP in horizontal polarization and add the same amount to vertical polari-
zation. This makes the receivers less sensitive to the orientation of their linearly polarized
antenna and to ghosts caused by reflected waves that arrive at the receiver with the
opposite sense (i.e., left-handed).

Certain antennas are naturally circularly polarized, such as helices and spirals; see
Chap. 7. Circular polarization can also be generated by feed network design. An example
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is two perpendicular half-wave dipoles fed from a common transmission line such that the
magnitudes are the same and with an extra quarter-wavelength of line (which gives a 90°
phase shift) to one dipole as shown in Fig. 4-6b. This will produce circular polarization
normal to the plane of the antennas with the sense determined by which leg has the
delay line.

The principles and terminology introduced in this chapter will be applied to some
important simple radiating systems in the next chapter.
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PROBLEMS

2.1-1 Use (2-6) in (2-1) to derive (2-7).

2.1-2 Use (2-13) in (2-19) together with (2-11), (2-12), and (2-20) to derive a form of (2-18)
that includes loss through o.

2.1-3 Assuming ¢ and y are real and M =0, derive (2-28) through (2-34) using the identity
(C-19).

2.1-4 Write the complex power equation for a series RLC network driven by a voltage gen-
erator in a form analogous to the Poynting theorem.

2.2-1 Derive (2-47) starting with (2-18).

2.2-2 Including time variation, the phase expression for a wave propagating in the z-direction
is wt — (z. For a constant phase point on the wave, this expression is constant; take the time
derivative to derive velocity expression in (2-53).

2.2-3 (a) Show that ¢ = Ce 77"/ satisfies (2-57) at all points except the origin. (b) By inte-
grating (2-55) over a small volume containing the origin, substituting ¢» = Ce™”/r, and letting
r approach zero, show that C = (47) ", thus proving (2-58).

2.3-1 Show that (2-73b) follows from (2-72).

2.3-2 Derive the general electric field expression of (2-73b) valid in all regions in the fol-
lowing two ways. (a) Use the magnetic field expression (2-73a) in (2-63). (b) Use the vector
potential expression (2-65) in (2-46).

2.3-3 For the ideal dipole of a z-directed current element / Az in free space and located at the
origin of a spherical coordinate system: (a) Find the complex Poynting vector “expression”
in the general case, where r can be in the near-field region. Use the fields of (2-73). (b) Then
find the expression for the time-average power flowing out through a sphere of radius r
enclosing the current element. Your answer will be that of (2-77). Why? (c) Use the results
from (a) to derive (2-79).

2.3-4 Show that the electric field for the ideal dipole in (2-73b) satisfies Maxwell’s equation
V.-E=0.

2.3-5 Prove that in the near field of an ideal dipole the ratio of the real to reactive power
density magnitudes is (6r)3 thereby verifying that the real and reactive power densities are
equal for Sr = 1, or r = 2/2m Hint: Use (2-76) and (2-79).

2.4-1 Prove (2-95) by using (2-89) in (2-94) and retaining only 1/r terms; that is, using Gr>> 1.
2.4-2 Eq. (2-98) can be derived without initially assuming that the rays are parallel. Derive (2-
98) by writingR = [(r — /) (r — v/ )}1 2, expanding, factoring out an r;, neglecting the smallest
term, and using the first two terms of the binomial expansion.

2.4-3 By examining only the r variation in (2-73), show that the real and imaginary parts of
each field component are equal for Gr = 1. For the Ej, first develop a reactive near field form,
Or< 1, by neglecting the first term.

2.4-4 (a) Derive an expression for the wave impedance (Ey/Hz) for an ideal dipole.
(b) Evaluate and plot this equation for r from 0 to 20. Note the value for r = 10(r = 1.61)
compared to the intrinsic impedance of free space.
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2.4-5 Plot the error in Ey magnitude for an ideal dipole in (2-73b) relative to the far-field value
in (2-74a). What is the value for r=51?

2.4-6 (a) Derive the reactive-radiating near field boundary criterion of r = 0.62,/D?// for a
length D. Do this by first deriving the value of  to be 54.7° for which the fourth term of (2-86)
is maximum; then find the r value of the maximum of the fourth term corresponding to a phase
error of 7/8 radians, (b) Find the line source length for which this boundary criterion equals
that based on an ideal dipole, i.e., r = 0.164.

2.4-7 Show that a line source of length D will have a maximum error (R=r—D/2) in the
distance to the far field relative to the distance from the center of the line source, r, of 10%
when r=5D by using R=0.9r.

2.4-8 Using the far-field boundary criterion of = 2D?// for a linear antenna of length D, find
rr for the following antenna lengths: D = 54, a half-wave dipole (D = 4/2), and a short dipole
(D=0.014). Is the far-field distance you computed valid in each case; if not, why not?
2.4-9 Use the far-field distance criteria in (2-100) to make a single graph of r// (vertical axis)
versus D/A showing each far-field boundary criterion. Indicate the region of the graph cor-
responding to the far field.

2.4-10 Examine the far-field criteria for a 31-in. (0.787m) long fender-mount car radio
antenna at 1 MHz. Which criterion is the limiting condition? The graph in Prob. 2.4-9 will be a
help.

2.5-1 Show that there is 4 sr in all space by integrating d{2 over a sphere.

2.5-2 A power pattern is given by |cos" §| for 0 < 6 < 7/2 and is zero for 7/2 < § < m
(a) Calculate the directivity for n = 1, 2, and 3. (b) Find the HP values in degrees for each n.
(c) Sketch the patterns for the n values on one polar plot and comment on the them. (d) Explain
the directivity value for the case of n=0.

2.5-3 An antenna has a far-field pattern which is independent of ¢ but which varies with 6 as
follows:

F=1 for 0°=60=30°

F=05 for 60°=0=120°

F=0.707 for 150° =@ =180°

F=0 for 30°< 0 <60° and 120° <@ < 150°

Find the directivity. Also find the directivity in the direction § =90°.
2.5-4 For a single-lobed pattern the beam solid angle is approximately given by

QA ~ HPEHPH

where HP; and HP are the half-power beamwidths in radians of the main beam in the E and
H planes. Show that
41,253

~ HP. -HP,-

where HPg- and HPy- are the E and H plane half-power beamwidths in degrees.

2.5-5 A horn antenna with low side lobes has half-power beamwidths of 29° in both principal
planes. Use the approximate expression in Prob. 2.5-4 to compute the directivity of the horn in
decibels.

2.5-6 A sector pattern has uniform radiation intensity over a specified angular region and is

zero elsewhere. An example is

T T
1] ——a<b< =
3 a 2—1—04

F(0) =
0 elsewhere

Derive an expression for the directivity corresponding to this pattern.

Evaluate this expression for the specific case in Example 2-3.
2.5-7 An airplane is flying parallel to the ground (in the z-direction). For a surface search radar
an antenna is required that uniformly illuminates the ground over some region. The so-called

cosecant pattern will do this. From the figure we see that 7 = r cos (% — 9) or
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r:m:hcscé).

This expresses how much farther the radiation must travel to reach the ground as 6 is deceased.

The radiation pattern
F(6) = cscé,

will just compensate for the 1/r field variation with distance. If, in addition, the ¢ variation is a
sector pattern of small angular extent ¢, then

csc 01<0<%,0<¢<¢0
F(0, ¢) =

0 elsewhere

Derive an expression for the directivity.

|
|
|
|
|
|
|
1
|
|
1
X

2.5-8 Gaussian Pattern. A circularly symmetric, narrow beam antenna pattern is frequently
modeled by a Gaussian shape given by

F(H) _ 6_4 ln(\/Z)((J/HP)2

Derive expressions for the directivity associated with this pattern in terms of the half-power
beamwidth HP in radians and in degrees. Do this by approximating sin 6 by 6 in the integration
for 24 and extending the integration limit to infinity.

2.5-9 An antenna has a directivity of 20 and a radiation efficiency of 90%. Compute the gain
in dB.

2.5-10 Compute the gain of an antenna which has a radiation efficiency of 95% and the
following radiation pattern:

1 0=0<20°
F(0) ={ 0707 20° =6 < 120°
0 120° < 0 < 180°

2.6-1 Use the ohmic resistance formula (2-173) to verify the expression for R, for: (a)
A uniform current distribution given by (2-170). (b) A triangular current distribution given by
(2-175).

2.6-1 A tuned transmit antenna. (a) Using the equivalent circuit of Fig. 2-15 and assuming
reactive tuning (X = —Xy), derive expressions for the power delivered to radiation, P, and to
ohmic losses in R, and R,, P, and P, respectively. (b) If in addition to reactive tuning the
generator and antenna resistances are matched, R, =R, +R,, reduce the power expressions
derived in (a) and determine what fraction of the power supplied is dissipated in the generator
resistance.



Problems 69

2.7-1 A 2-m-long dipole made of 6.35-mm (0.25-in.) diameter aluminum is operated at
500 kHz. Compute its radiation efficiency, assuming: (a) the current is uniform; (b) the current
is triangular.
2.7-2 A citizen’s band radio at 27 MHz uses a half-wavelength long antenna that has a
radiation resistance of 70 €. Compute the radiation efficiency if the antenna is made with 6.35-
mm-diameter aluminum wire. As a rough approximation assume that the current is triangular.
2.7-3 A cordless telephone operating at 50 MHz has a 38-cm long monopole antenna made of
4-mm diameter aluminum tubing. Compute the radiation efficiency. Use (3-13) to find the
monopole resistance values from the dipole values.
2.7-4 Design of a short dipole antenna to achieve a specified efficiency. (a) Derive an
expression for the ratio of radiation resistance to ohmic resistance for a short dipole, r =R,/R,,.
(b) Validate the expression by calculating the efficiency for the case of Example 2-4.
(c) Calculate the length of a short dipole corresponding to 90% radiation efficiency for the case
No. 18 copper wire and operation at 100 MHz.
2.8-1 The instantaneous electric field components of an elliptically polarized wave
are &y = E cos (wt — fBz) and &, = E, cos (wt — Bz + 6). Specify E,, E,, and 6 for the fol-
lowing polarizations:

(a) Linear with E; # 0 and E, # 0.

(b) Right circular.

(c) Left circular.

2.8-2 Write the frequency domain form of the total vector electric fields given in Prob. 2.8-1.
2.8-3 Start with (2-187) and prove (2-188). Use the fact that the magnitude of E follows from
IE” = E - E*. Also note that v in Fig. 2-20 is in a triangle with sides E| and E, and hypotenuse |El.
2.8-4 Prove that a RHCP wave normally incident on a plane perfect conductor changes to
LHCP upon reflection.

2.8-5 Feed network to generate CP. (a) Use parallel wire transmission lines in a sketch of the
wiring feeding two orthogonal dipoles, oriented along the x- and y-axes, to produce RHCP
in the +z-direction. Clearly show the extra quarter-wavelength of transmission line. (b) What
is the polarization of radiation in the —z-direction?
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Simple Radiating Systems

The previous chapter introduced the mathematical principles of antennas and illustrated
them with a few elementary radiators. This chapter extends and uses the principles to treat
some popular simple antenna elements and arrays. We leave the many variations and the
derivational details to subsequent chapters when we revisit each radiating system. Spe-
cifically, we discuss electrically small dipoles, half-wave dipoles, monopoles, electrically
small loops, and two-element arrays. Not only are these antennas fundamental to antenna
practice, but they are the basic building units found in most antenna systems. In addition,
complicated antenna systems are understood by examining their component parts, which
are usually one or more of these canonical simple antennas. Image theory is also pre-
sented in this chapter for use in examining antennas operated in the presence of a ground
plane.

3.1 ELECTRICALLY SMALL DIPOLES

70

An antenna whose dimensions are small compared to the wavelength at the frequency of
operation is an electrically small antenna, which was first mentioned in Sec. 1.4. How
much smaller than a wavelength an electrically small antenna must be depends on the
application, but generally is taken to be on the order of a tenth of a wavelength in extent
or less; more will be said on this topic in Sec. 11.5. Electrical size and physical size can
be quite different. An antenna operating at low frequencies can be physically large but
electrically small—i.e., a small fraction of a wavelength in extent. This is especially true
for frequencies in the low MHz range and below. We saw in Sec. 2.7 that electrically
small antennas are inherently inefficient.

However, this often is not a serious problem in receiving systems and physically small
antennas offer advantages in size, weight, cost, and mobility. In this section, we revisit
two electrically small antennas introduced in Secs. 2.3 and 2.7, the ideal dipole and the
short dipole. We also discuss practical forms of electrically small dipoles.

The simplest practical electrically small antenna is the short dipole shown in Fig. 3-1a
as a wire with a feed point in the center. The resemblance of the arms of the dipole to the
feelers of an insect has been attributed to the origin of the term antenna [H.3: Schelkunoff
and Friis, p. 5]. The current distribution of the short dipole is nearly triangular in shape as
modeled in Figs. 2-16b and 3-1c. This is because the current distribution on thin wire
antennas (diameter < 1) is approximately sinusoidal and also must be zero at the wire
ends. Because the arms of the short dipole are a fraction of a wavelength long, only a
small portion of the sine wave current appears on the arm and is therefore nearly linear;
see Fig. 3-lc.

The decreasing current toward the wire ends requires that charges peel off and appear
on the wire surface as shown in Fig. 3-1a. The current and charge distributions shown
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Figure 3-1 Short dipole, Az < 1. (a) Current on the antenna and the electric fields surrounding it. (b)
Current and charge distributions. (¢) Short dipole current distribution and its triangular approximation
compared to the ideal dipole current distribution.

in Fig. 3-1b are for an instant of time when the input current at the dipole terminals is
maximum. Because the input current is changing sinusoidally with time, the current and
charge distributions on the dipole do also. This charge accumulation leads to a displace-
ment current density jweE in the space surrounding the dipole. The displacement current
density, in turn, gives rise to an electromagnetic wave that propagates outward from the
source as illustrated in Fig. 1-5. Displacement current in space couples a transmitting
antenna to a receiving antenna, much as a conduction current provides coupling between
lumped elements in a circuit. The radiation pattern of all forms of the electrically small
dipole (with its radiating portion along the z-axis) is sin § as shown in Fig. 2-4.

In the ideal dipole, all charge accumulates at the ends of the antenna. In fact, the ideal
dipole can be analyzed as either a uniform current or two point charges oscillating at
radian frequency w (see Prob. 3.1-1) as shown in Fig. 3-2. The charge dipole model shows
that charge accumulates at the ends of the antenna, leading to a higher radiation resis-
tance. In fact, the ideal dipole radiation resistance of (2-169) is four times that of the short
dipole given by (2-172).

The input reactance of a short dipole is capacitive. This can be seen by visualizing the
antenna as an open-circuited transmission line as in Fig. 1-6. When the distance from
the end of the antenna to the feed point is much less than a quarter wavelength, the input
impedance is capacitive, because from transmission line theory the impedance a distance
s from an open-circuit termination is —jZ, cos(fs). Simple transmission line theory only
gives qualitative results when radiation is present. An approximate expression for the
capacitive reactance of the short dipole is given in (2-176). Moment method computation
techniques are used for accurate impedance evaluation; see Chap. 14. Loading coils are
frequently used to tune out this capacitance.

® g/t

Ie Jjot

o —gel®

(@) (b)
Figure 3-2 Ideal dipole models. (@) Uniform current model. () Charge dipole model with
I = jwgq.
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Figure 3-3 Capacitor-plate antenna. The arrows on the antenna
indicate current. The charges on the plates are also shown.

The larger radiation resistance associated with the uniform current of the ideal dipole
can be realized in practice by providing a mechanism for charge accumulation at the wire
ends. One method of accomplishing this is to place metal plates at the ends of the wire.
This is called a capacitor-plate antenna, or top-hat-loaded dipole antenna. Fig. 3-3
shows the construction of the antenna and the current and charges on it. If Az < 4,
the radial currents on the plates produce fields that almost cancel in the far field, since the
currents are opposite-directed and the phase difference due to separation is small
(BAz < 2m). If, in addition, Az < Ar, the plates provide for charge storage such that the
current on the wire is constant. The capacitor-plate antenna then closely approximates
the uniform current ideal dipole model. Frequently in practice, radial wires are used
for the top loading in place of the solid plates.

Another small antenna used to approximate the ideal dipole is the transmission line
loaded antenna as shown in Fig. 3-4a. The results of transmission line theory can be
borrowed to determine the current distribution. The current is essentially sinusoidal along
the wire with a zero at the ends. This current distribution is sketched in Fig. 3-4b for
L < /4. If Az < A, the fields from the currents on the horizontal wires essentially
cancel in the far field. If also Az < L, the horizontal wires provide an effective place for
the charge to be stored and the current on the vertical section is nearly constant, as
illustrated in Fig. 3-4b. Then radiation comes from a short section over which the current
is nearly constant and the antenna approximates an ideal dipole.

The monopole form of the transmission line loaded dipole shown in Fig. 3-4c is called
the inverted-L antenna (ILA). The small ILA has a total wire length that is much less
than a wavelength. The inverted-L antenna is popular for narrowband applications. The
ILA is a popular antenna for garage door transmitter units (see Example 11-3).
The reactance of the ILA antenna can be reduced by adding more horizontal wires. For
example, an additional horizontal wire added to the left side in Fig. 3-4a will have the
reactance by the paralleling of identical capacitive elements. As more horizontal wires are
added, the reactance is further reduced and the structure approaches that of the capacitor
plate antenna of Fig. 3-3. Evolutionary forms of the inverted-L antenna have larger
bandwidth and have found widespread use in small handheld radio units where the wire
length is near a quarter wavelength; these antennas will be discussed in Sec. 11.6.3.

At different portions of the frequency spectrum, electrically small antennas are used
for different reasons. For instance, in the VLF region where wavelength is very large, an
electrically short vertical radiator is used with a large top-hat load. The top-hat loading
makes the antenna appear like the capacitor-plate antenna of Fig. 3-3. Further up the
spectrum, such as in the AM broadcast band, receiving antennas are usually small
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(a) Transmission line loaded dipole. (b) Current on the transmission line loaded dipole with

the wire folded out. The dashed line indicates current
on the horizontal section.

(¢) The inverted-L antenna (ILA).
Figure 3-4 Transmission line loaded antennas.

electrically, as we saw in Sec. 2.7. AM transmitting antennas are not small, but are of
resonant size as discussed in the next section. At VHF frequencies and above, electrically
small antennas are only used in special situations.

One of the lowest-frequency communication systems ever implemented was the U.S.
Navy’s Project ELF for communicating with submerged submarines. Two transmitter
sites, which operated in Wisconsin and Michigan from 1985 to 2004, had multiple
conductors in lengths of from 22.5 to 45 km (14 to 28 mi) supported by power line poles.
The ELF frequency of 76 Hz was selected to avoid the high loss of seawater, which
increases rapidly with frequency. The purpose of this narrowband communication system
was only to transmit a simple coded signal with a message instructing submarines to
surface and use another communication system to conduct full two-way communications
in air. The very long free space wavelength of 3950 km (2450 mi) at this frequency means
that the 45-km conductor length corresponds to only 0.01 wavelength, leading to a very
inefficient system.

3.2 HALF-WAVE DIPOLES

One of the most popular antennas, both as a modeling building block and in direct
application, is the half-wave dipole. The half-wave dipole is realized with a straight wire
fed in the center. The simple and accurate model is that of a linear current whose
amplitude distribution is sinusoidal with a maximum at the center as shown in Fig. 3-5a.
The half-wave dipole is in widespread use because of its simple physical structure and, as
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(a) ®)
Figure 3-5 The half-wave dipole. (a) Current distribution /(z). (b) Radiation pattern F(6).

a resonant antenna, it has zero input reactance as well as a desirable input resistance.
The input impedance of an infinitely thin dipole of exactly one-half wavelength is
Zy =73 + j42.5Q. The input impedance of wire dipoles is discussed in detail in
Sec. 6.1, but for now it is sufficient to point out that tuning of a wire half-wave dipole
antenna is accomplished by trimming the wire ends until a zero input reactance is
achieved, with more shortening required for thicker wire diameter; see Prob. 3.2-7 and
data in Sec. 14.5. The tuned half-wave dipole then has an input impedance of about
70 + jOS). Thus, the half-wave dipole has the advantages of being naturally well-
matched in impedance to common devices. Additionally, it has a radiation efficiency very
close to 100% for common wire materials.

The evolution of the half-wave dipole antenna from an open-circuited parallel wire
transmission line by bending the two conductors outward was developed in Sec. 1.3 and
Fig. 1-6. Essentially the bent ends allow the internal fields of the transmission line to be
exposed to space and radiate. The sinusoidal current distribution on the transmission line is
assumed to also exist on the dipole. More sophisticated analytical and numerical analysis
methods (see Chap. 14 for the latter) reveal that wire antennas have a current distribution
very close to sinusoidal in shape and that differences in pattern calculations based on a pure
sinusoidal current are negligible, especially for a half-wave wire dipole with a diameter
small compared to the operating wavelength. The sinusoidal current distribution for the
half-wave dipole along and centered on the z-axis as shown in Fig. 3-5a is given by

A A
I(z) = IL,sin | 8 . lzZl | |, |Z|SZ (3-1)

where (3 = 27//. This equation yields the required zero current condition at the ends of
the dipole where z = £1/4 and a maximum value I, at the center (z = 0), as shown in
Fig. 3-5a. The radiated electric field pattern is found using the steps for a z-directed line
source in (2-103) to (2-106), leading to

21, e cos[(m/2)cos 0]
— sin
B d4nr sin? 6

Eyp = jwp (3-2)

In this expression, we identify the element factor of g(#) = sin6 and the normalized
pattern factor:

£(0) = cos[(m/2) cos 0] (3-3)

sin2 0
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Both g(6) and f(6) have a maximum of unity for § = 7 /2. The complete far-field pattern,
normalized to unity maximum (see (2-115)) is

_ cos[(m/2) cos d]
sin 6

F(0) = g(0)f(0) half-wave dipole (3-4)

The E-plane pattern is plotted in Fig. 3-5b in linear, polar form. The radiation is uniform
(in the H-plane) around the dipole because the pattern function in (3-4) is not a function
of ¢; this is expected because of the symmetry of the dipole structure. The three-
dimensional pattern is donut shaped similar to the short dipole. We return to the topic of
dipole pattern evaluation in Sec. 6.1.

So far we have introduced three dipole antennas: the ideal, short, and half-wave
dipoles. The characteristics and performance of these dipoles are listed in Table 3-2 in
Sec. 3-4. The ideal and short dipoles, with uniform and triangular current distributions,
respectively, have identical patterns. Both have a half-power beamwidth of 90° and
a directivity of 1.5; see Fig. 2-4. The half-wave dipole has a narrower beamwidth of
78° and, thus, a higher directivity value of 1.64 or 2.15 dB, which will be derived
in Sec. 6.1.

The length of the half-wave dipole is large enough electrically that radiation con-
tributions from current elements along its extent will have significant phase variation in
the far field as a function of angle around the antenna due to the difference in path
length from the current elements to the far field. In the broadside direction (6 = 7/2) all
path lengths are equal and there is full phasor addition and a pattern maximum. For
other directions, there is partial cancellation due to phase differences between current
elements that are as large as 180° from the dipole ends in the endfire directions
(0 =0,m). The major influence on the endfire direction is the element factor
f(0) = sin 6, which is zero caused by the vanishing projected area of the antenna in end
view. As the dipole length is increased beyond a wavelength, the current element
contributions in the far field are increasingly out of phase, leading to partial or total
cancellation in the far field in the broadside direction and reinforcement in off-broadside
directions, forming multiple lobes in the E-plane; see Figs. 6-3 and 6-4. This explains
why practical center-fed wire antennas are less than a wavelength long.

3.3 MONOPOLES AND IMAGE THEORY

So far we have assumed that antennas have been isolated and in a free space environment.
However, the environment surrounding an antenna will affect its performance, especially
pattern and impedance. Environmental effects are small for a high-gain antenna that is
elevated above the terrain. But effects may be large on a broad-beam antenna with objects
nearby. The most common object near an antenna is a ground plane. The ideal form of a
ground plane is the perfect ground plane which is planar, infinite in extent, and perfectly
conducting. A real ground plane that is flat compared to a wavelength (i.e., surface
deviations < 1) introduces small deviations from the planar assumptions. The perfectly
conducting assumption is mild, and any good conductor such as aluminum or copper is
very accurately modeled as a perfect conductor. The infinite extent assumption, however,
can lead to errors. But, in most cases a perfect ground plane is well approximated by a
solid metal plate or a planar wire grid system that is large compared to the size of the
antenna. In this section, we introduce image theory as a useful tool to model an antenna
operating in the presence of a perfect ground plane and then image theory is used to
analyze monopole antennas. Antennas operating in the presence of imperfect ground
planes are treated at appropriate points in this book: wire antennas close to finite gro-
und planes are addressed in Sec. 6.6; the real earth as a ground plane is discussed in
Sec. 6.7; and antennas operating in the presence of the human body are discussed
in Sec. 11.9. Antennas in the presence of imperfect ground planes can be accurately
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(a) Physical model. (b) Equivalent model using image theory.

Figure 3-6 Ideal dipole above and perpendicular to a perfectly conducting ground plane.

evaluated using simulation tools based on Moment Method or Geometrical Theory of
Diffraction techniques, which are discussed in Chaps. 14 and 16, respectively.

3.3.1 Image Theory

An antenna operating in the presence of a perfect ground plane produces two rays at each
observation angle, a direct ray from the antenna and a second ray due to reflection from
the ground plane such that Snell’s law of reflection is satisfied. This is the approach used
in Secs. 6.6 and 6.7 to analyze antennas above perfect and imperfect ground planes. Here,
we develop the solution from first principles and it will be seen that the image antenna
acts as an equivalent source for the reflected ray.

Consider first an ideal dipole near a perfect ground plane and oriented perpendicular to
the ground plane as shown in Fig. 3-6a. Ground planes are usually horizontal, so this
situation is referred to as a vertical ideal dipole above a perfect ground plane. We wish to
find the fields E and H above the plane PP’. The uniqueness of the solution to a dif-
ferential equation (the wave equation) plus its boundary conditions permits introduction
of an equivalent system that is different below PP’ but satisfies the same boundary
conditions on PP’ and has the same sources above PP’. Such an equivalent system, which
produces the same fields above PP’ as the original system, has an image source the same
distance below the plane PP’ and similarly directed. In this case, the image source is the
virtual ideal dipole as shown in Fig. 3-6b.

It is a simple matter to prove that the boundary condition of zero tangential electric
field along plane PP’ is satisfied by this source configuration. To do this, we examine
the electric field expression for an ideal dipole given by (2-73b). The complete
expression must be used because the ground plane can be, and usually is, in the near
field of the antenna. The radial component varies as cos @ and the #-component varies
as sin 6, where 0 is the angle from the axis along the direction of the current element.
Let 6; and 6, be the angles from the line of the current elements to a point on the plane
PP’ for the primary source and its image, respectively. The radial components from the
sources are then

E, = Ccos b, (3-5)
E,, = Ccosbt, (3-6)
The constant C is the same for each field component since the amplitude of the sources

is the same and points on the boundary are equidistant from the current elements. From
Fig. 3-7a we see that

0, + 6, = 180° (3—7)



3.3 Monopoles and Image Theory 77

d
“~Eq E, \\ ,’ Cancel
e @ﬁp P ;)( L __p
d

Eg  Egp

(a) Radial components. (b) Theta components.

Figure 3-7 The ideal dipole and its image in a ground plane of Fig. 3-6. The source and its image acting
together give zero tangential electric field intensity along the plane PP’ where the original perfect ground
plane was located.

$0,
E,; = Ccos(180° — 6,) = —Ccos b, (3-8)
Comparing this to (3-6), we see that
E.. = —E,» along boundary (3-9)

Thus along the plane PP, the radial components are equal in magnitude and opposite in
phase. E,; is directed radially out from the image source since 6, is less than 90°, and then
cos 6, is positive. On the other hand, E,; is radially inward toward the primary source
since (3-8) is negative. Fig. 3-7a illustrates this and shows that the projections of each
along PP’ will cancel. A similar line of reasoning for the #-components leads to

Egy = Dsin6; = Dsin 6, (3-10)
E(;z = Dsin@z (3-11)

where D is a constant and thus
Egyy = Egp along boundary (3-12)

Fig. 3-7b demonstrates that the net projection of these #-components along plane PP’ is
Zero.

We have shown that the total tangential electric field intensity is zero along the image
plane PP’ for an ideal dipole perpendicular to the plane and its image was acting together.
Therefore, since the source configuration above the plane and the boundary conditions
were not altered, the system of Fig. 3-6b is equivalent to the original problem of
Fig. 3-6a. The systems are equivalent in the sense that the fields above the plane PP’
are identical. The above derivation can be reversed by starting with the two sources of
Fig. 3-6b and then introducing a perfect ground plane with its surface along plane PP,
thus arriving at Fig. 3-6a. The essential feature to remember is that the fields above a
perfect ground plane from a primary source acting in the presence of the perfect ground
plane are found by summing the contributions of the primary source and its image, each
acting in free space.

An ideal dipole oriented parallel to a perfect ground plane (i.e., horizontal) has an image
that again is equidistant below the image plane, but in this case the image is oppositely
directed as shown in Fig. 3-8. The equivalent model of Fig. 3-8b, which gives the same fields
above plane PP’ as the physical model of Fig. 3-8a, can be proved by simple sketches similar
to those of Fig. 3-7.
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(a) Physical model. (b) Equivalent model using image theory.

Figure 3-8 Ideal dipole above and parallel to a perfect ground plane.

The image of a current element oriented in any direction with respect to a perfect
ground plane can be found by decomposing it into perpendicular and parallel compo-
nents, forming the images of the components, and constructing the image from these
image components. An example is shown in Fig. 3-9. The image of an arbitrary current
distribution is obtained in a similar fashion. The current is decomposed into perpendicular
and parallel current elements whose images are readily found. The image current dis-
tribution is then the vector sum of these image current elements.

(a) Physical model. (b) Equivalent model using image theory.

Figure 3-9 Ideal dipole above and obliquely oriented relative to a perfect ground plane.

3.3.2 Monopoles

The principles of image theory are illustrated in this section with several forms of the
monopole antenna. A monopole is a dipole that has been divided in half at its center feed
point and fed against a ground plane. Three monopoles and their images in a perfect
ground plane are shown in Fig. 3-10. High-frequency monopoles are often fed from
coaxial cables behind the ground plane as shown in Fig. 3-11a.

The currents and charges on a monopole are the same as on the upper half of its dipole
counterpart, but the terminal voltage is only half that of the dipole. The voltage is half
because the gap width of the input terminals is half that of the dipole, and the same electric
field over half the distance gives half the voltage. The input impedance for a monopole is
therefore half that of its dipole counterpart, or

1
VA,mono QVA,dipole 1
ZA,mono == = = ZA,diople (3' 1 3)
IA,mono IA,dipole 2

This is easily demonstrated for the radiation resistance. Because the fields only extend
over a hemisphere, the power radiated is only half that of a dipole with the same current.
Therefore, the radiation resistance of a monopole is given by

P 1P 1
mono _ 2ldipole ERr,dipole (3_14)

Rr,mono = - -
%|IA,mono |2 %lIA,dipole |2

For example, the radiation resistance of a short monopole is from (2-172)
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Figure 3-10 Monopole antennas over perfect ground planes with their images (dashed).

(a) Monopole fed against a large
solid ground plane.

Short monopole current

Quarter-wave
’; monopole current

Image currents

(b) Equivalent dipole model
shown with currents.

(c) Practical monopole antenna with radial wires to simulate a ground plane.

Figure 3-11 Monopole antennas fed against a ground plane with a coaxial cable.
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h 2
Rr,mono = 4072 (Z) for h< 4 (3-15)

where £ is the length of the monopole and Az = 2h.

The radiation pattern of a monopole above a perfect ground plane, as in Fig. 3-11, is
the same as that of a dipole similarly positioned in free space since the fields above the
image plane are the same. Therefore, a monopole fed against a perfect ground plane
radiates one-half the total power of a similar dipole in free space because the power is
distributed in the same fashion but only over half as much space. As a result, the beam
solid angle of a monopole above a perfect ground plane is one-half that of a similar dipole
in free space, leading to a doubling of the directivity:

4z 47

1
QA,mono QQA,dipole

Dinono = = 2l)dipole (3-16)

This can be shown in another way. If a dipole in free space has a maximum radiation
intensity of U,,, a monopole of half the length above a perfect ground plane with the same
current will have same value of U,, because the fields are the same. The total radiated
power for the dipole is P, so the power radiated from the monopole is %P. The directivity
from (2-140) for the two antennas is

Uﬂl

mono %P/47T 2Ddlpole (3 17)

The directivity increase does not come from an increase in the radiation intensity (and,

hence, field intensity) but rather from a decrease in average radiation intensity. This, in

turn, comes about because only half the power radiated by a dipole is radiated by a
monopole. The directivity of a short monopole, for example, is 2(1.5) = 3.

The directivity of a quarter-wave monopole is twice that of a half-wave dipole in free

space; that is, from Table 3-2 and (3-17)

D =2(1.64) =328 =5.16dB 1/4-monopole (3-18)

The input impedance of an infinitesimally thin quarter-wave monopole from Table 3-2
and (3-13) is

Zy == (72 4 jA2.5) =36 + j21.3Q 1/4-monopole (3-19)

| =

In frequency bands below VHF, a quarter-wave monopole will be physically large. For
example, in the standard AM radio broadcast band, a quarter-wavelength vertical
monopole antenna will be 75 m (246 ft) tall at 1 MHz. Such large structures are usually
not self-supporting. Guy wires are added for mechanical support with insulators spaced
along the guy wires as shown in Fig. 3-12a to break up currents that would run onto the
guy wires from the tower. Tower height can be reduced below a quarter wavelength by
using the guy wires for top loading as shown in Fig. 3-12b. The currents on this umbrella-
loaded monopole antenna continue from the top of the tower onto the guys, leading to a
more uniform current on the tower and thus increasing the radiation resistance. However,
the currents on the guys introduce a partial cancelling effect on the tower current. To
provide adequate structural support for wind loading, the guy wires are spaced 120°
around the tower top, as well as at one or two more levels for tall towers; see [H.6:
Ant. Eng. Hdbk., 4th ed., Chap. 27] for more details on tower antennas. As noted in
Sec. 2.6, the radiation resistance is proportional to the area under the current versus
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(a) Monopole with insulators to (b) Umbrella-loaded monopole
reduce currents in guys. with a top loading effect.

Figure 3-12 Monopoles with supporting guy wires.

distance curve. Using this fact and assuming, as usual, that the current distribution is sinu-
soidal shaped, the modified radiation resistance formula for a top-loaded monopole is [1]

2
h
R, = 4072 (i) (1 4 cos ,6’h)2 top-loaded monopole (3-20)

For a quarter-wave monopole Sh = 7/2 and cos Sh = 0 and this expression reduces to
the expected result of (3-15), which holds for a short monopole less than 0.154 tall and
with zero current on top (i.e., a linear current distribution). Measured data for umbrella-
loaded monopoles are presented in [2].

3.4 SMALL LOOP ANTENNAS AND DUALITY

A closed loop current whose maximum dimension is less than about a tenth of a wave-
length is called a small loop antenna. Again, small is interpreted as meaning, electrically
small, or small compared to a wavelength. In this section, we use two methods to solve
for the radiation properties of small loop antennas. First, we show that the small loop is
the dual of an ideal dipole, and by observing the duality contained in Maxwell’s equa-
tions, we use the results previously derived for the ideal dipole to write the fields of a
small loop. Next, we derive the fields of a small loop directly and show that the results are
the same as those obtained using duality.

3.4.1 Duality

Frequently, an antenna problem arises for which the structure is the dual of an antenna
whose solution is known. If antenna structures are duals, it is possible to write the fields
for one antenna from the field expressions of the other by interchanging parameters using
the principle of duality. Before examining the small loop, we discuss the general principle
of duality as applied to antennas.

Dual antenna structures are similar to dual networks. For example, consider a simple
network of a voltage source applied to a series connection of a resistor R and an inductor
L as in Fig. 3-13a. The dual network of Fig. 3-13b is a current source I (=) V applied to
the parallel combination of conductance G (=) R and capacitance C (=) L. The symbol
“(=)” means replace the quantity on the left with the quantity on the right, much as the
equal sign in a computer program statement. Since the networks are duals, the solutions
are duals. In this example, the original series network can be described by the mesh
equation

V =RI + jwLl (3-21)

The dual of this mesh equation is a node equation obtained by replacing V by I, R by G,
and L by C. The node equation for the dual parallel network is then
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R L

(a) Original network. (b) Dual network.
Figure 3-13 Dual networks: I (=) V,G(=)R,C (=) L.

I =GV + juCV (3-22)

Returning to the antenna problem, suppose we have an electric current source with
current density J; and boundary conditions on materials present (1, iy, 01). Maxwell’s
equations for this system from (2-16) and (2-15) are

V XE| = —jwu,H; (3-23)
V xH| = —jwe  E1 +J, (3-24)

where E; and H; are the fields generated by J; with materials (i, 111, 01) present. Now
suppose a fictitious magnetic current source with magnetic current density M, exists with
materials (£, it,, 02) present. Maxwell’s equations for this system from (2-15) and (2-21) are

V X H2 ZjLUE/Z E2 (3—25)
VXE, = —jwuz H,—M, (3-26)
where E, and H; are the fields arising from M.
Table 3-1 Dual Radiating Systems. Radiating System #1 with

Electric Currents and System #2 with Magnetic Currents Are
Duals If One Can:

Replace the Following By the Following
in System #2 in System #1
M2 J 1
€ Hy
Ha €
E, -H,
H, E,

The electric and magnetic systems are duals if the procedure in Table 3-1 can be
performed. This is easy to demonstrate. To see if (3-25) and (3-26) are the duals of
(3-23) and (3-24), we substitute the quantities in the left-hand column of Table 3-1
into (3-25) and (3-26) for the corresponding quantities of the right-hand column:

V XE| = jwu, (—Hl) (3—27)

V x (-H)) = —jwe | E1 - J; (3-28)

Thus, the equations of the electric system, (3-23) and (3-24), are dual to the equations
of the magnetic system, (3-25) and (3-26), just as (3-21) and (3-22) are dual equations.

Since the equations of the systems are dual, the solutions will be also. Before illustrating
this, we summarize the principle of duality:
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If the sources of two systems are duals, that is,

M, (=), (3-29)
and if the boundary conditions are also dual,! that is,

o (=)l & (=) m (3-30)
then the fields of system #2 can be found from the solution of system #1 by the
substitutions

E; (=) —H;, Hy(=)E (3-31)

in the field expressions for system #1 along with the substitutions in (3-30).

Now we use duality to find the fields of a small current loop from a knowledge of the
fields of an ideal electric dipole. A current loop can be represented as a fictitious (ideal)
magnetic dipole with uniform magnetic current I and length Az. The sources are duals
as required by (3-29) if we let

I"(=)I° (3-32)

where [°¢ is the current of an ideal electric dipole of length Az. Since no materials are
present, there are no boundary conditions. The ideal electric dipole has field solutions of
the form

E, = Ey0 + E.F (3-33)
H, = H, b (3-34)

The fields of the dual magnetic dipole are then found from (3-31) as

E:(=) —H = ~Hy b (3-35)
H, (=) Ei = Ep® + Enf (3-36)

if we make the substitutions
y=p(=)ey=c and g =c(=)p =p (3-37)

which follow from (3-30) and the fact that in both systems the surrounding medium is a
homogeneous material of i and €. Note that 3 remains the same since replacing u by €
and € by p in w,/ué€ yields w,/gj1. Now, using and (3-32) and (3-37) in the ideal electric
dipole field expressions of (2-73) together with (3-35) and (3-36) gives

I"Az 1 e 9 .
E, = Gl 1 — in 0 3-38
=2 m( *,-gr> NNT (3-38)
"A 1 I
H, = ijs I+ —4+-—= e—sin99
47 jor (jpr) r
+ Az, ! + ! e cosfr
2 S \igr T e (3-39)

! Note that ¢} = ¢ — j(o; /w). If magnetic conductors of magnetic conductivity o were assumed to
exist in system #2, then p, would become py = u, — j(o%'/w) and €| would be replaced by w5, or
equivalently o replaced by o%'.
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(a) Small current loop and (b) 1deal electric dipole.

equivalent magnetic dipole.

Figure 3-14 Radiation field components of ideal magnetic and electric dipoles.

These are the complete field expressions (valid in the near-field region) for a small loop of
electric current. The far-field components are obtained by retaining only those terms that
vary as r~ ', giving

P

E, =—I" Az j3 sinf & (3-40)
47r
—jpr R
H, =1I" Az jwe sinf 0 (3-41)
r

These radiation fields as well as those of the ideal electric dipole are shown in Fig. 3-14.
Both antennas have the same radiation pattern, sin ¢. The magnetic field component H ; of
the ideal electric dipole is easily remembered by use of the right-hand rule. Place the
thumb of your right hand along the current of the dipole and pointing in the direction of
current flow. Your fingers will then curl in the direction of the magnetic field. This
statement is implicit in Ampere’s law of (3-24). A similar relationship holds for the
magnetic dipole, except the left-hand rule is used and the field obtained is the electric
field component —E. This follows from (3-26).

3.4.2 The Small Loop Antenna

Using duality, we found the field expressions for a small loop of uniform current.
However, these expressions contain the equivalent magnetic dipole current amplitude ™.
By solving the small loop problem directly, we can establish the relationship between the
current / in the loop and /™. This can be accomplished by dealing only with the far-field
region.

It turns out that the radiation fields of small loops are independent of the shape of the
loop and depend only on the area of the loop. Therefore, we will select a square loop as
shown in Fig. 3-15a to simplify the mathematics. The current has constant amplitude /
and zero phase around the loop. Each side of the square loop is a short uniform electric
current segment that is modeled as an ideal dipole. The two sides parallel to the x-axis
have a total vector potential that is x-directed and is given by

10 [e~iOR  p=iBRs
Ax—”—g(e _¢ ) (3-42)

n 47 R] R3

which follows from (2-65). The minus sign in the second term arises because the current
in side 3 is negative x-directed. Similarly for sides 2 and 4, we find

plt (e 79R2 o=iRs
A, =M - 4
) 4 ( R2 R4 (3 3)
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e

/

(a) Geometry for a square loop. (b) Small loop radiation pattern.

Figure 3-15 The small loop antenna.

The far-field approximation is that the distances used for amplitude variations are nearly
equal (i.e., Ry = Ry = Rz = R4 ~ r) and the phase differences are found from assuming
parallel rays emanating from each side. By comparing the parallel path lengths, we find
from geometrical considerations that

/ !
Rlzr—&—isinﬁsinqb, Rzzr—isinﬁcomé
(3-44)

L L
R; = r—EsinHSinqS, Ry=r+ Esinecos¢

Substituting these into the exponents and r into the denominators of (3-42) and (3-43), we
have

A, = pl ﬁi _rj o (e IHC/)sindsing _ o +j3(¢/2)sin0sin oy

—ig
A — ,uIEe ifr +jB(€/2)sinfcos ¢ __ ,—jB(£/2)sinfcos ¢
’ 47y (e ¢ )

or

Ibe™I5r ¢
A= —Zjusin ﬁ—sin fsin ¢
4mr 2
(3-45)
PR in0cos 6
y = 2 Sin | 5 sinfdcos

Since the loop is small compared to a wavelength, 3¢ = 27¢/A is also small and the sine
functions in (3-45) can be replaced by their arguments, giving
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Je—I0r
sz—jue B0% sin @ sin ¢
47r
ple 0 (3-46)
A, ~j B¢ sin 0 cos ¢
) r
Combining components to form the total vector potential gives
X . 5 ple L .
A=AX+Ay=j6l ) sin 6 (—sin ¢X + cos @¥) (3-47)
The term in parentheses is the unit vector (f) in (C-6), so
Je—i0r .
A=js" " sinod (3-48)
47r

where S is the area of the loop. All of A is transverse to the direction of propagation, so
the radiation electric field from (2-104) is —jwA, giving

Ie*]ﬂr

E = n3%s sin 0 ¢ (3-49)

4mr
since wif = Wi /fis = /p1/ew?pe = nB*. The radiation magnetic field is

Je=i0r
47r

1 .
H=-txXE = -3§ sinf0 (3-50)
n
Comparing (3-49) or (3-50) to the magnetic dipole radiation fields of (3-40) or (3-41), we
find that

I"Az = juplS (3-51)

This completes the relationship between the small current loop and its equivalent mag-
netic dipole. The complete field expressions for a small loop of magnetic moment IS are
found from (3-38) and (3-39) using (3-51). The fields depend only on the magnetic
moment (current and area) and not the loop shape. And the radiation pattern for a small
loop, independent of its shape, equals that of an ideal electric dipole; see Fig. 3-15b. The
radiation fields from a large loop are derived in Sec. 6.8.

Another realization for a magnetic dipole in addition to the small loop is a narrow slot
in a ground plane, with the fields being found from an equivalent magnetic current along
the long axis of the slot. The slot antenna is discussed further in Secs. 8.10 and 16.7.

The loop antenna has been used since. Hertz first used it as a receiver in his
experiments in 1886; see Fig. 1-1. It has an omnidirectional doughnut radiation pattern
that is needed in many applications. The horizontal small loop (in the xy-plane) and
vertical (z-directed) short dipole both have uniform radiation in the horizontal (xy)
plane, but the loop provides horizontal polarization (E,z), whereas the dipole is verti-
cally polarized (Ey). Next we discuss the impedance properties of the small loop and
introduce the multiturn loop and ferrite core loop.

The impedance of a small loop antenna is quite different from its ideal dipole dual.
Whereas the ideal dipole is capacitive, the small loop is inductive. We discuss the input
resistance first. The radiation resistance is found by calculating the power radiated using
the small loop radiation fields with (2-128), which yields

P = 101(3%S)* (3-52)
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The radiation resistance is then

2P

Ro="F =

2
S
20(3%S)* ~ 31,200<Q) Q  small loop antenna (3-53)
A

This result provides a reasonable approximation to the radiation resistance of an actual
small loop antenna for a loop perimeter less than about three-tenths of a wavelength.

The radiation resistance of a loop antenna can be increased significantly by using
multiple turns. The magnetic moment of an N turn loop is NIS, where S is the area of a
single turn. The radiation resistance is then

NS

2
7) Q  small multiturn loop antenna (3-54)

R, = 20(3°NS)* ~ 31,200(
Note that radiation resistance depends on the square of the number of turns, N2. Provided
the total wire length of the multitum loop is small compared to a wavelength (less than
about 0.11), the current remains nearly constant over the wire length and previous small
loop analysis applies so that the pattern is the same as a single turn loop as in Fig. 3-15.
Another popular way to enhance the radiation resistance of a loop antenna is to wind
the turns around a ferrite core forming the ferrite rod antenna (also called a loop-stick
antenna or ferrite-core multiturn loop) which is used up to VHF frequencies, where
usually losses become excessive. The radiation resistance is found from (3-54) but the
phase velocity is less than that of the ferrite core because it is of finite extent. Thus,
the relative permeability of the bulk ferrite material is replaced by an effective (relative)
permeability, [, and § = w /€ = 2\ /T Eor/Fets-
Modifying (3-54) to include this effect gives the radiation resistance for a loop-stick
antenna as

2
S
R, ~ 31,200 (Nueff?) Q  ferrite rod antenna (3-55)

The effective permeability depends not only on the permeability of the core material but
also on the core geometry as a function of the relative core length (length-to-diameter
ratio), R, in the following way [3, 4]:

1y
= 3-56a
Meff 1 + D(,Ufr B 1) ( )
where [4]
D = demagnetization factor = 0.37 R™'#* (3-56b)

This equation reveals that g is always less than i, but for longer/thinner cores (larger
R values) pi4 approaches p,.. This expression assumes the core is much longer than the
winding on it; for other cases i isreduced, reaching 0.7 times that value in (3-56) for a core
equal in length to the winding. Receivers for AM broadcast radio around 1 MHz are a popular
application for the ferrite rod antenna with typical values in a wide range around 50 for ji ¢
and 10 for R. Ferrites being lossy eliminates them for use in transmitters.

Small loop antennas also have ohmic resistance. For a rectangular loop of wire by ¢;
by ¢,, the ohmic resistance of the wire is given approximately by

26]62 1 1
) W<Za>2Rs{[<f1/2a>2 S (/20 - 1]”2} 7

w
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where a is the wire radius and Ry is the surface resistance of (2-171). If and ¢, and /¢, are
much larger than a (i.e., the wire is thin), then (3-57) reduces to

:MR

R,
¢ 2ma

s (3-58)

This formula can be generalized to loops of arbitrary shape as follows:

L,
R, =—R 3-59
w=5 R (3-59)
where L,, is the mean length of the wire loop, i.e., the perimeter.
For a circular loop, this becomes

R, =2 r _b R cireutar
w=5_ Ro=_R circular loop (3-60)

where b is the mean loop radius and a is the wire radius; see (2-170).
As mentioned previously, the small loop antenna is inherently inductive. The induc-
tance of a small by ¢; by ¢, rectangular loop is given by

! 1
L= B £ cosh™! AL ¢; cosh™ =2 rectangular loop (3-61)
T 2a 2a

For a small circular loop of radius b, the inductance for a < b is

8b
L=pub 1n<;> —2| circular loop (3-62)

The loss and inductance of an N-turn loop must be multiplied by N2. Ferrite rod antennas
will also have losses in the ferrite core, but often they are smaller than coil losses.
See [H.8.1: Miron] for a method and program to compute core losses.

Radiation resistance decreases much faster with decreasing frequency for a small loop
(R, 00f~*) than for a short dipole (R, oof~2). Multiturn loops are used to increase radi-
ation resistance; see (3-55). But wire losses can be reduced by decreasing the number of
turns in a loop and using a ferrite core (i.e., loop-stick antenna) to maintain radiation
resistance. In practice, a variable capacitor placed in parallel with the loop is used to tune
out inductance.

Small loop antennas have several applications, especially as a receiving antenna. For
example, single turn small loop antennas have been popular in pagers. As already
mentioned, multiturn small loops are popular in AM broadcast receivers. Small loop
antennas are also used in direction finding receivers and for field strength probes.

EXAMPLE 3-1 A Small Circular Loop Antenna

A circular loop antenna has a single turn of 4-mm diameter copper wire. The loop circum-
ference of 0.8 m is 0.081 at the operating frequency of 30 MHz (2 = 10 m), which qualifies
the antenna as electrically small. We wish to compute the input impedance and radiation
efficiency. First, the radiation resistance from (3-54) is
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2 2

0.050

R, = 31,200 SY - 31,200 %\ —8.00x10% 0 (3-63)
22 10?

where the loop area is S = mb* = 0.0509 m? based on the radius » = 0.8/7 = 0.127 m. The
surface resistance found from (2-171) with the copper conductivity of o = 5.8 107 S/m from

Appendix B.1
2
R, = ,/% — 1.43X1073 Q (3-64)
o

in (3-60) gives the wire loss resistance as

b 0.127 3
= - =——1.43X > =0. -
R, aRS 0'0021 43X10 0.0910 € (3-65)
The total input resistance is then R4 = R, + R, = 8.09%107 + 0.091 = 0.0991 Q and the
radiation efficiency is

R, 8.09x107°

e = R 0091 0.082 = 8.2% (3-66)
The inductance from (3-62) is L = 6.77X10"7H and X, = 27L = 127€); thus, the input
impedance is Zy = Ry + jX4 = 0.0991 + j127). This compares favorably to the moment
method simulation result that includes wire loss of Z4 = 0.105 + j131 €. We note two things:
the wire loss is much greater than the radiation resistance and the inductive reactance is much
greater than the real part of the input impedance. This indicates that a small loop behaves
largely as a radiating inductor.

The basic antenna elements that are used both conceptually and as physical elements
in complex antenna systems have now been introduced. The characteristics of these
elements are summarized in Table 3-2. All patterns are of the donut shape (omnidirec-
tional) with uniform radiation in plane perpendicular to the dipole family of elements and
uniform in the plane of the loop of the small loop antennas.

3.5 TWO-ELEMENT ARRAYS

There is no ability to control the radiation patterns of the individual element antennas we
have discussed so far. However, combining the outputs of multiple antenna elements
provides the possible of significantly changing the pattern, including pattern adjustment
in response to time changing requirements. Such a configuration of multiple radiating
elements is referred to as an array antenna, or simply, an array. In this section, we
discuss the most basic form of an array, the two-element array. Larger arrays and the
many applications for arrays are in Chap. 8.

Array analysis begins using elements that radiate equally in all directions, called an
isotropic point source (or isotropic source, isotropic radiator, isotropic element, or point
source). An isotropic transmitting (receiving) element transmits (receives) equally in all
directions in three dimensions; see Fig. 2-14a for the pattern of an isotropic radiator.
Although hypothetical, isotropic radiators provide a simple initial problem formulation.
The full pattern with the effects of the real antennas used as elements can then be
included by a simple multiplication process. Full array analysis involves summation of
the phasors representing the amplitude and phase of each element and will be presented in
detail in Chap. 8. In this section, we use an approach called the inspection method fol-
lowed by a phasor summation approach illustrated with examples. We begin with iso-
tropic element examples. The pattern of an array of isotropic elements is called the array
factor. The term “factor” is included to indicate that in real arrays one must multiple the
array factor by the element pattern to obtain the full array pattern. The examples use a
transmit viewpoint, but by reciprocity the obtained pattern is the same on reception.



Table 3-2 Summary of Characteristics of Some Common Antenna Elements

Wire Loss
Antenna Type Length Current  Pattern HP D D[dB] R.[Q] res. [2]  Reactance
Isotropic” — — isotropic 360° 1 0 — R — —
L
Ideal Dipole LA Uniform  sin 6 90° 1.5 1.76 807° (E) 5 L Capacitive
Ta
, , , , . (N R L .
Short Dipole LKA Triangle  sin 6 90 1.5 1.76 207 7 27 3 Capacitive; see (2-176)
Ta
) ) ) cos (%cos 9) R R, / .
Half-wave Dipole L=0541 Sinusoid ——=—* 78 1.64 215 ~70 — Zero if trimmed to tune
sin 6 27a 4
. cos ($cos 6) Ry /. .
Quarter-wave Monopole 7 =0.254  Sinusoid ———* — 368 515 ~35 — - Zero if trimmed to tune
sin 0 ma 4
, . . o S Ly, .
Small loop L, <4 Uniform  sin 0 90 1.5 1.76 31,200 ? 7rq s Inductive; see (3-61),(3-62)
Ta

*Hypothetical reference pattern
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EXAMPLE 3-2 Two Isotropic Point Sources with Identical Amplitude and Phase Currents,
and Spaced One-Half Wavelength Apart (Fig. 3-16)

Fig. 3-16a shows how the pattern of this example can be approximated by inspection. At
points in the far field along the perpendicular bisector of the line joining the point sources
(x-axis), path lengths from each point source are equal. Since the amplitudes and phases of
each source are also equal, the waves arrive in phase and equal in amplitude in the far
field along the x-axis. Thus, the total field is double that for one source. The situation is
different along the axis of the array (z-axis). If we look to the right along the + z-axis, waves
coming from the left source must travel one-half wavelength before reaching the source on the
right. This amounts to a 180° phase lag. The waves then continue traveling to the right along
the + z-axis and maintain this same phase relationship on out to the far field. Thus, in the far
field, waves from the two sources traveling in the +z-direction arrive 180° out-of-phase (due
to the one-half wavelength separation of the sources) and are equal in amplitude (since the

X
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(b) Polar plot of the array factor (c) 3D polar pattern.

f(6) = cos[(/2) cos 6].

(d) Geometry for pattern calculation using rays.

Figure 3-16 Two isotropic point sources with identical amplitude and phase currents, and
spaced one-half wavelength apart (Example 3-2).
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sources are). Therefore, there is a perfect cancellation and the total field is zero. The same
reasoning can be used to see the effect in the —z-direction. The total pattern has a relative
value of 2 in the *x-directions, 0 in the *z-directions, and a smooth variation in between
(because the phase difference between waves from two sources changes smoothly from O to
180° as the observer moves from the broadside direction to the axial direction along a constant
radius from the array center). This pattern is sketched in Fig. 3-16b. The pattern in three
dimensions can be imagined by holding the z-axis in your fingertips and spinning the pattern
shown to sweep out the total pattern. The three-dimensional pattern in Fig. 3-16¢ is a
doughnut-type pattern similar to that for an ideal dipole.

We can also calculate the array factor exactly. If we use phases corresponding to the path
length differences shown in Fig. 3-16d, the array factor is the sum of two phasors:

AF = 1efj;d(d/2)cost9 + 16]’5(d/2)c050 — 2cos (ﬁgCOS Q) (3_67)
2
The distance between the elements is d = 4/2, so 3d/2 = w/2 and (3-67) becomes
AF = 2cos (g cos 9) (3-68)
Normalizing the array factor for a maximum value of unity gives
f(0) = cos (g cos 9) (3-69)

This is maximum for 6 =m/2 since cos[(7/2)-0]=1 and =zero for =0
since cos [(7/2) 1] = 0. This result agrees with the inspection method that leads to Fig. 3-16b.

EXAMPLE 3-3 Two Isotropic Point Sources with Identical Amplitudes and Opposite
Phases, and Spaced One-Half Wavelength Apart (Fig. 3-17)

If we consider the array to be transmitting, the gross features of the pattern can be determined
by inspection as shown in Fig. 3-17a. The path lengths from each point source to a point on the
x-axis are the same. But the left source is 180° out-of-phase with respect to the right source;
thus, waves arriving at points on the x-axis are 180° out-of-phase and equal in amplitude,
giving a zero field. Along the z-axis (in both directions), the 180° phase difference in the
currents is compensated for by the half-wavelength path difference between waves from
the two sources. For example, in the + z-direction the waves from the left source arrive at the
location of the right source, lagging the phase of waves from the right source by 360° (180°
from the distance traveled and 180° from the excitation lag). This is an in-phase condition and
thus the waves add in the far field, giving a relative maximum. From these few pattern values,
the entire pattern can be sketched, yielding a plot similar to that of Fig. 3-17b. The three-
dimensional polar plot of the pattern shown in Fig. 3-17¢ has the shape of a dumbbell.
We calculate the array factor exactly by phasor addition and Fig. 3-16d as

. N , d
AF = — 1 Ud/2)e0s0 1 pJBd/2)e0st — pjgin (ﬂzcos 9> (3-70)

Using d = 1/2 and normalizing, we have

f(0) = sin (gcos 0) (3-71)

Plotting this pattern, we obtain the same result as with the inspection method (see Fig. 3-17b).
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Figure 3-17 Two isotropic point sources with identical amplitudes and opposite phases, and
spaced one-half wavelength apart (Example 3-3).

EXAMPLE 3-4 Two Isotropic Point Sources with Identical Amplitudes and 90° Out-of-Phase,

and Spaced a Quarter-Wavelength Apart (Fig. 3-18)

Waves leaving the left source of the transmitting array in Fig. 3-18 and traveling in the
+ z-direction arrive at the right source delayed by 90° due to the quarter-wavelength path. But
the excitation of the right source lags the left source by 90° so waves in the + z-direction are in
step and add in the far field. For waves leaving the right-hand source and traveling in the
—z-direction, the phase at the location of the left source is 180° with respect to the wave from
the left source (90° from the path difference and 90° from the excitation). See Fig. 3-18b. At
angles between 6 = 0° ( + z-direction) and 180° (—z-direction), there is a smooth pattern
variation from 2 (perfect addition) to O (perfect cancellation). This pattern is shown in
Fig. 3-18c and is the so-called cardioid pattern. It is used frequently in the area of acoustics for
microphone patterns. The response is strong in the direction of the microphone input and weak
in the direction where the speakers are aimed to reduce feedback.
The phasor addition method yields the array factor expression as follows:

AF = 1 /8d/2)cos0 1 ,=i(m/2) ,iB(d/2)cos

— o ilm/4) { e-j[a(d/2>cose—7r/4] + eldd/2e0s0-m/4] — oilm/4)) cog (% cos 0 — g) (3-72)

Substituting d = 1/4 and normalizing give

f(0) = cos [g (cos @ — 1)} (3-73)
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Figure 3-18 Two isotropic point sources with identical amplitudes and the right element
lagging the left by 90°, and spaced a quarter-wavelength apart (Example 3-4). This pattern
shape is called a cardioid pattern.

This function has a maximum value of unity for # = 0°,1/+/2 for # = 90°, and 0 for § = 180°.
This agrees with the pattern of Fig. 3-18¢ obtained by inspection.

Array factor plots for arrays of two elements of equal amplitude excitations for various
combinations of excitation phase, o, and element spacing, d, are shown in Fig. 3-19; the
first such pattern display was in 1937 by Brown [5]. The absolute field strength has been
preserved to allow comparison. Also shown is a unit circle representing the radiation from
a hypothetical isotropic point source with the same input current. The reader should
locate the plots for Examples 3-2 to 3-4 on the figure. Fig. 3-19 shows how phase control
can significantly change the shape of an array factor, even for spacings as small as
d = 1/8. The topic of phased arrays is treated in Sec. 8.9

Example 3-5 that follows serves to illustrate both how to obtain the full pattern of an
array and to introduce the practical implementation of ground plane backing of a single
element to produce an array effect. As indicated in Fig. 3-20, this arrangement produces
what is effectively a two-element array but requires only one physical antenna. There are
many practical implementations of ground-plane backed antennas; see Secs. 6.6 and 12.2.

EXAMPLE 3-5 A Half-Wave Dipole, One-Quarter Wavelength in Front of a Ground Plane

Fig. 3-20 shows a half-wave dipole spaced parallel to and a quarter wavelength in front of a
ground plane (s = 1/4). Image theory of Sec. 3.3 can be applied to this geometry to deal with
the presence of the ground plane. Image theory is used to create the equivalent problem yielding
the same fields for z > 0 by removing the ground plane and introducing an image dipole of the
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Figure 3-19 Array factor plots for arrays of two isotropic elements with equal current
amplitudes, and various combinations of excitation phase, «, and element spacing, d. Also
shown is a unit circle representing the radiation from a hypothetical isotropic point source with
the same input current.

same length that is parallel to the source dipole and equidistant from the ground plane, thus
d = 2/2. The principle in Fig. 3-8 indicates that the image dipole will have an amplitude of
excitation equal to the source dipole and be 180° out of phase, which is essentially the array
geometry of Example 3-3. So the array factor is given by (3-71) as f(6) = sin (g cos 0). The
element is a half-wave dipole, but not oriented along the z-axis as usual, but along the x-axis.

cos ((m/2)sin (6)cos ¢) As

1 —sin?0 cos2¢ .
mentioned earlier and as will be detailed in Sec. 8.4, the complete array pattern is obtained by
multiplying the array factor by the element pattern, giving

The element pattern is given by (see Example 8-7) g,(0,¢) =
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Figure 3-20 A half-wave dipole parallel to and a quarter wavelength in front of a ground
plane (s = 1/4). The image is parallel to the source, equal in amplitude, 180° out of phase and
equispaced to the ground plane, so that d = 1/2 (Example 3-5). (a) The geometry. (b) The
E-plane pattern. (c¢) The H-plane pattern.

F(0, ¢) = ga(0, ¢) f(0) (3-74a)
_cos((ﬂ/Z)sin(Q)cosqﬁ) sin zcos ]
T /T —sintcos’e (305 (3-74b)

The principal plane patterns using this function are plotted in Fig. 3-20b and c. The radiation in
the back half plane (z < 0) is not plotted because the fields are zero there due to the shorting
effect of the ground plane. Note that the E-plane pattern is narrower than the H-plane pattern
(HPg = 72°, HPy = 120°) because the element pattern is omnidirectional in the H-plane, i.e.,
84(0, ¢ =90°) = 1. Also note that a unidirectional beam is formed by this array using only a
single antenna element. This is a very desirable pattern with many applications. The directivity
obtained by integrating the pattern of (3-74b) to find the beam solid angle, {24, and then using
D = 47/Qy yields 7.5 dB. This increase in directivity over that for the isolated half-wave
dipole (2.15 dB) is due to the array effect with the image and to eliminating the radiation in the
back half-space. Prob. 3.5-5 revisits this configuration using simulation.
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PROBLEMS

3.1-1 Use the oscillating charge model for an ideal dipole as shown in Fig. 3-2b to derive the
electric field expressions of (2-73b). Hints: The far-field scalar potential function for this
problem is

q ¢~ /B(r—(Az/2)cos 0) e~ JB(r+(Az/2)cos 0)

®= 4re. |r— (Az/2)cos@ 1 + (Az/2)cosf

where the parallel ray approximation was used and the ¢/’ time dependence was suppressed.
Use r> Az, A>»> Az, and I = jwgq to show that
e 7 1INz
=—— (147 0
4nr? jwe, (1 + jBr)cos
Then make use of (2-39).
3.1-2 The current density on an actual short dipole antenna of Fig. 3-1b can be written as

J = 12J,sin [ﬂ(% - |z|>]

Find an expression for the associated charge density.
3.1-3 Show that the capacitance of the capacitor of the capacitor-plate antenna of Fig. 2-3 is
given by

B T(Ar)’e,
Az

Assume that capacitance is entirely due to the end plates and neglect fringing.

3.1-4 (a) Using the capacitance formula in Prob. 3.1-3, calculate the capacitive reactance of a
capacitor-plate dipole for which Ar =0.01 1 and Az = 0.02 4. (b) Calculate the radiation
resistance of this antenna.

3.2-1 Sketch the current distribution on a half-wave dipole for various instants during the time
cycle of the current oscillation.

3.2-2 Show that the pattern factor for half-wave dipole in (3-3) is normalized to unity at
0=m/2.

3.2-3 Calculate and plot the radiation pattern F(0) for a half-wave dipole in (3-4) for
0 = 0 = 180°. Plot in linear, polar form as shown in Fig. 3-5b.

3.2-4 Show that the ohmic resistance of a half-wave dipole from (2-173) is given by

Ry 2

°" 2ma 4
3.2-5 Use the results of Prob. 3.2-4 to calculate the radiation efficiency of a half-wave dipole
at 100 MHz if it is made of aluminum wire 6.35 mm (0.25 in.) in diameter. Assume the

radiation resistance to be 70 2.
3.2-6 Derive the far-field electric field expression of (3-2) for a half-wave dipole.

C
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3.2-7 Simulation Use a simulation code (a method of moments code is most appropriate; see
Chap. 14 and App. G.1) to compute the input impedance of half-wave dipole that is 0.48 4 long
made of 0.0003 4 radius wire. Neglect conductor losses.
3.3-1 Show that the image theory model of Fig. 3-8b for an ideal dipole parallel to a perfect
ground plane yields zero tangential electric field along plane PP'.
3.3-2 For a thin monopole as shown in Fig. 3-10a that is a quarter wavelength long:

(a) Rough sketch the radiation pattern in polar form as a function of 6, if the monopole is

along the z-axis.

(b) What is the directivity?
(c) What is the input impedance?

3.3-3 Umbrella-loaded monopole antenna Calculate the radiation resistance of an umbrella-
loaded monopole that is 0.2 4 tall using (3-20). Compare to values obtained from the short
dipole formula (3-15) and the perfect quarter-wave monopole result of (3-19), and comment.
3.3-4 Simulation (a) Use a simulation code to compute the input impedance and gain of a half-
wave dipole that is 0.49 4 long made of 0.0001 4 radius wire. Neglect conductor losses. (b)
Repeat (a) for the quarter-wave monopole version of the dipole with a perfect ground plane.
Compare to the results in (a) and comment.

3.4-1 Use (2-98) to derive the far-field distance expressions (3-44) for the small square loop.
3.4-2 Verify that the power radiated from a small loop is given by (3-52).

3.4-3 Show that (3-58) follows from (3-57).

3.4-4 Find the input impedance of a circular loop antenna of wire radius a = 0.0005 4 for loop
perimeters of 0.01 4, 0.05 4, and 0.1 4, and a frequency of 300 MHz. Assume the wire to be
lossless. (a) Compute the radiation resistance and reactance values using (3-53) and (3-62). (b)
Simulation Use a simulation code to evaluate radiation resistance and reactance values and
compare to the values found in (a).

3.4-5 Repeat Prob. 3.4—4 for the case of a square loop antenna, comparing to radiation
resistance and reactance formulas of (3-53) and (3-61).

3.4-6 Find the input impedance neglecting ohmic losses of a small square loop antenna with
the same area as the loop in Example 3-1 also operating at 30 MHz and using a lossless wire of
4 mm diameter. (a) Use appropriate formulas to calculate the impedance. (b) Simulation Use a
simulation code to find the impedance and compare to the values in part (a) and to the cal-
culated values in Example 3-1. What are the gain and HP values?

3.4-7 A single-turn circular loop antenna with a radius 0.5 m and made of No. 8 AWG copper
wire operates at 10 MHz. Calculate: (a) radiation resistance, (b) ohmic resistance, (c) radiation
efficiency, and (d) input reactance. (e) Simulation Perform a numerical simulation including
wire loss to determine the same quantities and compare them. Also, compare gain values.
3.4-8 A single-turn circular loop antenna with a radius 0.15 m and made of No. 20 AWG
copper wire operates at 1 MHz. Calculate: (a) radiation resistance, (b) ohmic resistance, (c)
radiation efficiency, and (d) input reactance. (e) Simulation Perform a numerical simulation
including wire loss to determine the same quantities and compare them. Also, compare gain
values.

3.4-9 An AM broadcast receiver operating at 1200 kHz uses a ferrite rod antenna with 1000
turns of No. 30 copper wire wound evenly on a rod core of ferrite with 1, = 50 that is 30 mm
long and 8 mm in diameter. Find the radiation resistance, the radiation efficiency neglecting
ferrite core losses, and the reactance.

3.4-10 An AM broadcast receiver operating at 1 MHz uses a ferrite rod antenna with 500 turns
of No. 30 copper wire wound on a core of ferrite with y, = 38 that is 25 mm long and with a
cross-section that is 1 cm by 3 mm. Find the radiation resistance and the radiation efficiency
neglecting ferrite core losses.

3.4-11 A single-turn square loop antenna that is 0.5 m on each side operates at 30 MHz. The
wire is aluminum with a diameter of 2 cm. Compute: (a) radiation resistance, (b) input
impedance, and (c) radiation efficiency.

3.4-12 (a) Derive an expression for the wave impedance (E,/Hjy) for a magnetic dipole using
(3-38) and (3-39). (b) Evaluate and plot this equation for 8r from 0 to 20. Note the value for
Br =10 (r = 1.6 ) compared to the intrinsic impedance of free space.
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3.5-1 Write a computer program to evaluate and plot the polar diagram radiation patterns in
Examples 3-2 to 3-4.

3.5-2 A two-element array consists of center-fed, short dipoles both along the z-axis and
spaced 0.44 apart center-to-center. They are driven with equal amplitude and phase voltage
sources. (a) Derive the analytical pattern expression, (b) Simulation Use a computer code to
simulate the array assuming L = 0.08 42 and a = 0.001 4 with f = 300 MHz. Plot the radiation
pattern. Compare the half-power beam width values to those based on (a).

3.5-3 Repeat Prob. 3.5-2 for d = 0.8 4.

3.5-4 A two-element array consists of two resonated, center-fed, half-wave dipoles both along
the z-axis and spaced (center-to-center) 1 4 apart. They are driven with equal amplitude and
phase voltage sources. (a) Derive the analytical pattern expression. (b) Simulation Use a
computer code to simulate the array assuming L =0.484 and a =0.00051 with
f = 300MHz. Plot the radiation pattern. Compare the half-power beam width values to those
based on (a).

3.5-5 Simulation (a) Use a simulation code to evaluate the dipole in front of a ground plane
case of Example 3-5. The dipole operating at 300 MHz and its image have L = 0.47 4 and
a = 0.001 A. Give the input impedance and gain values. Plot the radiation patterns in the two
principal planes and compare the half-power beamwidth values to those based on the pattern of
(3-74b). (b) Use numerical integration of the pattern of (3-74b) to find the directivity and
compare to the simulation result.



Chapter

System Applications
for Antennas

4.1 INTRODUCTION

An antenna is a device that interfaces the RF circuits of the transmitter/receiver to free
space. At the beginning of a system design project, the antenna specifications should be
developed in concert with the full system specifications. If the system is designed without
consideration for the antenna, there may not be adequate volume allocated to the antenna
for it to meet performance specifications. An analogy to the system/device tradeoff is a
patient visiting a doctor and asking for an antibiotic. The doctor will, of course, not
immediately write a prescription, but will instead ask the patient about his/her symptoms
and will perform appropriate tests to evaluate the whole-body status. Similarly, the
antenna engineer must gather information on the system parameters, and should partic-
ipate in system specification writing for the project at hand. The electrical, mechanical,
and environment specifications for the antenna subsystem flow directly from the full
system design phase. With the current evolution of antenna technology toward func-
tionality distributed through the system, there will be increasing involvement of the
antenna engineer in system design.

As mentioned in Sec. 1.2, antenna application areas are communications, sensing and
imaging (passive and active), and industrial uses (e.g., control, medical, cooking). An
example of a non communication wireless application is an implantable “microchip”
RFID tag under the skin of a pet. In this chapter, we focus on antennas in communication
systems because of the major importance of communication applications. However,
nearly all material in the chapter is applicable to all of the application areas. Also
included are topics in noise that are necessary for communication systems and for
radiometry.

4.2 RECEIVING PROPERTIES OF ANTENNAS

100

A receiving antenna converts the power density arriving from a distant source to a current
on the connecting transmission line. It is important to carefully account for all losses
because the received signals are weak. Essential to this is proper modeling of the
receiving antenna. This section addresses various receiving antenna models and discusses
losses associated with the system configuration, including polarization and impedance
mismatch losses.
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A receiving antenna collects power from an incoming plane wave.' There are two
ways to compute the received power, one based on the incident electric field intensity and
one on the incident power density. We will use both approaches because of the important
relationships that arise in the derivations, and the resulting quantities are both used in
practice. Beginning with the field approach, the receiving antenna converts the incident
wave electric field E' to an open-circuit voltage V4 through the effective length h (also
called effective height) of the receiving antenna that is defined as

V,
h= E/j. effective length of an antenna (4-1)

So, effective length is the ratio of the induced voltage to incident electric field. V, is the
open-circuit voltage across the antenna terminals as shown in Fig. 4-1; that is, with Z;,
infinite. The quantities V4 and E' are peak values rather than rms. This effective length is
referred to by the IEEE as the “effective length of a linearly polarized antenna.” We
generalize the effective length concept to arbitrary wave and antenna polarizations, and
also include phase by defining vector effective length h through the relation:

Vai=E .h

*

(42)

The complex conjugate in (4-2) will be explained in association with the polarization mismatch
discussion below; if either the wave or the antenna is linearly polarized, it can be omitted.
The vector effective length expression can also be derived from basic electromagnetics
by making use of reciprocity. [1] It is an intuitive relationship with the dot product
representing the projection of the incident field vector, E', in volts per meter onto the
vector effective length h in meters, resulting in an output voltage V4 in volts. h contains
the receiving antenna pattern information and is often written as h(6, ¢). When only a
single value for % is quoted, the assumption is that it is for the pattern maximum direction.
Maximum output voltage occurs when the wave arrives from a direction of peak receive
antenna pattern response and is matched to the polarization of the receive antenna.

EXAMPLE 4-1 Vector Effective Length of an Ideal Dipole
As an example, consider the radiation electric field of an ideal dipole, which from (2-74a) is

il e /Pr .
E=""F2%  Azsing 6 (4-3)

47 r

"The wave at the receiver behaves as a plane wave over the extent of the receiving antenna because the
spherical wave from a distant source arrives with a large radius of curvature. This is sometimes called
local plane wave behavior.
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Since h contains information on the size of the antenna and the angular dependence of the
radiation pattern, then we can write

Jwp e
E="7" 4-4
A7t r (4-4)
where
h=Azsind 0 (4-5)

Note that the dimension of h is length, and for the ideal dipole, the effective length is the same
as the projection of the physical length viewed from angle 6. This is not, however, true
in general. Polarization information for the wave and antenna are contained in E' and h,
respectively; the topics of polarization and polarization mismatch are discussed below in
Secs. 4.4.4 and 4.4.5. The vector effective length of a small loop antenna is treated in Prob. 4.2-1.

In the incident power density approach, the receiving antenna is viewed as converting
the incident power density (also called the time-average flux density) S into received
power by the “collecting area” of the receiving antenna, called maximum effective
aperture (or area), Aem, as expressed by the defining relation:

Pimn =S Aem (4-6)

The maximum available received power Py, will be realized if the antenna is directed for
maximum response (i.e., the main beam peak is in the direction of the incoming wave), is
polarization matched to the wave, and is impedance matched to its load. The “maximum”
refers to assumption that there are no ohmic losses on the antenna.

We can now connect the two antenna-wave interaction formulations. Maximum power
will be received when the load impedance is conjugate matched to the antenna impedance
(R =R4 and X = —X,):

Z; =Ry +jX; = Ry — jX4 conjugate match for maximum power transfer (4-7)

The received power obtained by examining the circuit in Fig. 4-1:

L | Val®
P ==|I4|" R, == R, (4-8)
m ) 2 (RA +RL)2 + (XA +XL)2
For a conjugate match this reduces to
1|Val?
P = 3 | R’:' impedance-matched case (4-9)

Using the voltage for the case of a linearly polarized antenna from (4-1) for simplicity in
(4-9) and equating to (4-6) gives

LWl e TIEP,

= = = 4-10
™8 Ry 8 Ry Mmoo (410
where the power density expression for the incoming wave (Poynting vector magnitude) was
1 . 1IET
S=—EXH | == 4-11
S EXH | =35 (+11)

which follows from (2-30) for a plane wave. Solving (4-10) for & gives the desired
effective length result [H.11.1: Stutzman, p. 141]:

RAAem
n

h=2

(4-12)
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Effective length is proportional to the square root of the maximum effective area and thus
has units of meters, as would be anticipated. In practice, effective length is used in

association with linear antennas such as dipoles and effective aperture is used with
aperture antennas such as parabolic reflectors.

EXAMPLE 4-2 Maximum Effective Aperture of an Ideal Dipole

Maximum effective aperture for the ideal dipole is found using (4-9) and (4-10) with (4-5):

P, LMl ErA? 1
Aem: rm:8 R.2—_£| |(2Z) :—E(AZ)Z—— ( )2:_)2
S %% 4 R, |E| 4 R, 477% (_z) 8
=0.119 /2 (4-14)

where the ideal dipole radiation resistance value from (2-169) was used. This result is
counterintuitive because it shows that the maximum effective aperture of an ideal dipole is
independent of its length Az (as long as Az < 1). But the dipole length cannot be reduced
arbitrarily without penalty. R, is proportional to (Az/ /1) so that even though A, remains
constant as the dipole is shortened, its radiation resistance decreases rapidly and the maximum
effective aperture will probably not be realized because of the difficulty in achieving the
required conjugate impedance match of the receiver to the antenna.

Another quantity used to characterize a receiving antenna is antenna factor, K, defined as

K — v antenna factor (4-13)

Antenna factor gives the output voltage V;, across a load, usually for a standard load such
as a 50 2, caused by the incident field intensity E'. Antenna factor has units of m~'. It
includes impedance mismatches but not transmission line losses. If a high-impedance
load is used, the voltage in (4-13) is an open-circuit voltage and equals the inverse of the
effective length in (4-1); that is, K = 1/h. Antenna factor is used to determine electric
field by measuring the voltage received with a probe and multiplying by the antenna
factor of the probe antenna, as will be explained in Sec. 13.5. Antenna factor will also be
applied electromagnetic compatibility measurements in Sec. 4.7.

4.3 ANTENNA NOISE AND RADIOMETRY

Noise corrupts all types of receiving systems and in a given direction receiving antennas
receive noise just as well as they receive signals. The signal arrives in one or a few direc-
tions, whereas noise arrives from all directions as indicated in Fig. 4-2a. The peak of the
receive antenna beam is directed toward the signal arrival direction and the pattern, as much
as possible, is controlled to reduce response to noise. Any materials in the environment
surrounding the antenna will radiate electromagnetic waves, as dictated by blackbody
radiation theory. The antenna sums the arriving noise radiation, through its antenna pattern,
because noise is incoherent and noise powers add, producing a noise contribution to the
output along with the signal. The equivalent terminal behavior is modeled in Fig. 4-2b by
considering the radiation resistance of the antenna to be a noisy resistor at temperature 74
such that the same output noise power from the antenna in the actual environment is pro-
duced. The antenna temperature T, is not the actual physical temperature of the antenna but
is an equivalent temperature that produces same noise power, Pna, as the antenna operating
in its surroundings. Antenna noise temperature is often much larger than the ambient
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Temperature distribution

LCN?)

Power pattern
F.(6,9)

(b) Equivalent model.

(a) Antenna receiving noise from directions (6, ¢)
producing antenna temperature 7 ;.

Figure 4-2 Antenna temperature.

temperature of an antenna. From noise theory, the noise power available from a noise
resistor in bandwidth A f at temperature T is

Py=kTAf (4-15)

where
Py = available power due to noise [W]
k = Boltzmann’s constant = 1.38 X 10723 JK~!
T = noise temperature [K]
Af = receiver bandwidth [Hz]

Such noise is referred to as Nyquist noise or Johnson noise. The antenna output noise
power, Pna, is found from this equation using the antenna noise temperature, 74. The total
system noise power is the sum of the antenna output noise and the input receiver noise
power. The noise temperatures add also and the total system noise temperature is found as

Tsys =Ta+T, (4_16)

where 7, is the receiver input noise temperature.

There are two motivations for studying the noise performance of antennas: for noise
corruption to communications and to active remote-sensing systems, and for noise cal-
culations of passive remote-sensing systems. In most communications and active remote-
sensing systems, the noise power must be sufficiently below the signal power for proper
operation. This is especially true in long-distance communication systems where the
arriving signals are weak. In these cases, the system is evaluated using “carrier-to-noise
ratio” CNR, which is the ratio of the signal power to the system noise power:

Pp

CNR = carrier-to-noise ratio (4-17)

Nsys

where
Pp = carrier power delivered from the antenna [W]
Pnsys = system noise power = k Tgys Af [W]
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and Ty is found from (4-16). Pp is the average modulated carrier power. The parameter
closely related to CNR is signal-to-noise ratio SNR which uses the signal power after
demodulation; however, the term SNR is often used where CNR is intended.

A radiometer is a receiving system used to measure noise in passive remote-sensing
applications. It picks up noise from “hot” objects and can form an image by scanning
through a noise scene, usually with a narrow-beam antenna. This is an unusual situation
where an instrument tries to distinguish noise radiated by a desired object from other noise
that is unwanted. An example is a satellite microwave radiometer viewing precipitation
on Earth’s surface from space. Water particles are lossy and produce noise just as a resistor
does. The outline and intensity of a storm is imaged by detecting noise from the storm
which is distinguished from the background by its different noise temperature. Radio-
meters are also used in radio astronomy to measure noise from celestial objects such as the
sun, planets, stars, and galaxies, referred to as “radio stars.” Many celestial objects have
radiation over a continuous large band of frequencies and the power density is quantified
in a unit that includes per Hz called a jansky (= 1072 Wm~2 Hz™!) in honor of Karl
Jansky (1905-1950), who first measured extraterrestrial noise during an accidental radio
astronomy observation in 1933.

Noise power is found by first evaluating antenna temperature. As seen in Fig. 4-2a, T4
is found by the antenna collecting noise through the scene temperature distribution 7'(6,¢)
weighted by the response function of the antenna, the normalized power pattern P,(6,¢);
a power pattern is used because noise adds on a power basis. This is expressed mathe-
matically by integrating over the temperature distribution:

T 27

1
Ta = // T(0,6)P,(0,0)d Q  antenna temperature (4-18)
A
00

Fig. 4-2a shows an Earth terminal antenna looking at the sky but (4-18) is completely
general. If the scene is of constant temperature T, over all angles, T, comes outside the
integral in (4-18) and T4 = T,, which is an expected result. In this case, the antenna is
completely surrounded by noise of temperature 7, and its output antenna temperature
equals T, independent of the antenna pattern shape. Consider the case of a discrete source
of small solid angular extent {); with constant temperature 7, and observed with an
antenna beam directed toward its center that is broad compared to the source. Then
P,(0,0) =~ 1 over the source and (4-18) reduces to

Q,
Ty =—T; small discrete source (4-19)
9

For a circularly symmetric source or circularly symmetric antenna beam, the solid angles
Qg and €4 are proportional to the angular extent of the source squared and HPZ,
respectively.

The antenna noise power Pna is found from (4-15) using T4 from (4-18) once the
temperature distribution T(6,¢) is determined. Of course, this depends on the scene, but
in general T(6,¢) consists of two components: sky noise and ground noise. The noise
temperature of ground in most situations is well approximated by 290 K, but is much less
for reflecting surfaces and smooth surfaces at or near grazing incidence angles.

Unlike ground noise, sky noise is a strong function of frequency as shown in Fig. 4-3,
which is the noise temperature available from an antenna, not including losses on the
antenna and ground noise pickup, as a function of frequency. Sky noise is made up of
atmospheric, cosmic (extraterrestrial), and manmade noise; see [2] for a review of
natural noise. “Galactic noise” from our own Milky Way galaxy is especially strong in
directions toward the galactic center. Below about 10 MHz external noise is very strong
and usually exceeds the internal noise of a receiver, so antenna efficiency and directivity
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have little effect on signal-to-noise ratio. Thus, inefficient antennas are acceptable for
reception, such as the ferrite loop antenna used in the AM radio band. At these fre-
quencies, the dominant source of noise is atmospheric, arising mainly from lightning,
which propagates over large distances via reflection from the ionosphere. Manmade
noise produced by power lines, electric motors, and so on also can be significant, espe-
cially in urban areas. From 10 to 100 MHz, natural noise is a combination of atmospheric
and cosmic noise (galactic and solar). From 100 MHz to 1 GHz, cosmic noise dominates.
The band between 1 and 10 GHz is the lowest noise regime and noise increases with
decreasing elevation angle due to the finite height of the atmosphere with the path length
through the atmosphere becoming longer for lower elevation angles. Above 10 GHz
atmospheric noise again dominates, increasing with frequency due to water vapor and
hydrometeor absorption, which vary with season and location. Atmospheric gases also are
noise sources and include strong, broad spectral lines, most notably the water vapor and
oxygen lines at 22 and 60 GHz, respectively.

The important observation from Fig. 4-3 is the “bathtub” type dip from 1 to 10 GHz.
The low noise, along with wide available signal bandwidth as well, makes this frequency
region very desirable for many wireless applications. Also evident in this band is the
irreducible sky background temperature of 3 K, which is theorized to be the residual
effect of a “big bang” explosion that created the universe. This observation was made by
Arthur Penzias and Robert Wilson in 1965 while doing radio astronomy at 4 GHz; they
won the Nobel Prize for the work. An interesting side note is that searches for extra-
terrestrial life focus on these frequencies under the theory that extraterrestrial beings
would know that humans should have receivers operating in this range because of low
noise and low atmospheric loss.

Of course, the antenna pattern shape and direction strongly influence antenna tem-
perature as seen in (4-18). The ground noise temperature contribution to antenna noise is
very low for high-gain antennas pointed skyward and with low side lobes in the direction
of the earth. Broad beam antennas, on the other hand, pick up a significant amount of
ground noise as well as sky noise.
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There are applications for radiometry for both military and civilian use. An example is
detection of vehicles under tree cover, even at night, from an airborne platform by
observing either high radiation from a hot engine or low radiation from the metallic body,
in comparison to the soil background radiation. A second example is a millimeter-wave
radiometer used in an airport for imaging passengers to detect concealed weapons.

EXAMPLE 4-3 Direct Broadcast Satellite Reception

Reception of high-quality television channels at home with an inexpensive, small terminal is
possible as the result of many years of technology development, including new antenna
designs. DirecTv (trademark of Hughes Network Services) transmits from 12.2 to 12.7 GHz
with 120 W of power and an EIRP of about 55 dBW in each 24-MHz transponder that handles
five compressed digital video channels. The receiver uses a 67-K noise temperature low-noise
block down-converter and when combined with antenna noise gives a system noise temper-
ature of 125 K. Here we do the noise analysis for this satellite link and will use the result in the
link calculation of Example 4-4. The needed parameter values are:

Af = effective signal bandwidth = 20 MHz
Ty = 125K
Pp = —116.9dBW, from Example 4-4

The noise power is evaluated using (4-15) with the system noise temperature:
Prsys = kT Af = 1.38 X 1072 - 125-20 X 10° = 2.45 X 10 = —134.6 dBW  (4-20)
Thus, the carrier to noise ratio from (4-17) is
CNR(dB) = Pp(dBW) — Pgys(dBW) = —116.9 — (-134.9) = 17.7dB (4-21)

which is a reasonable margin for proper operation.

4.4 ANTENNAS IN COMMUNICATION SYSTEMS

It is important to have an appreciation for the role played by antennas in their primary
application area of communication links. The basic communication link model is shown in
Fig. 4-4. In Sec. 4.2, we introduced methods for calculating the power output from a
receiving antenna using maximum effective aperture. In this section, we model the complete
link, including the distance of separation between the source and receiver, along with several
loss mechanisms encountered in a typical link. We begin by revisiting the important para-
meters of antenna directivity and gain, and establishing some fundamental relationships.

4.4.1 Directivity, Gain, and Effective Aperture

For system calculations it is usually easier to work with directivity rather than its
equivalent, maximum effective aperture. Directivity is directly proportional to maximum
effective aperture and the formula connecting the two can be derived in a variety of ways.
Here, we develop the relationship for a dipole, but the developed relationship is true for

Figure 4-4 A communication

R link.
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any antenna. A derivation for aperture antennas will be presented in Sec. 9.3. Other
derivations can be found in [1] and [H.4: Collin]. Proceeding with the dipole-based
derivation, the directivity of the ideal dipole, 1.5, can be written in the following manner:

D=-=—")? (4-22)

Grouping factors this way permits identification of A, from (4-14), giving

4

D=5 Aum (4-23)

Comparing this to D = 47/, from (2-144), we find

)»2 = Aem 4 (4_24)

which is a general relationship that applies to any antenna. There are some interesting
implications hidden in this simple formula. For a fixed wavelength (i.e., operating fre-
quency) A, and €24 are inversely proportional; that is, as the maximum effective aperture
increases (usually as a result of increasing its physical size) the beam solid angle
decreases, which means power is more concentrated in angular space. In other words, the
beam solid angle decreases and as a result directivity goes up, which also follows from
D = 47 /Q4. Equation (4-24) also shows that for a fixed maximum effective aperture (i.e.,
antenna size), as wavelength decreases (frequency increases) the beam solid angle
decreases, leading to increased directivity.

In practice, antennas are not completely lossless. In Sec. 2.5, we saw that the power
received by an antenna is reduced by the fraction e, (radiation efficiency) from what it
would be if the antenna were lossless. Ohmic loss is included in aperture area calculations
by defining effective aperture (or, effective area) as

A, = e, Aem effective aperture (4-25)

The expression (4-6) is generalized to include losses on the receiving antenna by replacing
maximum effective aperture by effective aperture, giving the available power, Py, as

Py =SA, (4-26)

Again it is assumed that the peak of the receiving antenna pattern is in the direction of the
incoming wave. This simple equation is very intuitive and indicates that a receiving
antenna with effective aperture area A, with units of m? converts incident power (flux)
density in W/m? into power delivered to the load in W.

Gain was introduced to include losses with directivity; that is, G = e, D from (2-155).
We can form a gain expression from the directivity expression by multiplying both sides
of (4-23) by e, and using (4-25) to obtain

4 4
G=eD="2eAm=—3 A,
A A
or
4
G="7 A (4-27)
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Ohmic losses on the antenna are included in gain, but losses associated with mismatch
between the polarizations of the incident wave and receiving antenna as well as
impedance mismatch between the antenna and load are accounted for separately because
they are associated with how the antenna is used and are not inherent antenna
characteristics.

The IEEE [H.2] defines effective area (aperture) to be in a given direction; so in
general, effective aperture contains power pattern information: A,(6,¢) = A.|F(6,6)|.
Similarly, gain is often stated as a function of direction:

47 47 2
G(97¢) = FAe(ea(z)) = ?AE|F(9’¢)| (4_28)
If effective aperture or gain is stated without mention of direction, it is assumed to be the
maximum value. Sometimes the term absolute gain is used to denote maximum gain.
We will show in Sec. 9.3 that effective aperture is equal to or less than the physical
aperture area of the antenna A, through aperture efficiency c,p:

A, =¢€p A, (4-29)

where €, < 1. It is important to note that although the foregoing general relationships
were developed for receiving antennas, but they also apply to transmitting antennas as
ensured by reciprocity which is discussed in Sec. 13.1. Note that the effective length
result in (4-12) is modified to include ohmic losses by replacing A.p, by A.. The foregoing
relationships are used in communication system computations, which we consider next.

4.4.2 Communication Links

We are now ready to describe the power transfer in the communication link of Fig. 4-4. If
the transmitting antenna were isotropic, the power density at distance R would be

Uave P,
TR 4R (4-30)

where P; is the time-average input power accepted by the antenna, and the 1/R? spherical
spreading loss factor from (2-131) and (2-135) were used. In practice, the transmitting
antenna with gain G; is usually pointed in the direction of the receiver. Then the power
density incident on the receiving antenna is increased from that in (4-30) by the gain,

giving
Gt Uave Gl Pf
S = = 4-31
R? 47R? ( )
Using this in (4-26) gives the available received power as
Gy Py Aer
Pr=SAy=——"7% 4-32
47R? ( )

where A, is the effective aperture of the receiving antenna and we assume the receiving
antenna is also pointed and polarized for maximum response. Modifying the formula to
explicitly show both antenna gains by using (4-27), Aer = G, 22 /47 gives

G, G, )?
=P " Friis transmission formula (4-33)

" (4nR)?

This formula gives the available power in terms of the transmitted power, antenna gains,
and wavelength. It is the most popular form of the Friis transmission formula and is the
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basis for communications analysis. There are several built-in assumptions. The most
significant assumption is a clear line-of-sight (LOS) path with no secondary wave paths
caused by reflections from objects (free-space conditions). It assumes the antennas are
aimed toward each other to realize the maximum gain of each. It also assumes that the
transmitting and receiving antennas are matched in impedance to their connecting
transmission lines, and have identical and aligned polarizations. A real communication
link rarely meets all of these assumptions, but it is a simple matter to correct for the loss
introduced by impedance mismatch, polarization mismatch, or antenna misalignment.
Accurate inclusion of non—free space propagation conditions is more involved.

A convenient dB-form of the link equation (4-33) is obtained by taking 10 log of both
sides:

P,(dBm) = P,(dBm) + G,(dB) + G,(dB) — 20 log R(km)

(4-34)
—20log f(MHz) — 32.44

The unit dBm is power in decibels above a milliwatt; for example, 30 dBm is 1 W.
Often the powers in this equation are expressed in units of decibels above a watt, d(BW.
G,(dB) and G,(dB) are the transmit and receive antenna gains in decibels, R(km) is the
distance between the transmitter and receiver in kilometers, and f(MHz) is the frequency in
megahertz. Often the factors /% /(47R)* in (4-33) are taken as a whole and defined to be free
space loss. The dB form of free space loss is Ly, = 20 R(km) — 201og f(MHz) — 32.44,
which is the last three terms in (4-34). Free space loss contains the 1/R?* factor associated
with spherical spreading loss of a free space wave. However, it also contains A% and we know
free space is not frequency-dependent; thus, the term free space loss is misleading. Free
space loss includes all losses in the basic link equation of (4-34) for the case of isotropic
antennas (i.e., the antenna gains are both 0 dB).

Antenna misalignment is included in the Friis equation by using the gain value in the
direction toward the other antenna using (4-28) for each antenna. The effect of polari-
zation and impedance mismatch are contained in multiplicative constants; thus, the power
delivered to the terminating impedance is given by

Pp =pq P, (4-35)

where
Pp = power delivered from the antenna
P, = power available from the receiving antenna
p = polarization efficiency (or polarization mismatch factor), 0 < p <1
g = impedance mismatch factor, 0 < g < 1

It is convenient to express (4-34) in dB form:

Pp(dBm) = 10log p + 10log g + P,(dBm) (4-36)

These mismatch losses will be discussed in detail following the topic of EIRP. The term
realized gain is used to include impedance mismatch loss in antenna gain and equals gG.

4.4.3 Effective Isotropically Radiated Power (EIRP)

A frequently used concept in communication systems is that of effective (or equivalent)
isotropically radiated power, EIRP, which is the amount of power emitted from an iso-
tropic antenna to obtain the same power density in the direction of the antenna pattern
peak with gain G,. EIRP is simply the gain of the transmitting antenna multiplied by the
net power accepted by the antenna from the connected transmitter:
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EIRP = P,G, (4-37)

As illustrated in Fig. 4-5a, the maximum radiation intensity U, from a transmitting
antenna with input power P; is in the direction of maximum radiation; see (2-133). The
gain of the antenna from (2-152) is G; = 47U, /P;, so EIRP = P,(47U,,/P;) = 47U,
The same radiation intensity U,, would be obtained from a lossless isotropic antenna
(gain G; = 1) with input power P,G; as illustrated in Fig. 4-5b. In other words, to obtain
the same radiation intensity produced by the directional antenna in its pattern maximum
direction, an isotropic antenna would have to have an input power G, times greater. The
term effective radiated power, ERP is used in the broadcast industry (FM and TV)
referenced to a half-wave dipole and includes losses in the transmission line from the
transmitter to the antenna. However, ERP is often used in place of EIRP as defined
above. For example, an FM radio station with a 100,000-W transmitter feeding a 7 dB
gain antenna through a transmission line with 5 dB loss will have an ERP of 50 — 5 + 7—
2.15 = 49.85 dBW. EIRP is commonly used in the satellite communications industry, as
illustrated in the following example.

EXAMPLE 4-4 Direct Broadcast Satellite Reception (continued)

This example completes the satellite TV receiver case study of Example 4-3 in which the noise
power was calculated. Each 24-MHz transponder handles several compressed digital video
channels and transmits 120 W of power from the satellite. The EIRP is stated to be 55 dBW.
The receiving system uses a 0.46 m (18 in) diameter offset fed reflector antenna. Here, we
find the received signal power using the following link parameter values:

f = 12.45 GHz (middle of the 12.2 to 12.7 GHz band)

P.(dBW) = 20.8 dBW(120 W)

G,(dB) = EIRP(dBW) — P,(dBW) = 55 — 20.8 = 34.2dB  using (4-37)
R = 38,000 km (typical slant path length)

4 4 4
il il 07<7TH

2
G, =—¢epA, =—0. = 2538 =34dB 70% aperture efficienc
T2 0.024)? 4 ) (10% ap y)

The power delivered from the antenna assuming matched conditions from (4-34) is

Pp(dBW) = P,(dBW) + G,(dB) + G,(dB) — 20 log R(km) — 20 log f(MHz) — 32.44
= 20.8 4 34.2 + 34 — 20 10g(38,000) — 20 log(12450) — 32.44
=20.8+342+34—91.6—81.9—32.4
= —116.9dBW (4-38)
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This is a power level of only 2 X 1072 W! Without the high gains of the antennas (68.2 dB
combined) this signal would be hopelessly lost in noise.

4.4.4 Impedance Mismatch

The maximum power received occurs for the load impedance matched to the antenna
impedance, which is the model of Fig. 4-1b for conditions in (4-9). For a general load
impedance condition, (4-8) applies. The ratio of these gives the impedance mismatch
factor ¢:
Pim 4R
9=5 = Rk . (4-39)
rm,matched (RA + RL) + (XA + XL)

For the matched-impedance case of (4-7), this reduces to ¢ = 1 giving no mismatch loss
as expected. In the usual situation of a transmission line of characteristic impedance Z,
connected to the antenna

4RAZ,

9= """ o
(RA +Zo)2 +Xi

(Rr = Z,, Xr = 0) (4-40)

In many cases it is convenient to obtain g by first finding the voltage reflection
coefficient, I', by noting that the received power is the incident power (normalized to
unity) less the relative reflected power:

q=1-|IT (4-41)
And I' is found either from measurement or from calculation using

_a-7;
CZi+Z

(4-42)

For an antenna that is conjugate matched to the load as in (4-7), the preceding two
equations reduce to the expected results of I' = 0 and g = 1, and there is no mismatch
loss. The magnitude of the reflection coefficient can also be found from measurement of
the voltage standing wave ratio, VSWR:

| = VSWR — 1

~ VSWR +1
When the antenna is matched to the transmission line, VSWR = 1 and then ¢ = 1. When
there is a large mismatch, VSWR is large and g approaches zero. Measurement instru-

ments commonly display return loss, RL, as a way to quantify reflections. It has units of
dB and is related to reflection coefficient as

(4-43)

RL = —201log |I'] [dB] return loss (4-44)

For matched conditions I'=0 and RL = oo; and infinite return loss means that all
reflections of the antenna signal are “lost” in the load. A typical impedance match
antenna specification is VSWR < 2, corresponding to |I"| < 0.333 and RL > 9.5 dB. By
reciprocity, the impedance mismatch results are equally applicable to transmitting and
receiving cases. Reemphasizing an important point, impedance mismatch is not included
in gain or effective aperture but is calculated separately because it is not inherent to the
antenna but instead depends on how the antenna is used. If, for example, gain assumed a
connecting 50-2 load, it would be difficult to compute gain if other loads were used.
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4.4.5 Polarization Mismatch

Just as with impedance mismatch, gain and effective aperture do not include polarization
mismatch, and it must be evaluated separately. Polarization principles were introduced in
Sec. 2.8 and we can use them to make antenna-wave interaction calculations; for com-
plete details see [H.11.1: Stutzman, Chap. 6]. Stating the obvious, the polarization of a
radiated wave is that of the transmitting antenna, which in general varies with pattern
angle. The wave that arrives at a receiving antenna is matched to the polarization of
the receiving antenna if the wave and the antenna polarizations have the following the
same: axial ratios, senses (of polarization rotation), and tilt angles (i.e., the same spatial
orientation of their polarization ellipse major axes). The polarization efficiency (or
polarization mismatch factor), p, varies from 0 to 1 as the incoming wave and receiving
antenna vary from completely mismatched in polarization to completely matched,
respectively. A complete match (p = 1) exists when the wave and antenna polarization
states are identical. A complete mismatch (p = 0) occurs when the wave and antenna are
cross-polarized. Fig. 13-14 illustrates co- and cross-polarized situations. Examples of
cross-polarized states are orthogonal linear states such as horizontal and vertical linear
polarizations, and right- and left-hand circular polarizations. Polarization mismatch is a
loss in the sense that less power is captured from the wave when the antenna is polari-
zation mismatched to the wave compared to when matched. In some cases, the loss can be
recovered by adjustment. For example, matching polarizations of the transmit and receive
antennas on a link that have the same sense and axial ratio is simply a matter of rotating
one antenna until the polarization ellipse major axes are aligned. Polarization information
for the wave and antenna are contained in the wave field E' and the receiving antenna
vector effective length h, respectively. The available received power is proportional to

the received terminal voltage squared, which from (4-2) is [E' h’|*. Normalizing by the
maximum of this expression yields the fraction of power received gives p:

_ [Ew
B

p ¢ b (4-45)

where € and h* are the complex unit vectors for the incident wave and the receiving
antenna vector effective length, respectively. €' equals the polarization of the distant
transmitting antenna, h,, if there is a clear-line-of-sight and the intervening propagation
medium does not depolarize the wave. Antenna vector effective length is defined for the
transmitting situation. The conjugate in (4-45) essentially reverses the direction of travel
for the receive antenna polarization reference frame and acts to place both the wave and
the receiving antenna in the same receive-antenna coordinate system. If the conjugate is
not used, a separate manipulation is required to account for this effect, making the cal-
culation error prone. When using (4-45) one can write the antenna vector effective length
as if the antenna were transmitting. A helpful analogy for this use of relative coordinate
systems is two people shaking hands. Facing each other, they are “matched” when both
use their right hands to shake even though the hands are on opposite sides. In the same
fashion, a right-hand circularly polarized (RHCP) wave is matched to a RHCP receiving
antenna. A classic example of confusing the senses of CP occurred with first transatlantic
TV transmission on July 11, 1962, with the Telstar satellite. Receiving stations in England
and France were both attempting to receive the CP signal transmitted from an Earth
station in the state of Maine, in the United States. The English misunderstood the CP
sense and were mismatched in polarization, but the French receiving station was properly
polarized, and they received the signal first.

The wave and the antenna polarization unit vectors are written using the coordinate
system of Fig. 4-6 and following the form of (2-188):

é = cos ;X + siny,e%y (4-46a)
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h = cos X + sin e’y (4-46b)

where (7;,6;) and (v,6) are the polarization angles for the incoming wave and for the
antenna in the arrival direction; see Fig. 2-20. The process of evaluating polarization
efficiency is illustrated in the following examples.

EXAMPLE 4-5 Reception of an LP Wave with an LP Antenna

A linearly polarized (LP) incident wave with a tilt angle of 7; illuminates a LP antenna at tilt
angle 7 as shown in Fig. 4-6a where a dipole is used to illustrate a general LP antenna. The
wave arrives normal to the plane of the dipole antenna (xy-plane), corresponding to the usual
operating situation for a receiving antenna. For the LP case, v, = 7; and v = 7, which follow
from (2-189) with ¢ = 0 and ¢; = 0. From (2-190), §; = 0 and 6 = 0. Substituting these values
in (4-46) permits evaluation of (4-45):

p=1¢& . ﬁ*| = |(cosT; X+ sin7; §) + (cosTX +sinT )|
= |cos 7i cos T + sin 7 sin 7|* = cos 2(7; — 7) = cos 2(A7) (4-47)
Thus, polarization efficiency is a function only of the relative tilt angle A7 for the case when
both the wave and antenna are linearly polarized. When A7 = 0° the wave and antenna are
aligned (e.g., E' is parallel to the dipole), and the wave and antenna are co-polarized (i.e.,
polarization matched) and p = 1. When the wave and the antenna are orthogonal, AT = 90°,

(4-47) yields p = 0. Then the receiving antenna produces no output and the wave and antenna
are cross-polarized. In practice, antennas are not perfectly polarized, and there will be a
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response, albeit small, to a wave state that is nominally cross-polarized to the antenna
polarization state.

EXAMPLE 4-6 Reception of CP Wave with a CP Antenna

Calculations with circular polarization (CP) on a link reveal the value of the complex vector
formation of polarization states and the role of the complex conjugate in (4-45). Consider a
right-hand circularly polarized (RHCP) receiving antenna illustrated in Fig. 4-6b as crossed
dipoles with a quarter-wave delay line. When operated as a transmitting antenna, this
antenna has a polarization state in the +z-direction given by

h= % (X —j§) RHCP (4-43)

because the magnitudes of the x- and y-components are equal and the y-component lags the
x-component by 90°. This result also follows from (4-46b) with v =45°,6 = —90°; see
Sec. 2.8. Similarly, for a RHCP incident wave

= % (x—jy) RHCP (4-49)

o>

The polarization efficiency from (4-45) is then

o aoim . Lo = i

7 (X —Jj¥) 7 (x—jy)* =1 (4-50)
and the wave is perfectly matched to the antenna. This result can also be explained by examining
how the antenna responds to the incoming wave. The x-dipole produces a voltage of 1 £ 180°; the
180° is included because of the opposite reference direction of the x-axes of the wave and
antenna. The y-dipole is excited by 1/ 90° and its output is delayed by 90° due to the quarter-
wavelength transmission line section, producing a net 1/ 180° excitation at the connecting
transmission line terminals. Combining the voltages from the two dipoles gives 2/ 180°,
indicating complete reinforcement of the x- and y-components. Therefore, the antenna is mat-
ched to the wave. Note that if the wave is left-hand CP, then the phase of the y-component of the
wave is +90° rather than —90° and there is complete cancellation at the transmission line. The
sign of the y-term in (4-49) would be positive and p = 0, indicating a cross-polarized situation.

p=[& b=

EXAMPLE 4-7 Reception of an LP wave by a CP antenna

The LP wave of Fig. 4-6a incident on the CP antenna of Fig. 4-6b has a polarization efficiency
evaluated using &' from Example 4.5 and h from Example 4-6:

2

Ny J . W vk 1 ..
p=1&+h \2 = |(cosT; X +sinT;§y) * (x—J¥y) :5\0037i+js1n7i|2 =

(4-51)

N =

V2

Thus, one half of the power available from an LP wave is lost when received by a CP antenna.
The same is true for a CP wave and LP antenna. In many system applications, a 3-dB loss is
significant and an antenna matched to the wave must be used. On the other hand, there are
operational links with one antenna linear and the other circular. For example, the wave from a
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linearly polarized antenna on a spacecraft will rotate due to spacecraft motion or Faraday
rotation in the ionosphere, but if a circularly polarized receive antenna is used, the incoming
linearly polarized wave orientation angle will not lead to power level fluctuations. Even though
a 3-dB signal loss is encountered, the received signal remains constant. If two linearly
polarized antennas are used as in Example 4-5 on a satellite-to-earth link, there is the pos-
sibility of significant polarization loss because p varies from 1 to 0 as A7 varies from 0° to
90°, or a polarization tracking system must be used to maintain alignment.

4.5 ANTENNAS IN WIRELESS COMMUNICATION SYSTEMS

Wireless communications, or simply wireless, is a broad term including any electronic
communication means that does not employ wires connecting the terminals. Radio
communications refers to systems employing radios and is part of wireless commu-
nications, although the terms are often used interchangeably. In the general setting, the
term wireless is intended to include systems not using radio technology such as those
using infrared or ultrasonic techniques. Originally the term wireless was popular in its
infancy, over a hundred years ago, followed by the term radio that lasted through most of
the 20th century only to see wireless return to popularity at the end of the century (see
Sec. 1.1 for a history of radio and wireless communications). The term radio is also used
to mean a device such as an electronic receiver or transceiver.

Major application areas for wireless are: communication of voice, video, and data;
position location; identification; paging; control; and medical. So-called location-based
services expanded rapidly with the deployment of satellite constellations that provide
signals for inexpensive mobile terminals to self-determine their location at no recurring
cost. GPS (Global Positioning Satellite) is an example. Such services provide low-cost
determination of position, but the position is only known at the terminal. A return link
must be added to communicate the terminal’s position to another location. Common ways
to do this are to use a cellular or satellite link. Many innovative wireless applications
continue to emerge in great numbers. One interesting example application in the medical
profession is wireless capsule endoscopy that uses a swallowable pill with a camera for
imaging the intestinal tract and telemetering the data to a body-worn receiving array.

4.5.1 Spatial Frequency Reuse and Cellular Systems

The frequency spectrum is the natural resource for wireless technology. It is finite and
must be shared and reused to maximize coverage and capacity on the network. Fre-
quencies can be reused by using different locations, angles, or polarizations at the same
time on the same frequency, but the most common method for reusing frequencies is to
separate same-frequency channels spatially (spatial frequency reuse), which is a tech-
nique referred to as cellular wireless communications.

Terminals can be fixed, portable, or mobile. Fixed terminals are stationary, whereas
mobile terminals communicate on the move. Traditionally, the term portable is used for
terminals that can easily be moved between operating sites. In wireless communications,
portable refers to a handheld terminal used by an operator while walking and mobile implies
operation at vehicular speeds. Platforms for terminals can be terrestrial, air, ship, or satellite.

Fig. 4-7 shows that the sizes of the individual cells vary greatly in serving regions
spanning large-size scales, as required for the universal goal of global connectivity
anywhere, anytime with anyone. [3, 4] Wireless is undergoing a convergence of services
in various devices. Smart cell phones, for example, include multiple voice and data bands
(cellular, GSM, DCS, PCS), position location (GPS), wireless local area network (WiFi),
mobile TV, satellite communications, and so on. Of course, antennas are required for each
of these physical communication links. Especially challenging is the antenna design for
small handheld terminals required to support several communication bands and services.
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Figure 4-7 Depiction of multimode global communications with various size cells that include satellite-to-user links, inter-satellite links, feeder links to
satellites, terrestrial grids, and in-building networks.
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This topic and cellular base stations are discussed in detail in Chap. 12. Examples of the
cell size scales listed below are depicted in Fig. 4-7.

e Megacell

A megacell serves areas as large as continents using a satellite platform as the
“base station.” Terminals can be on planes, ships, or land (mobile, portable, or
fixed).

e Macrocell (for WWAN, wireless wide area networks)

Macrocellar is conventional cellular service used in rural and urban areas with
base station antennas on large towers or buildings above the surrounding terrain.
The coverage radius can be as much as 30 km.

e Microcell (for WMAN, wireless metropolitan area networks)

Microcellar base stations have lower power and smaller cells than macrocells
and are found in urban areas. Often the antennas are mounted on the side of a
building or on a utility pole. The cells have a radius on the order of 1km or less.
Example services are for campuses and malls.

e Picocell (for WLAN, wireless local area networks)

Buildings, small campuses, airports, train cars, and airplane interiors are
examples of picocells. Wi-Fi (Wireless Fidelity) systems are probably the most
prominent application for picocells.

o Femtocell

Traditional cell phone service is extended to homes and other small in-building
areas with a femtocell.

e Personal Area Cell (for WPAN, wireless personal area networks)

Personal area cells are used primarily for communicating among computing
equipment, cell phones, and so on. The range is only a few meters. Example
implementing technologies are Bluetooth and UWB (Ultra Wideband).

e Body Area Cell (for WBAN, wireless body area networks)

Wearable and implantable wireless devices are used in WBAN for monitoring
body parameters and transmitting data to nearby terminals. The technology is
emerging and many applications will evolve.

One-way links that have a single transmitter and multiple receivers are referred to as
broadcast communications. AM and FM Broadcast radio are good examples. Broadcast
involves a large, fixed, expensive transmitter and inexpensive receivers that can even be
mobile. Communication links that are two-way are called duplex systems. One or more
base stations that serve many transceivers in both directions are referred to as point-to-
multipoint communications, such as cellular telephone. Finally, point-to-point commu-
nications is used to connect two sites directly, either one-way or two-way. A garage door
opener is an example of one-way point-to-point communications. Other important
terminology for links is forward and reverse links for base station-to-user and user-to-
base station, respectively. Alternate terminology with origins in satellite communications
is downlink and uplink for base station-to-user and user-to-base station, respectively.

Predicting the future in any technical field is always risky, but future wireless systems
will certainly emphasize spectral efficiency through spectrum co-use and reuse. Modu-
lation and coding improvements continue to be emphasized, but the physical side of
wireless is involved as well. For example, the antenna function will continue its spread
into more subsystem functions. In some of today’s digital radios, it is hard to define
exactly where the antenna is in the system. For example, in software radio the same
hardware is reprogrammed or reconfigured for different functions at different times. This
is accomplished substantially through software and the physical layer can be controlled
by software. Multiple antennas will become more prevalent for use as either adaptive
arrays or as multiple sensors for diversity or in a MIMO (multiple-input, multiple-output)
configuration. In advanced configurations, a cognitive radio will sense its operating
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environment and adjust to it, such as by changing operating frequency. New antennas will
be required to support these and other innovations.

4.5.2 Propagation Effects on Communication Links

The basic communications principles in Sec. 4.4 assumed a clear LOS and no deleterious
propagation effects. However, real wireless systems are a complicated interplay between
the antenna and propagation effects, especially for mobile and portable applications
where there is a dynamic propagation environment. Handheld portable terminals present
special complications of antenna interaction with the small radio platform, the human
operator, and the many nearby objects when indoors or in urban areas. The impact of antenna
and propagation factors on systems is illustrated in Table 4-1, which compares typical
mobile and portable wireless communication situations. The mobile case assumes a 5-dB
gain rooftop-mounted antenna such as a 5/8-over 1/4-wavelength collinear antenna (see
Sec. 12.3). The mobile case is representative of all early cellular communications and
much of today’s land mobile communications used by commercial and government
vehicles. The portable unit is handheld and operates with low power and with a low-
gain antenna because of its small size. In addition, portable terminals often are operated
inside buildings and thus experience many more dB loss than the mobile terminal. The
net loss experienced by the portable terminal compared to the mobile terminal in
the example of Table 4-1 is 26 dB. Modern cellular systems make up for this reduced
signal by using smaller cell sizes.

Path effects are included by expanding the link equation (4-34) to generalize the
propagation loss, include mismatch losses, and add losses for other effects:

Pp(dBm) = P,(dBm) + G,(dB) + G,(dB) — 10nlog R(km) — 20m log f(MHz)
—32.44 + 101og(p) + 101og(q) — > _ Li (4-52)

where
Pp(dBm) = power delivered to the receiver in dBm
P,(dBm) = power output from the transmitter in dBm
G,(dB),G,(dB) = gains in dB of the transmit and receive antennas, respectively
R(km) = distance between the transmitter and receiver in km
n = power on distance variation (n = 2 for free space)
f(MHz) = operating frequency in MHz
m = power on frequency variation (m = 2 for free space)

p, q = polarization and impedance mismatch factors, respectively

Ly, L, = loss in dB associated with heights of transmit and receive antennas, /; and h,
L3 = clear air absorption loss in dB

L, = hydrometeor (e.g. rain) absorption loss in dB

Ls = loss for outdoor-to-indoor building loss in dB

Table 4-1 Comparison of Mobile and Personal Wireless Communication
Terminal Performance

Mobile Portable Net Loss Using
Quantity Communications Communications Portable Comm.
Antenna gain 5dB —4dB 9dB
Transmit power 3w 0.6 W 7dB
Building penetration loss - 10dB 10dB

Total net loss for portable comm. - - 26 dB
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For free space paths, n = 2, m = 2, and L; = 0. For non—free space conditions, the powers
n and m and losses L; and L, are found from models that are site-specific for known
propagation environments, or, more commonly, from average models based on statistics
of variations over location and time. A moving terminal and objects moving near the link
cause variable fading by summing at the receiver of the multiple signals arriving via
different paths. Average models are based on empirical data, analysis, or both. Here we
give a brief discussion of some of the loss factors. More details are available in references
listed in Secs. H.4 and H.9.1, and in [5].

A typical value for n is 4 for outdoor propagation and higher for shadowed or
obstructed LOS paths. The increase from 2 for free space to 4 is extreme because of its
exponential nature. For example, this increase corresponds to an additional loss of 26 dB
on a 20-km path. For most models m is 2, the free space value. In the HF band and below,
ionospheric effects must be considered. Clear-air absorption, L3, is small below a few
GHz, but increases as frequency increases with high attenuation in the water vapor and
oxygen bands near 22 and 60 GHz, respectively. Rain absorption, L4, is small below a few
GHz, butis significant above 10 GHz; see [6] for a simple model for rain attenuation and [7]
for experimental data in the 10 to 30 GHz range. Propagation losses for a signal passing
from outside to inside a building can be several additional dB depending on the building
material and frequency. [H.4: Siwiak] Polarization also influences propagation. Ground
reflections are polarization dependent, which affects the indirect multipath components;
see Sec. 6.7. Circular polarization can offer the advantage of natural multipath rejection
because the reflected waves are of opposite sense to the incident wave and thus do not
destructively interfere with the direct wave. [H.11.1: Stutzman, Sec. 8.2.3] Note that
impedance mismatch can occur on both ends of a link.

4.5.3 Gain Estimation

An especially useful tool in antenna and communication system analysis is a technique to
estimate antenna gain. Gain can be calculated and estimated in a variety of ways as will
be treated in detail in Sec. 9.3. As we shall see, the technique that includes the most
information about the particular antenna provides the most accurate gain value. But for
now we present one very simple, yet powerful, estimation method.

Directivity depends only on the antenna pattern and thus can be calculated or esti-
mated based only on pattern data. Directivity varies inversely with beam solid angle:
D =47 /Q, from (2-144). Beam solid angle is found by integrating the power pattern
over all angles using (2-142). It is possible to measure or calculate many pattern cuts and
numerically integrate to find 24 and then D. The simple approach we develop here is to
use the principal plane pattern half-power beamwidths to estimate beam solid angle. This
begins by defining beam efficiency, €y, as the ratio of the solid angle only in the main
beam, {2y, to the solid angle of the entire pattern, €24:

/ / IF(0.6) [

o QM _ main beam
M=, ;
A //|F(0,¢)| s
47

The main beam solid angle is well approximated in many cases by the product of the
half-power beamwidths in the principal plane patterns that pass through the main
beam peak:

beam efficiency (4-53)

Qm ~ HPEHPH (4-54)
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The directivity is then estimated by combining these results:

- 4z - 47TEM o 47TEM o 41,253 EMm
T Qu  Qu  HPgHPy HPgoHPpo

(4-55)

where HPge and HPyo are the half-power beamwidths in the E- and H-planes in degrees.
If the pattern has no side lobes (i.e., no power outside the main beam), £ = 1 and

41,253

~ HP,-HPyw no side lobes (4-56)
This formula works well for low-directivity antennas. For example, a half-wave dipole
has HPgo = 78 and HPyo = 360, and (4-56) yields D = 1.47, which is close to the correct
value of 1.64.

Antennas other than simple elements (e.g., small antennas and half-wave dipoles) have
lobes outside the main beam. A typical beam efficiency value for such antennas is about
0.63. If no loss is present (or is accounted for separately), e, = 1 and the gain for typical
antennas in practice is estimated, based on (4-55) with ¢ = 0.63, using:

26,000

D=eDrDrn—
¢ HPpgoHPppo

general use (4-57)

It must be emphasized that accompanying such a simple formula is the risk of misuse and lack
of accuracy. Itis used for estimates and usually only when just the beamwidth values are known.

EXAMPLE 4-8 A Cell Phone Reverse Link

Here we consider a typical cell phone reverse link (uplink) from a handset to a base station
with a sector antenna. The handset transmits at 1900 MHz with 300 mW of power into a
—1-dB gain, vertically-polarized omnidirectional antenna with a VSWR of 3. The antenna on
a base station tower 8 km away has a slant 45° linear polarization, a 6° elevation beamwidth,
and a 90° azimuth beamwidth. It is desired to calculate the power available from the receive
antenna. First, the base station receive antenna gain is found using (4-57) to be G, = 16.8 dB
and is impedance matched. The impedance mismatch loss at the transmitter from (4-43) in
(4-41) is ¢ = 0.75 and the polarization mismatch loss from (4-47) is p = 0.5 Using a 1/R*
distance variation, which is typical for many propagation scenarios, in (4-52) gives

Pp(dBm) = P,(dBm) + G,(dB) + G,(dB) — 40 log R(km) — 20 logf(MHz) — 32.44
+ 1010g(0.5) + 1010g(0.75)
=248—-14+168—-36.1-65.6—-3244 -3 —-1.25=-97.8dBm (4-58)

We can also compute the noise and CNR. From Fig. 4-3, the sky noise is very low at this
frequency, and most antenna noise comes from ground pickup. Assuming an antenna noise of
200 K and a receiver noise of 250 K, the system noise is Tss = 450 K. A channel bandwidth
of 1.5 MHz then gives a noise power using (4-15) of

Prisys = kT Af = 1.38 X 10723(450)1.5 X 10° = 9.32 X 10> = —140.3 dBW
= —110.3dBm (4-59)

The carrier-to-noise ratio from (4-17) is
Pp

CNR = — Pp(dBm) — Pygys(dBm) = —97.8 — (—=110.3) = 12.5dB (4-60)
Nsys
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4.6 ANTENNAS IN RADAR SYSTEMS

We now turn our attention to radar. Suppose an airplane is the target of a radar as shown
in Fig. 4-8. We assume that the transmit and receive antennas are collocated, forming a
monostatic radar, and are pointed such that the pattern maxima are directed toward the
target. The power density incident on the target is then

_ P _ PiAe
A7R2 ' 2R2

where (4-27) and (4-31) were used. The power intercepted by the target is proportional to
the incident power density, so

i

(4-61)

P =08 (4-62)

where the proportionality constant o is the radar cross section RCS (m?) and is the
equivalent area of the target based on the target reradiating the incident power iso-
tropically. Although the incident power P is not really scattered isotropically, we are only
concerned about the power scattered in the direction of the receiver and can assume the
target scatters isotropically. Because P’ appears to be scattered isotropically, the power
density arriving at the receiver is

S Pi

The power available at the receiver from (4-32) is
P, =A,S (4-64)
Combining the above four equations gives

oS! Ao 0

P, =4, 0> —
“4nR? " 47R* )2

(4-65)

which is referred to as the radar equation. Using (4-27), we can rewrite this equation in a
convenient form as

2*G,G
P= P >3I;fj (4-66)
™

This is a basic form of the radar range equation adequate for continuous wave (CW)
radars. If the transmitting and receiving antennas are the same antenna, as is usually the
case, G,.G, = G

Combining (4-62) and (4-63) forms a definition of radar cross section, o:

4RSS
=—g

o

R Figure 4-8 Radar example.

o R>>>] (4-67)
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This is the ratio of 47 times the radiation intensity R2S in the receiver direction, to the
incident power density from the transmitter direction. The multiplication by R> makes o
independent of range. This is because the scattered power varies inversely with R?
whereas the incident field is evaluated at the target.

Radar cross section for complex shaped scattering objects is a function of many
variables, including incidence angle, scattering angle, frequency, polarization, and
material composition. Some examples of these are in Sec. 16.16. The RCS does not bear
either a direct or a simple relationship to the physical size of the radar target.

EXAMPLE 4-9 Range of a Monostatic Radar

Police radars are typically simple low-power CW Doppler radars that operate approximately at
either 10, 24, or 35 GHz. Consider a police radar unit with the following parameters. The
transmitter employs a Gunn-effect diode with a maximum output of 50 mW. The receiver
employs low-noise Schottky barrier mixer diodes and requires a minimum received power of
—120 dBm for proper detection. The antenna is a CP conical horn of 2.5 in. diameter with a
gain of 23 dB and a HP of 12°. An example motor vehicle has a RCS of 100 m?. What is the
maximum range of this radar for measuring the speed of the motor vehicle? From (4-66)

22 % N % 5\2 5
Re P 20T _ (50 1075 Q8 X102P @ X 1097(107)
(4m)°P, (4m)(10719)

= 1.59km

In this case the maximum range for speed measurement is slightly less than one mile, which is
typical for this class of radar equipment.

4.7 ANTENNAS AS UNINTENTIONAL RADIATORS

A time-varying current on a conductor will radiate. This book is mostly concerned with
conductors that facilitate either transmitted RF radiation or received RF radiation. We
refer to these conductors as antennas, implying they radiate and/or receive intended
electromagnetic fields. However, there are also unintended electromagnetic fields that
have the potential to cause electromagnetic interference or EMI. The study of EMI, its
causes and its cures, is the field of electromagnetic compatibility (EMC).

Of particular interest in the 21st century are digital devices. The electromagnetic fields
emitted by a digital electronic device are required by government regulation to be below a
specified minimum level at a specified distance from the device. This sets emission limits.
The device is also required to not be susceptible to performance degradation from
exposure to unwanted electromagnetic fields. This determines susceptibility limits.

EMC has become more and more important as the result of three technological trends.
First, faster processor speeds dictate that pulse rise times are shorter. This increases the
energy content at increasingly higher frequencies which emit over larger distances. (Recall
that displacement current is proportional to frequency). Second, solid state digital logic
and signal processing circuits utilize low threshold voltages, making them susceptible
to EMI. Third, physical equipment is largely built of plastic-type material, thereby
decreasing the shielding inherent in the equipment itself compared to a metal case.

Electronic equipment cannot be sold unless they meet certain regulatory emission and
susceptibility standards. The most cost-effective way to meet these standards is to
incorporate principles in the design process that frustrate unwanted radiation and
unwanted reception. An understanding of antennas is essential to this process so that
costly post-design “fixes” are not required. Some examples of things to be avoided are
shown in Fig. 4-9, which shows examples of unintentional antenna elements.
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Figure 4-9 Examples of unintentional radiating elements.

An example from Paul [8] illustrates the difficulty caused by a small, unintentional
current loop on a printed circuit board (PCB). Consider a 1 cm by 1 cm current loop on a
PCB carrying a current of 100 mA at a frequency of 50 MHz. At the standard FCC Class
B measurement distance of 3 m, the maximum value of the electric field from this current
loop is 40.8 dBpV/m. The FCC Class B limit at this frequency is 40.8 dBuV/m. Thus,
an electronic product containing a current loop such as this one would fail to comply with
the FCC limit and could not be sold. The PCB designer with knowledge of antennas
would know how to avoid having such a current loop in his design. (See Prob. 4.7-2.)

In the performance of emission measurements, a receiver such as a spectrum analyzer,
a network analyzer, or an RF voltmeter is used. Its reading at a particular frequency
will be in terms of microvolts usually expressed in units of dBpV (decibels above
1 microvolt). What is needed, however, is the value of the electric field, E', present at the
measuring antenna because regulatory requirements are expressed in terms of E'.
The relationship between the antenna terminal voltage, V;, and E' is expressed in (4-13)
by the antenna factor, K. Antenna factor is used to quantify the emission and suscepti-
bility of equipment to stray fields (i.e., interference). For emission testing, a probe
antenna with known antenna factor receives the signal from a device under test (DUT)
when transmitting at rated power output. The probe is oriented for maximum response.
Calibrated antenna factor data is usually supplied with the measurement antenna because
analytical determination of the antenna factor (or vector effective length) for most
antennas is not easy. Typically, calibrated probe data is provided from 30 MHz to 1 GHz
(see Sec. 7.9). In general, the spectrum analyzer voltage, V,, from (4-13) expressed in dB
form and including cable loss, L, is (also see Sec. 13.5)
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V,(dBpV) = V. (dBpV) — L.(dB) = E'(dBuVm ') — K(dBm ') — L.(dB)  (4-68)

EXAMPLE 4-10 Antenna Factor Used in EMC Testing

An electronic device emits an unwanted electric field at 100 MHz that produces a voltage at
the terminals of an EMC measuring antenna. The strength of the electric field at the surface
of the antenna is the FCC Class B limit of 43.5 dBpV/m, or E' = 149.62 pV/m, measured at
the standard distance of 3 m from the device under test (DUT). The antenna factor of the
antenna, as supplied by the antenna manufacturer, is 14 dBm™'. The antenna is connected to a
spectrum analyzer by 25 feet of RG-58U coaxial cable that has 4.5 dB of loss per 100 feet.
What is the voltage reading of the spectrum analyzer?
The voltage at the antenna terminals is found using (4-68) as

V,(dBpV) = E'(dBpVm™!) — K(dBm™!) — L.(dB) = 43.5 — 14 — 25 X 4.5/100
= 28.375dBpV
Thus, this electronic device needs to have its emission level reduced such that the voltage

reading at the spectrum analyzer is reduced below 28.375 dBuV in order to satisfy the FCC
requirement and have a margin of safety to allow for various uncertainties.
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PROBLEMS

4.2-1 Vector effective length of a small loop antenna (a) Derive the following vector effective
length expression starting with (3-49).

h = —jBuNS sin 6 b

for a small loop antenna oriented in the xy-plane with N turns, effective relative permeability
Iers» and area S of a single turn. (b) Find an expression for the ratio of the effective length of a
small loop antenna to that for a short dipole antenna. (c) Evaluate the expression in (b) for the
case of a single-turn loop of 0.3 m in diameter and a short dipole 0.3 m in length, both
operating at 1.5 MHz. Comment on the results.

4.2-2 A ferrite rod antenna has 22 wire turns wound on a ferrite core with p = 38
and diameter 1.17 cm. Evaluate the effective length (maximum) using the expression in
Prob. 4.2-1a at 1 MHz.



126 Chapter 4 System Applications for Antennas

4.2-3 (a) Use (4-8) and (4-10) to derive a general expression for A.p. (b) Show that the
expression reduces to (4-12) for a conjugate match.

4.2-4 (a) Write an equation in dB form for antenna factor based on (4-13), and (b) Use the
formula to calculate the antenna factor value in dB/m of a receiving antenna connected to a
spectrum analyzer by a cable with 8 dB loss. The voltage measured at the spectrum analyzer
(with a 50-Ohm input impedance) is 40 dBpV. The incident wave is matched to the antenna
and has an intensity of 60 dBpV/m.

4.3-1 An Earth-based radiometer has an antenna beamwidth of HP = 0.079° that when
centered on Mars measures an antenna temperature of 0.8 K at 9.5 GHz. Mars appears as a
circular disk subtending an angle of 0.005°. Find the equivalent source temperature of Mars.
4.3-2 The main beam of an antenna with directivity of 40 dB is aimed and centered on the sun,
which subtends an angle of 0.5°. Calculate the contribution to antenna temperature from the
sun at 12 GHz, where the noise temperature of the sun is about 6,000 K.

4.3-3 Calculate the noise power in dBW out of an antenna at 5 GHz in a bandwidth of
1.5 MHz for the limiting conditions of elevation angles of 0° and 90°.

4.4-1 Derive an expression for the maximum effective aperture for an isotropic antenna.
Compare to that for a short dipole.

4.4-2 (a) Derive an expression for antenna effective length based on (4-12) that uses direc-
tivity instead of maximum effective aperture. Note that antenna ohmic losses are included by
using gain in place of directivity. (b) Evaluate the expression for an ideal dipole. (c) Evaluate
the effective length of a half-wave dipole at 100 MHz. Compare to the actual physical length.
4.4-3 (a) Find the effective aperture expression in terms of A* for a lossless isotropic antenna.
(b) Repeat (a) for a short dipole and compare to the Example 4.2 result. (c) Repeat (a) for a
half-wave dipole. (d) Evaluate the effective aperture for a half-wave dipole at 100 MHz and
compare to its physical area assuming a 3-mm wire diameter.

4.4-4 Calculate the beam solid angle €24 for an ideal dipole in steradians (square radians) and
in square degrees. Use the fact that Aey, = 0.119 2 for an ideal dipole.

4.4-5 Suppose a transmitting antenna produces a maximum far-zone electric field in a certain

direction given by E =90 [¢ i where [ is the peak value of the terminal current. The input
resistance of the lossless antenna is 50 €2. Find the maximum effective aperture of the antenna,
Aem. Your answer will be a number times wavelength squared.

4.4-6 A parabolic reflector antenna with a circular aperture of 3.66-m diameter has a 6.30 m?
effective aperture area. Compute the gain in dB at 11.7 GHz.

4.4-7 The effective aperture of a 1.22-m diameter parabolic reflector antenna is 55% of the
physical aperture area. Compute the gain in dB at 20 GHz.

4.4-8 Compute the gain in dB of 0.3-m circular diameter aperture antennas with 70% aperture
efficiency at 5, 10, and 20 GHz. This problem approximates the performance of a small sat-
ellite earth terminal antenna over the range of commonly used frequencies and quantifies the
frequency dependence of gain for a fixed aperture size.

4.4-9 Derive the dB form of the power transmission equation (4-34) from (4-33).

4.4-10 Write a power transfer equation similar to (4-34) but with distance R in units of miles.
4.4-11 An FM broadcast radio station has a 2-dB gain antenna system and 100 kW of transmit
power. Calculate the effective isotropically radiated power in kW.

4.4-12 Derive a power transfer equation in a form involving the effective isotropically radi-
ated power of the transmitter, the effective aperture of the receiving antenna, and free space
spreading loss, 1/47R2. Start with (4-33).

4.4-13 Calculate the received power in watts for the DBS system of Example 4-4 using (4-33).
4.4-14 A 150-MHz VHF transmitter delivers 20 W into an antenna with 10 dB gain. Compute
the power in W available from a 3-dB gain receiving antenna 50 km away.

4.4-15 We wish to examine the received power on communication links with the same
terminal separation distance but with different terminal configurations. Examine the ratio of
the received to transmitted power, P, /P;, for a basic communication link to extract the fre-
quency dependence for the following terminal antenna conditions: (a) Both have constant gain
with frequency. (b) A constant-gain transmit antenna and a constant effective-aperture receive
antenna. (c) Both have constant effective aperture.

4.4-16 Derive (4-39) using (4-41a).
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4.4-17 A transmitting antenna is not matched to the impedance of a connecting transmission
line. The radiation intensity, or equivalently the power density at a fixed distance, is reduced
from the perfect impedance match case. Compute this reduction in dB for mismatch situations
that produce VSWR values on the transmission line of 1.01, 1.2, 2, and 10. Also calculate the
return losses.
4.4-18 Find the complex-valued unit vector for a right-hand elliptically polarized wave with
an axial ratio of 2dB and tilt angle 7 = 45°. Then compute the polarization efficiency for
receiving antennas with the following polarizations: (a) Horizontal linear. (b) Vertical linear.
(c) Right-hand circular. (d) Left-hand circular. (e) Right-hand elliptical with AR =2 dB and
7 = 45°. (f) Left-hand elliptical with AR = 2dB and 7 = 135°.
4.5-1 A low Earth orbit (LEO) satellite system transmits at 1.62 GHz using a 29-dB gain
antenna with spot beams directed toward users on the Earth that are a maximum of 1500 km
away. Find the required satellite transmit power in order for the power received by a user at the
maximum distance to be at least —100 dBm if the user has a 1-dB gain antenna directed toward
the satellite.
4.5-2 A cellular telephone base station transmitter at 850 MHz delivers 20 W into a 10-dB
gain antenna. Compute the power in W available from a 3-dB gain mobile receiving antenna
20km away assuming free space propagation conditions.
4.5-3 This problem compares the performance of the wireless system of Prob. 4.4-14 to wire
line systems using coaxial and fiber optic cables.
(a) Compute the coaxial cable loss in dB for the 50 km distance using an attenuation of
0.1 dB/m.
(b) What is the net loss for the wireless system of Prob. 4.4-14; that is, find the net loss
between the transmit and receive antenna input ports.
(c) Would repeater amplifiers be necessary in the cable system?
(d) Repeat (a) and (b) for the case of a 500-m path length.
(e) Repeat (a) and (b) for a 500-m path at 300 MHz for a cable attenuation of 0.14 dB/m.
The antenna gains are the same.
(f) Compute the loss in dB for distances of 50 km and 500 m of a fiber optic cable with an
attenuation of 1dB/km.
(g) Tabulate numerical results.
4.5-4 A pager receiver operating at 152.65 MHz uses a loop antenna constructed of a copper
band with rectangular cross-section 3.65 mm X 0.70 mm in a single turn that is 41.6 mm long
and 13 mm wide. (a) Compute the radiation efficiency. (b) Compute the effective aperture after
first finding the gain. (c) Compute the power output from the antenna for an input electric field
intensity of 13 uV/m.
4.5-5 Perform the calculations for the forward link of Example 4-8 also for operation at
1900 MHz. Assume the base station transmits 20 W and the handheld terminal has an antenna
temperature of 290 K and a receiver input noise temperature of 1500 K. Assume the transmit
antenna is impedance matched to its transmission line.
4.6-1 A monostatic radar detects a 10 m? target at a range of 266.4 km. It transmits 100 kW ata
frequency of 3 GHz. The antenna gain is 40 dB and the received power is —100 dBm or 10~ *W.
At what range would a stealthy target with an RCS of —30 stm(10’3m2) be detected?
4.7-1 The voltage, V;, induced at the terminals of an antenna is 0.2 V for every V/m of the
incident electric field. What voltage level in dBpV at the base of the antenna would correspond
to the FCC Class B limit of 43.5 dBpV/m for the incident electric field at 144 MHz?
4.7-2 Suggest two ways to reduce the radiated emission level of the 1 cm by 1 cm loop dis-
cussed in the Sec. 4.7.
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Line Sources

The line source has been introduced in Sec. 2.4.4. It was called a line current. It can also
be thought of as a current filament. It is not an actual antenna, but it can be used to model
many antennas, and this is the motivation for studying it here. For example, consider the
4] by 2 aperture in Fig. 5-1, where an electric field is directed across the narrow
dimension of the aperture, and there is a cosine variation across the wide dimension. What
are the side lobe levels in the E-plane and in the H-plane, and what are the half-power
beamwidths in both of these principal planes? The material in this chapter will enable us
to easily answer these questions concerning the radiation pattern.

5.1 THE UNIFORM LINE SOURCE

128

We begin our discussion of line sources by considering an important special case, that of
the uniform line source. A uniform line source has a current distribution with uniform
amplitude and linear phase progression given by

. L, L
Leh? 2 << Z
1(7) = 2 2 (5-1)

0 elsewhere
where (3, is the phase shift per unit length along the line source. The free space wave

number, (3, and the guided wave number, (3,, are usually not the same, although they
can be.

b ————

Figure 5-1 Rectangular aperture with a cosine electric field distribution.
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The unnormalized pattern factor of the uniform line source is

L/2 . :
fli) = [ G g =11 T (52)

where
u=(Bcos+ ﬂo)g (5-3)

The evaluation of (5-2) is similar to that given in (2-110) for a broadside uniform line
source.
It is convenient to introduce an angle 6, (see Prob. 5.4-1) such that

8, = —0 cosb, (5-4)
Then (5-3) becomes
u= % (cos @ — cos b,) (5-5)

The far-zone electric field from (2-106) and (5-2) is

Jwpe 0" sinu

Ey I,L sinf—— (5-6)
Arr u

The pattern factor of this uniform line source field expression is

sin u

flu) =— (5-7)

u

The pattern factor is shown in Fig. 5-2 without using absolute values. The maximum
occurs for u = 0 and is unity (0 dB) there. The nulls occur at multiples of 7 and are
separated by , except for the beamwidth between first nulls, which is 2.

sin u

fuy==~

0.6

0.4

_4717\_/—1371' —ZH\/E 717\/271: 3 A
_02 I

Figure 5-2 Pattern factor of the uniform line source of length L and u = (8L/2) cos®.
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The half-power beamwidth of the uniform line source pattern factor is found from
solving

1 sin ugp
i 5-8
\/E Uunp ( )
The solutions to this are ugp = *1.39. Then from (5-5)
Oup = cos ™! iu +cosf, | =cos™!( *0.443 & + cos 6 (5-9)
HP BL HP 0 —V. 2 [

The plus sign corresponds to the half-power point on the right of the main beam maxi-
mum and the minus sign to the left half-power point. So from (2-126),

HP = |0p et — Oup right|

cos ™! (—0.443 % + cos 90> —cos ! (0.443 %+ cos 60> ’ (5-10)

This formula is general but useful only when both half-power points appear in the visible
region (0=6=180°), which in turn requires that the arguments of the arccosines in
(5-10) are between —1 and +1. For a broadside uniform line source, 8, = 90° and (5-10)
reduces to (see Prob. 5.1-1)

A
HP =2 sin”! (0.443 Z) (6, = 90°) (5-11)
For long (L>> ) line sources, this is approximately

p ”
HP ~ 0.886 7 rad = 50.8 % degrees (6, = 90°) (5-12)

since sin ~'(x) ~ x for x < 1. For an endfire uniform line source, only one half-power
point appears in the visible region and then

Y
HP =2 cos™! (1 —0.443 Z) (6, = 0° or 180°) (5-13)

For long (L>> ) line sources, this may be approximated (see Prob. 5.1-2) as

A
HP ~21/0.886 7rad  (0,=0" or 180°) (5-14)

Since (5-14) leads to wider beamwidths than does (5-12), we conclude that beamwidth
increases as the pattern is scanned away from broadside (see Fig. 5-4).

The half-power beamwidth expression HP = 0.886(4/L) for the broadside uniform line
source was developed using two approximations. The effect of the element factor sin § was
neglected, and also it was assumed that the line source was long. With a few examples,
we can see how these approximations affect the beamwidth. In Table 5-1, half-power
beamwidth values for three uniform line sources are presented for various levels of
approximation. The first column is the HP found from the complete pattern expression

sin [(BL/2) cos )
(BL/2) cosb

F(6) = sin6 (6, = 90°) (5-15)
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Table 5-1 Half-Power Beamwidth Evaluation for Broadside Uniform
Line Sources

Value from
Exact Value from Pattern Factor Value from
Length  Complete Pattern F __sinu _ A
I of (5-15) f= ” HP = 0.886 17
24 24.766° 25.591° 25.382°
52 10.112° 10.166° 10.153°
104 5.071° 5.080° 5.076°

The third column is the HP obtained from only the pattern factor of (5-7). The last column is
that of (5-12). Note that even for five wavelengths, all values are in very close agreement. We
can also see that as the length increases, the approximations; improve.

The largest side lobe is the first one (i.e., the one closest to the main beam). The side
lobe maxima locations are found by differentiating (5-7) and setting it equal to zero. This
leads to

Usy, = tan usy, (5-16)

The intersections of the straight-line curve ug; with the curve tan ugy, give the side lobe
maximum locations (the main beam maximum is at ug;, = 0). The first side lobe maximum
occurs for usy,, = *=1.437 This is not precisely midway between the pattern nulls at 7 and
27. The side lobe maxima are slightly closer to the main beam than midway between their
nulls. Evaluating (5-7) at the first side lobe maximum location gives 0.217 or —13.3 dB.

The polar plot of the pattern factor of a uniform line source can be obtained graphi-
cally from a universal pattern factor. The uniform line source universal pattern factor
is shown in Fig. 5-3a. It is used for all source lengths L and scan angles 6,. A typical case
is shown in Fig. 5-3b. The transformation (5-5) between u and 6 is illustrated graphically
by the dashed lines. Pattern values for a given value of 6 can be found from the universal
pattern factor using this graphical transformation. The radius of the circle used in the
transformation is GL/2 and its origin is at the value of u equal to —(8L/2) cos6,,.

As an example, consider a three-wavelength uniform line source. The universal pattern
factor is shown in Fig. 5-4a. The polar plot for the broadside case is illustrated in
Fig. 5-4b. The pattern factor for a main beam maximum angle of 45° is polar-plotted
in Fig. 5-4c. The endfire case is shown in Fig. 5-4d. Notice that the main beam (and also
the side lobes) widen near endfire, as pointed out earlier. The current distributions
required to produce those patterns are shown in Fig. 5-5. The amplitudes are constant in
all cases, as illustrated in Fig. 5-5a. The required linear phase distributions for main beam
scanning are depicted in Fig. 5-5b.

The effects of the element factor on the total pattern are shown in Fig. 5-6 for the
three-wavelength uniform line source. In the broadside case of Fig. 5-6a, the element
factor has a relatively minor effect. However, in the endfire case of Fig. 5-6b where the
pattern factor alone produces a single endfire beam, the element factor effect on the total
pattern produces a null in the endfire direction, thus bifurcating the main beam.

Next, we consider the directivity of the uniform line source. The directivity can be
found easily if the element factor is assumed to have a negligible effect on the pattern.
Then, we can work with the pattern factor f alone. First, the beam solid angle is from

(2-142) and (5-7):
21
w-,
0 0

2

S §in g d6 do (5-17)
u
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| F(u) 1= | sin u |
1.0

—-6nr -5t —4n 3x 2r -m O n 2 3m 4m  S¢m

(a) Universal pattern factor.

DR |
2 L L

— 5 cos 0, 5 (cos 0 —cos 0,)

(b) Polar plot of pattern factor for L = 4.

Figure 5-3 Illustration of obtaining a polar plot from the universal factor of a uniform line
source.

with the element factor g set to unity. If we change the 6 integration variable to u as given
by (5-3), then du = —(L/2) sin0df and (5-17) becomes

27 (=B+B,)L/2 sin u du
=[]
A (B+8,)L)2 w2 —(BL/2)

(Bo+B)L/2
:2_/ smzudu
L) @,-prp u

(5-18)
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1f () 1= | Sin i |
1.0

-6 —Stw —4nm 37 2 -m O T 2r 3m  4n 5S¢

(a) Universal pattern factor.

6,=90°

(b) Polar plot of pattern factor for 3, L/2 = 0, (6,= 90°).

0,=45°

(¢) Polar plot of pattern factor for 5, L/2 = —2.127, (6, = 45°).

(d) Polar plot of pattern factor for 5, L/2 =—f L/2 =-3r, (6,=0°).

Figure 5-4 Pattern factors for a three-wavelength long (L = 3) uniform line source for
various scan conditions.
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(a) Current amplitude distribution.
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(b) Current phase distributions.

Figure 5-5 Current distributions for the three-wavelength uniform line source patterns of
Fig. 5-4.

The evaluation of this expression for the general case is discussed in Prob. 5.1-7. For the
broadside case (5, = 0), the limits on the integral are —3L/2 to SL/2. If further L>> 4,
then BL/2>>1 and we approximate the limits as — oo to + oo, and if we use (F-12), the
definite integral has a value of 7. Thus, 4 &~ 2An/L and D = 47/, yields

L
D,=2- (broadside, L > 1) (5-19)
A

where the subscript u indicates a uniform line source. For the endfire case (5, = *£), the
integral limits are 0 and SL/2 that are approximated as 0 and co when L>> A; this yields a
value of 7/2 for the integral. So, Q4 ~ A7/L and

D, = 4% (endfire, L > 1) (5-20)

The uniform line source exhibits the most directivity that can be obtained from a linear
phase source of fixed length. Other current distributions will yield lower directivities as
will be shown in the next section.

From the beamwidth and directivity relationships presented here for the uniform line
source, we can begin to get a feel for the pattern changes as a function of source length
and scan angle. First, consider the pattern factor alone. As the length increases, the
beamwidth decreases and the directivity increases. The side lobe level (if the line source
is long enough for the first side lobe maximum to be visible) remains constant with
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Element Pattern Total
factor factor pattern
() =sin6 (C)) F(0)

Il
™

()4
C

(a) Broadside case (6, = 90°, f3, = 0). Pattern factor is from Fig. 5-4b.

(b) Endfire case (6, = 0°, ,L/2 =—3r). Pattern factor is from Fig. 5-4d.

Figure 5-6 Total patterns for a three-wavelength uniform line source.

length variations; it is always —13.3dB for a uniform line source. For a scanned line
source, the beamwidth increases as the main beam is scanned away from broadside.
However, the total main beam volume (obtained by rotating the E-plane pattern about
thez-axis) decreases and, consequently, {24 decreases, which in turn leads to an increase
in directivity. The beamwidth and directivity change slowly for scan angles near
broadside but change rapidly near endfire. The complete pattern must include the ele-
ment factor effects. For long sources (L>> 1), the pattern factor f(6) has a much nar-
rower pattern than the element factor g(f) = sin @ and the total pattern obtained from
g(0) f(0) is closely approximated by f(6). The side lobe level, beamwidth, and direc-
tivity values are then accurately determined from the pattern factor f(6) alone, except
near endfire where the element factor becomes significant since it forces the total pattern
to zero in the # = 0 and 180° directions, as illustrated in Fig. 5-6b.

EXAMPLE 5-1 Plane Wave Incident on a Slit

A simple physical example of a uniform line source is a long narrow slit in a good conductor
that has a uniform plane wave incident on it, as illustrated in Fig. 5-7. Phase fronts (planes of
constant phase) are indicated by the parallel lines. In Fig. 5-7a, the wave is normally incident
on the slit. Thus, the slit has a uniform amplitude excitation and also has uniform phase since
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Y
|

(@) Broadside case: 6, = 90° and 3, = —fcos 90° = 0.

(b) Intermediate case: 3, = —f3 cos 6,.

/-_\
—_— I/'\

source: an infinitely long slit of width L in a
good conductor illuminated by a uniform
plane wave from the left.

e I Figure 5-7 Example of a uniform line

(c) Endfire case: 6, = 0 and 3, = —f.

the phase fronts are parallel to the slit. The slit then behaves as a uniform line source with
uniform phase across it. This equivalence of a field distribution to a current distribution will
be discussed further in Sec. 9.1. It is obvious, however, that the maximum radiation on the
right-hand side of the slit will be primarily in the direction of propagation of the incident wave
coming from the left, that is, 8, = 90°. For a line source, the phase shift, along the source
is related to the direction of maximum radiation 6, by 3, = —( cos 6,, where in this case 3 is
the phase constant of the incident plane wave. Since 6, = 90°, 3, = —(3 c0s90° = 0. This
says that there is no phase shift along the slit. We already observed that this must be true for a
plane wave normally incident on the slit.
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If the direction of propagation of the plane wave makes an angle 6, with the slit plane, there
will be a phase shift along the slit due to different arrival times of the wave. In fact; this phase
shift is given by (3,7, where 3, is the phase shift per meter along the slit and we have assumed
zero phase at 7/ = 0. But the phase shifts 5 rad/m in the direction of propagation, so the phase
shift for distance Ar along the direction of propagation is A¢ = —(3 Ar (since the wave
propagates as e ”"). The same phase shift is encountered in the distance Az along the slit, or
A¢ = B, Az (see Fig. 5-7b). But Ar = Az cos6,, and since the phase shifts are equal, we
have A¢ = -3 Az cosf, = (8, Az. Thus, 5, = —(3 cosf, as given by (5-4), which was
then a convenient definition. It is obvious from Fig. 5-7b that the maximum radiation from the
slit or its equivalent line source will occur in the direction of propagation of the wave 6§ = 6,.

In Fig. 5-7¢ the incident wave is traveling parallel to the slit. The phase shift per meter along
the slit is obviously equal to the negative of the wave phase constant. This also follows from
B, = —Bcosb, = —( for 6, = 0°. The radiated wave on the right side is endfire in this case.

5.2 TAPERED LINE SOURCES

Many antennas that can be modeled by line sources are designed to have tapered dis-
tributions. This is because if the current amplitude decreases toward the ends of a line
source, the pattern side lobes are lowered and the main beam widens. In many applica-
tions, low side lobes are necessary and a wider main beam is accepted as a consequence.
This tradeoff between side lobe level and half-power beamwidth is a major consideration
to the antenna engineer.

As an example, consider a current distribution with the so-called cosine taper, where

|~

Y . / L

I, — |t << 2

1Z)=4"“"\L° ) (5-21)
0 elsewhere

The shape of this current distribution is plotted in Fig. 5-8a. The unnormalized pattern
factor is then found as follows:

L/2 T » /
fun(e) = Io/ cos (_Z/)e/(d cos 0+03,)7 dZI
L/2 L

_ _0/ [ej(ﬂ/L+H cos 0+,)7 + e—j(ﬂ/L—ﬁ cos 9—/30)zl}dzl
2)

1 ej(fr/L+ﬂ cos (7+ﬂo)z/ e*j(ﬂ'/Lfﬂ cos 97{10)1/ L2
= +— 5-22
2 [f /Lt Beos0 48t gL pesi 5] P
Evaluating the above expression leads to
2L cos (B cosd+ (3,)L/2
Jun(0) =1, — ( L/ ]2 (5-23)
T 1—[(Bcosb+ 3,)L/n]
Using 5, = —( cos 6, as in (5-4) and normalizing such that the pattern factor is unity for
0 =0, gives
cos [(BL/2(cosf — cos b,

1= [(BL/m)(cos 0 — cos )]
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(a) Current distribution amplitude.
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(b) Pattern Factor.

Figure 5-8 Current distribution and pattern factor for a cosine-tapered line source.

This pattern can be written in terms of u using (5-5) as

_ cosu
1 — (2u/n)?

This pattern is plotted in Fig. 5-8b. Compare the side lobe level to that of Fig. 5-12a for the
uniform line source.

The side lobe level for the cosine-tapered line source is —23.0dB and the beamwidth
is given by

f(u) (5-25)

3 )
HP ~ 1.19 I rad = 68.2 % degrees (5-26)

for the broadside case. The side lobe level is 10dB lower and the beamwidth is 38%
greater than a uniform line source of the same length. Although the side lobes are reduced
from those of the uniform line source, the main beam widening leads to smaller direc-
tivity than obtained from a uniform line source. The ratio D/D, is used to compare the
directivity of a tapered line source to that of a uniform line source of the same length. For
the cosine taper, D/D,, = 0.810. The actual directivity D from (5-19) is then

L
D =0.810D, = 1.620 7 (broadside, L > 1) (5-27)
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Figure 5-9 Pattern factor of a triangular tapered line source.
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If the current amplitude taper is increased as in the case of a cosine-squared taper, the side
lobes are reduced even more and the beamwidth is further widened. The pattern parameters
of the cosine-squared case, as well as many other important cases, are summarized in
Table 5-2 [1; H.6: Hansen, Vol. I, Chap. 1; H.3: Silver, p. 187].

As a further example, consider the triangular current taper given in Table 5-2a. The
pattern (sin u/u)2 is the square of the uniform line source pattern. This property is
apparent when the pattern of Fig. 5-9 for the triangular line source is compared to that of
the uniform line source in Fig. 5-2. The first nulls of the triangular line source are twice as
far out as for the uniform line source pattern. Thus, the beamwidth between first nulls is
twice as large. The half-power beamwidth is 44% larger (from 0.8864/L to 1.284/L).
Also, the side lobes of the triangular line source are twice as wide in the variable u and the
side lobe level in decibels is twice as small, —13.3dB for the uniform line source and
—26.6dB for the triangular line source. The directivity (from Table 5-2a) is 75% of the
uniform line source value.

From Table 5-2, we can generalize and make some statements about current amplitude
distributions and their influence on the far-field pattern. We assume that the current is of
constant phase. As the taper of the current amplitude from the center to the edges of a line
source becomes more severe, the side lobes decrease and the beamwidth increases.
Consequently, the directivity decreases. There is then a tradeoff between the side lobe
level and the beamwidth. The antenna engineer must decide on a compromise between
beamwidth and side lobe level for each specific design problem.

EXAMPLE 5-2 A Cosine Tapered Rectangular Aperture

Consider the aperture in Fig. 5-1. Determine the side lobe level in the E- and H-planes. Also
determine the half-power beamwidths (HP).

First we note that the electric field distribution is that of a cosine in the x-direction. In the
y-direction, the distribution is uniform because the electric field lines are lines of uniform
intensity. Consulting Table 5-2, we see that the cosine distribution in the H-plane gives a
—23dB side lobe level and the uniform distribution in the E-plane gives a —13.3dB side lobe
level. The side lobe levels are independent of aperture size and depend only on the distribution
of the electric field in the aperture.

Again from Table 5-2, the HP in the H-plane is 1.19/4 = 0.3 rad or 17°. In the E-plane, the
HP is 0.886/2 = 0.443 rad or 25.4°. The half-power beamwidths depend on both the aperture
size and the aperture distribution.
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Table 5-2 Characteristics of Tapered Line Source Distributions

a. Triangular taper

1(2)
2 L
I(Z):l_z|z| |Z|5§ 1.0
2
| sin(u/2)
L L ‘
2 0 2
Side Lobe Level
HP (rad) (dB) D/D,
1.28(4/L) —26.6 0.75
b. Cosine tapers [
L 1.0 2 n= (l)
I — n| % =_ n=
(z) = cos Iz| 5 - n=2
O .
[ | z
cosu L L
u n=1 ) 5
) = uyay? ? ’
1 sin u
u) = — n=2
T = gy
Side Lobe Level
n HP (rad) (dB) D/D, Type
0 0.886 % —13.3 1.00 Uniform line source
1 1.19 % —-23.0 0.810 Cosine taper
2 1.44 % —31.7 0.667 Cosine-squared taper
1(2)

c. Cosine on a pedestal
I2)=C+(1-0C) cos%

sin u 2
. C_u +(1- C);—1 - (2u/7r)2
flu) )

C+(1- C);

cosu
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Table 5-2 Continued

Edge Illumination

—201log C Side Lobe Level

c (dB) HP (rad) (dB) D/D,

0.3162 —-10 103 A -20 0.92
L

0.1778 —15 108 4 -22 0.88
L

— ) — )
0 o0 119 “ 23 0.81

Note 1: The pattern expressions are valid for any value of u = (8L/2)(cos 8 — cos6,). However, the half-power
beamwidth values and directivities are approximations for broadside line sources 6, = 90° and u = (3L/2) cos 6) and
L7 D D_L
Note 2: The directivity for each line source is found from the ratio D/D, as D = —D, = —27 for broadside line
sources with L>> /. D, Dy 2

Note 3: The element factor sin § has been neglected in the calculations leading to the values in this table. For long,
broadside line sources, its effect is minimal at or near broadside.

Feed (slotted waveguide)

Cylindrical
parabolic surface

Figure 5-10 Parabolic cylindrical reflector with x-polarized feed along the axis of the
cylinder.

EXAMPLE 5-3 A Cylindrical Parabolic Reflector Antenna

A cylindrical parabolic reflector antenna (see Fig. 5-10) can be modeled by line sources.
Suppose the parabolic surface is 101 across at the edges of the reflector (i.e., the aperture) in
Fig. 5-10 and that the field distribution in the aperture in the y-direction is that of a cosine on a
pedestal with —15dB edge illumination. Then from Table 5-2c, the half-power beamwidth is

HP = 1.084/L = 0.108 rad = 6.2°

and the side lobe level is —22 dB. Fig. 16-21 shows a pattern calculated via a one-
dimensional aperture integration for an aperture distribution that is nearly a cosine on
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a pedestal (Fig. 16-22). It has —22 dB side lobes and a half-power beamwidth of 6.2° in
the H-plane. There is no E-plane data because the antenna in Sec. 16.6 is infinite in the
x-direction (i.e., a two-dimensional rather than a three-dimensional problem). Suppose,
however, that the antenna is also 104 in the x-direction (E-plane), as implied by Fig. 5-10,
and the aperture distribution is uniform in the E-plane. The E-plane pattern would then be
modeled by a uniform line source. Aperture directivity can be calculated from line source
formulas if the principal plane distributions are separable; see (9-86). Much more will be
said about aperture antennas in Chap. 9, where, as in this example, linesource results will
play an important role.

5.3 FOURIER TRANSFORM RELATIONS BETWEEN THE FAR-FIELD
PATTERN AND THE SOURCE DISTRIBUTION

The far-field pattern and its (nonperiodic) source distribution form a Founer transform
pair. To see this, consider (2-103) and (2-106) where 1(z') = |[I(Z)|e/?? and write

L/2 )
Fun(6) = sin 6 / L 2)|e/P cos0+50) g/ (5-28)
or
Fu (6 L2 4 .
fult) =" 3= | N et (5-29)

where once again, the element pattern sin 6 has been absorbed into the far field of the line
source. Thus, f,,(0) can be viewed as the far field of a line source in which the element
pattern is isotropic. Since I(z’) is zero for 7 > L/2 and z/< —L/2, the limits on (5-29)
may be extended to infinity. Thus,

@) = [ @ 0 g (5:30)

o0

which is recognized as one-half of a Fourier transform pair. The other half of the
(antenna) pair is

1

- J‘H cos @ _
e fun( e /* d( cosb) (5-31)

1(Z) =

From circuit theory, the Fourier transform (circuit) pair can be written as

70 = 5= [ glre (5-32)

o0

and

w) = [ OC f(t)e " dt (5-33)

If we let cos 8 and 37 correspond to 7 and w, respectively, then z' /A corresponds to frequency
f- The quantity 7'/ 2 is called spatial frequency with units of hertz per radian. For real values
of 6 and |cos 0| = 1, the field distribution associated with f,,,() represents radiated power,
whereas for |cos 0| > 1, it represents reactive or stored power (e.g., see Sec. 2.4.3). The
pattern fy, (), or angular spectrum, represents an angular distribution of Plane waves.
For |cos | = 1, the angular spectrum is the same as the far-field pattern f,,,(6).
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In circuit theory, a very narrow pulse (in time) has a large or wide-frequency spectrum.
To pass such a pulse through a filter requires that the filter have a wide passband. Sim-
ilarly, an antenna with a very narrow far-field pattern must pass a wide band of spatial
frequencies. That is, the antenna must be electrically large. Thus, the antenna may be
viewed as a spatial filter, a concept widely used in radiometry and radio astronomy.

Probably the greatest value in recognizing that the source and far-field function form a
Fourier transform pair is that one can utilize the vast amount of information available
on Fourier transform theory, particularly in circuit theory. For example, Table 5-3 shows
some, common Fourier transform pairs found in antenna theory. Some of these also
appear in Table 5-2 that was constructed without reliance on a knowledge of Fourier
transforms. The pairs in Table 5-3 work in either direction. That is, the source distribu-
tions and far-field patterns in Table 5-3 may be interchanged, at least theoretically. In
some cases, however, the resulting distributions are not practical as far-field patterns or as
source distributions. And finally, although our familiarity with (5-30) may imply that the
application of (5-31) is equally straightforward, it is not. Application (5-31) leads to
techniques in antenna synthesis. Antenna synthesis is discussed in Chap. 10.

5.4 FAST WAVE AND SLOW WAVE DISTRIBUTIONS

Previously in this chapter we considered the phase progression on a line source and
described it by /%7 This exponential form satisfies the frequency domain wave equation
and is therefore a mathematical description of a wave traveling along the z-axis (see
Prob. 2.2-2). The wave number, (3,, is either more or less than the free space wave
number, 8 = 27/1, depending on the properties of the actual antenna structure supporting
the wave that the line source represents. Thus, we write

Bo =21/ (5-34)

where 1, is the guided wavelength associated with a phase velocity, v, on the actual
antenna. Since v = f4, it follows that

cosf, = _Bo = A S (5-35)

I} L v
Previously in this chapter we saw that the phase progression determined the angle of
maximum radiation. Alternatively from (5-35) we see that the angle of maximum radi-
ation depends upon the ratio of the velocity of light in free space to the phase velocity on
the antenna being modeled. Thus, the current of a uniform line source may also be
expressed as

iB(c/v / L L
@) = LM -2 < <3 (5-36)

and we may classify the wave as either fast or slow according to

Fast wave, c¢/v <1

Slow wave, c¢/v>1

For a wave to be a fast wave, v must be greater than c¢. Consider a sinusoidal plane wave
incident upon a large perfectly conducting sheet. At normal incidence, the crest of a
wave strikes the sheet everywhere at the same instant, and ¢ /v is zero because v is infinite.
If the plane wave is traveling parallel to the sheet, ¢ = v and the wave is neither fast nor
slow. To have a slow wave, v must be less than ¢, which is not possible in this example
situation but is possible in some guided wave antennas such as the Yagi-Uda and axial
mode helix.
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Table 5-3 Some Common Fourier Transform Pairs
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Relative directivity, (D,/[L/A])
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Relative phase velocity, (c/v)

Figure 5-11 Relative directivity as a function of length and phase velocity.

Fig. 5-11 shows the relative directivity, D, /(L/2), of the pattern factor for 2/ and 101
line sources versus ¢/v. Note how well both curves agree with (5-19) and (5-20) even
though the 24 line source is not>> A. Also note that the directivities in both cases exceed
the endfire (¢/v = 1) directivity when the phase velocity is slowed to less than ¢. The
peak value in the curves occurs when the phase velocity is slowed such that the phase
delay along the line source exceeds that of ordinary endfire by 2.94 radians (sometimes
approximated by 7 radians for convenience). This is called the Hansen-Woodyard
increased directivity condition. We will study two antennas that adopt this condition
naturally, the Yagi-Uda in Chap. 6 and the helix in Chap. 7.

Note that the directivity in Fig. 5-11 does not include the effect of the sin # element
factor in (5-6). This is of little consequence in the broadside case as Fig. 5-6a indicates.
In the endfire case, it is of consequence if the antenna element factor is similar to sin 6.
However, in some cases the element factor may be quite different for endfire antennas
such as the Yagi-Uda and axial mode helix.

5.5 SUPERDIRECTIVE LINE SOURCES

We have seen in Table 5-2 that the maximum (ordinary) directivity from a line source occurs
when the amplitude distribution is uniform. It is, however, possible to obtain greater direc-
tivity under certain conditions that result in superdirectivity. In general, linear sources with
L > J are superdirective if the directivity is higher than that obtained using a phase distri-
bution e*/%? with |cosf,| =1 or ¢/v < 1. Thus, the Hansen-Woodyard condition of the
previous section is a superdirective condition because ¢/v > 1 implying that |cos 6, > 1.
Superdirectivity is produced by an interference process whereby the main beam is
scanned into the invisible region (see Fig. 5-12), where |u| > 7L// or |cos 6,| > 1. This
causes energy to be stored in the near field, resulting in a large antenna Q. The reactive
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Figure 5-12 Far-field patterns for a 10/ line source: The corresponding superdirective ratios
are found in Table 5-4.

power is found approximately by integrating over the invisible region and the radiated
power is found, of course, by integrating the pattern factor over the visible region (where
lul = 7wL/%). To quantify superdirectivity, a superdirective ratio Rsp may be defined as
the ratio of radiated power plus reactive power to radiated power, which for a broadside

line source is [2]
/ If (u | du

Ceal/i

(1) s

—7wL/A

Rsp (5-37)
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For other than broadside, the limits in the denominator change (see Probs. 5.5-1 and 5.5-2).

Table 5-4 Superdirectivity for a 10\
Line Source

Case Rsp
Broadside 1.01
Ordinary endfire 2.01
Hansen-Woodyard 8.03

Since the Q may be expressed as the ratio of reactive power to radiated power,

—7L/2 " o0
[ \f(u)\zdu+/ | £ ()| du

o wL/2
0=

/ ) du

—nL/A

(5-38)

Comparing the previous two equations gives Rsp ~ 1 + Q. If the line source is electri-
cally small, L < 4, the element factor sin # must be included in (5-38) to determine the
radiation Q [2].

To investigate superdirectivity for a uniform line source, the directivity can be
written as

Du x>~ RSD 27L (5-39)
Comparing (5-19) and (5-20) for long line sources, we conclude that Rsp = 1 for the
broadside line source and Rsp = 2 for the ordinary endfire line source. For a 104 line
source, this is approximately true as Table 5-4 shows. The exact values for Rgp in the table
were obtained using (5-37). Table 5-4 indicates that for the Hansen-Woodyard case,
moderate levels of superdirectivity are achievable. The value of Rsp = 2.01 for the ordi-
nary endfire case does not indicate a superdirective condition since Rsp was achieved with
the linear phase distribution %1% and |cos 8,] = 1. In the broadside case, superdirectivity
ratios even modestly greater than unity are not practical since rapid precisely controlled
variations of phase are required. Even if such rapid phase variations could be achieved in
practice, the resulting superdirectivity would not result in supergain because of a decrease
in e,, the radiation efficiency, due to the ohmic losses that would inevitably occur.

EXAMPLE 5-4  Superdirectivity of a 10\ Broadside Line Source

It is desired to calculate Rsp for a broadside line source when L = 104

i L
flu) = SR where u = % cosf since 6, = 90°
u

The superdirective ratio is found using (5-37). The numerator of (5-37) has a value of 7 from
(F-12). The denominator of (5-37) is evaluated using integration by parts. Let

1
dy =— du and x=sin’u
u

so that
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y=—- and dx =2sinu cosudu

u
/xdy:xy—/ydx
or in this case,

107 ¢in2 u sin’ u
5 du = —
—lor U u

Now

107 107 -1
—/ — | 2sinu cosu du
—107 —lor \ U

10m :

2

—0+ / MR (2u) = 2 Si(20m)
—1om <l

where the sine integral of (F-13) has been used. Thus,

s 3.14159

R = =
P 28i(20m) ~ 3.10976

=1.01

and the broadside entry in Table 5-4 has been confirmed.

REFERENCES

1. J. F. Ramsay, “Lambda Functions Describe Antenna/Diffraction Patterns,” Microwave J., Vol. 6,
pp- 69-107, June 1967.

2. G. A. Thiele, P. L. Detweiler, and R. P. Penno, “On the Lower Bound of the Radiation Q
for Electrically Small Antennas,” IEEE Trans. on Ant. and Prop., Vol. AP-51 pp. 1263-1268,
June 2003.

PROBLEMS
5.1-1 Show that

cos™!(—x) — cos ! (x) = 2 sin ! (x)

thereby proving (5-11). To do this, introduce « such that x =sina and use
cos(a*xm/2) =F sinca

5.1-2 Prove the half-power beamwidth expression for an endfire, uniform line source. Start
with (5-13) and derive (5-14). Hint: Let o = cos ~'(1 — y) where y = 0.443(A/L), then form,
cos? a, neglect y2, expand 1 as cos? a + sin? a, and use sina ~ a.

5.1-3 Show that the far-zone electric field expression Ey for a broadside, uniform line source
approximates that of an ideal dipole for short line sources (L < 4).

5.1-4 Compute the half-power beamwidths (in degrees) and the directivities (in decibels) for
the following uniform fine sources:

(a) Eight-wavelength broadside, uniform line source
(b) Eight-wavelength endfire, uniform line source

(c) Sixteen-wavelength broadside, uniform line source
(d) Sixteen-wavelength endfire, uniform line source

5.1-5 (a) Use the universal pattern factor for a uniform line source to obtain polar plots of a
four-wavelength uniform line source for two cases: broadside and endfire (6, = 0°).
(b) Measure the half-power beamwidths from the polar plots obtained in part (a).
(c) Calculate the half-power beamwidths in degrees using (5-12) and (5-14). The agree-
ment between these results and those of (b) depends mainly on how accurately you
constructed the polar plot.
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5.1-6 Verify the half-power beamwidth values in Table 5-1 for the three levels of approxi-
mation for uniform line sources with the following lengths: (a) 24, (b) 54, and (c) 104.
5.1-7 Uniform line source directivity.

(a) Show that (5-18) leads to the expression

BL cosa—1 cosb—1 . .
D" a t—py— t Si(a) + Si(b)
where D, is the directivity of a uniform line source with excitation phase shift per unit
lengthy of 5,,a = (8 — 8,)L, b = (8 + 53,)L, and Si is the sine integral function defined
in (F-13).
(b) Plot the directivity relative to that of the broadside, very long, uniform line source case,
that is, D, /(2L/4), for BL = 10 and BL = 100 as a function of 6, from 90° to 0°.
(c) What does the expression in part (a) reduce to for the broadside case (6, = 90°)?
(d) AsLbecomes much larger than a wavelength, show that your result in part (c) gives (5-19).
(e) Use the result from part (c) and plot the directivity relative to that of a broadside, very
long, uniform line source (i.e., AD,/2L) for SL from 1 to 10. This result shows how
well the long line-source directivity approximation behaves.
5.2-1 Verify for the cosine-tapered line source pattern of (5-25) that (a) HP = 1.19(4/L) in the
broadside case for L>> A, and (b) the side lobe level is —23.0dB.
5.2-2 Construct the linear, polar plot of the pattern factor for a broadside cosine-tapered line source
that is three wavelengths long. Proceed as in Fig. 5-4.
5.2-3 A 3-m long, broadside line source operating at 1 GHz has a cosine-squared tapered
current distribution.

(a) Compute the half-power beamwidth in degrees.
(b) Compute the directivity in decibels.

5.2-4 Evaluate the half-power beamwidths in degrees and the directivities in decibels of 104
long line sources with the following current distributions: (a) uniform, (b) triangular, (c)
cosine, (d) cosine-squared, and (e) cosine on a —10-dB pedestal.
5.2-5 Triangular current-tapered line source.
(a) From the current distribution in Table 5-2a, derive the normalized pattern factor f(u).
(b) Verify that the half-power beamwidth is given by 1.28(1/L) for L>> / and the side lobe
level is —26.6 dB. You may do this by substitution, and also you may find some of the
results from the uniform line source helpful.
5.2-6 The pattern from a triangular-tapered current distribution is the square of that of the
uniform current distribution. From Fourier transform theory, how are the current distributions
related?
5.2-7 Dipole antennas with lengths less than a half-wavelength have current distributions that
are nearly triangular (see Fig. 2-16b).
(a) Write the complete electric field expression Ey in the far field for a broadside line
source with a triangular current distribution.
(b) Approximate the expression of part (a) for short dipoles (L < 4).
(c) Compare this to the far-field expression for Ey of an ideal dipole. Discuss.
5.2-8 Derive the pattern factor expression in Table 5-2 for a cosine-squared line source current
distribution. Also verify the half-power beamwidth expression.
5.2-9 A broadside line source has a cosine on a —10-dB pedestal current distribution.
It operates at 200 MHz and has a length of 20 m. Compute (a) the half-power beamwidth in
degrees and (b) the directivity in decibels.
5.2-10 Derive the pattern factor expression in Table 5-2 for a cosine on a pedestal current
distribution for a line source.
5.2-11 The directivity of a broadside line source can be calculated from

2[R 4 \
L/2
LL/Z
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This is the one-dimensional analogy of (9-66). Use this formula to:
(a) Derive D, = 2L//, the directivity of a uniform line source.
(b) Derive an expression for D/D, of a cosine on a pedestal current distribution. Evaluate
for C =1,0.3162,0.1778, and 0.
5.4-1 Substitute (5-1) into (5-2) and set the partial derivative of the exponential term with
respect to 7' equal to zero to derive (5-35). This is called determining the angle of maximum
radiation by the principle of stationary phase (see Sec. 16.15).
5.4-2 An array of wires is composed of wires each parallel to the y-axis with their centers on
the z-axis. The wires are spaced a quarter wavelength apart. The first wire is located at the
coordinate origin, the next at z = 1/4, and so on. A wave is traveling in the +z-direction over
the wires and induces currents in them.
(a) If the current phases, starting at the origin, are 0°, —80°, —160°, —240°, —320°, etc.,
is the wave fast or slow?
(b) If the current phases, starting at the origin, are 0°, —100°, —200°, —300°, —400°, etc.,
is the wave fast or slow?
5.5-1 Verify the ordinary endfire value for Rgp in Table 5-4. Note: u = (SL/2)(cos 6 — 1).
5.5-2 Verify the Hansen—-Woodyard value for Rsp in Table 5-4. Note: u = 0.5 [BL(cos 6 — 1)—
2.94].



Chapter

Wire Antennas

In this chapter, we discuss the important topic of wire antennas. Wire antennas are the
oldest and still the most prevalent of all antenna forms. Just about every imaginable shape
and configuration of wires has a useful antenna application. Wire antennas can be made
from either solid wire or tubular conductors. They are relatively simple in concept, easy
to construct and very inexpensive.

To obtain completely accurate solutions for wire antennas, the current on the wire must
be solved for, subject to the boundary condition that the tangential electric field is zero
along the wire. This approach gives rise to an integral equation, for which many
approximate solutions have been reported over the last several decades [1]. These clas-
sical solutions are rather tedious and limited to a few simple wire shapes. On the other
hand, modern numerical methods implemented on the digital computer are rather simple
in concept and applicable to many wire antenna configurations. These numerical
(moment method) techniques are discussed in Chap. 14. In this chapter, we adopt a simple
approach to solving for the properties of wire antennas. This affords a conceptual
understanding of how wire antennas operate, as well as yielding surprisingly accurate
engineering results. For example, during the discussion of the loop antenna in Sec. 6.8
a detailed comparison of results from simple theory and the more exact numerical
methods demonstrates the accuracy of simple theory.

In this chapter, we discuss several resonant wire antennas such as straight wire dipoles, vee
dipoles, folded dipoles, Yagi-Uda arrays, and loops. A resonant antenna is a standing wave
antenna (e.g., a dipole) with zero input reactance at resonance.

Other wire antennas that are broadband, such as traveling-wave antennas, the helix,
and log-periodic, are presented in the next chapter. Methods of feeding wire antennas and
their performance in the presence of an imperfect ground plane are included here. Most of
the developments in this chapter utilize the principles set forth thus far. Design data and
guidelines for the construction and use of wire antennas are emphasized.

6.1 DIPOLE ANTENNAS

We have discussed short dipoles in Secs. 2.3 and 3.1 and the half-wave dipole in Sec. 3.2.
In this section, dipoles of arbitrary length are examined. The dipole antenna has received
intensive study [1]. We will use a simple but effective approach that involves an assumed
form for the current distribution. The radiation integral may then be evaluated and thus
also the pattern parameters. For dipoles, we assume that the current distribution is
sinusoidal. This is a good approximation verified by measurements. The current must, of
course, be zero at the ends. We are, in effect, using the current distribution that is found
on an open-circuited parallel wire transmission line. It is assumed that if the end of such a
transmission line is bent out to form a wire antenna, the current distribution along the bent
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portion is essentially unchanged. Although this is not strictly true, it is a good approxi-
mation for thin antennas, for which the conductor diameter is on the order of 0.011 or
smaller.

6.1.1 Straight Wire Dipoles

A straight dipole antenna is shown in Fig. 6-1 oriented along the z-axis. It is fed at the
center from a balanced two-wire transmission line, that is, the currents on each wire are
equal in magnitude and opposite in direction. The current distribution along the antenna is
assumed to be sinusoidal and can be written as

1(z) = In sinlfé’@ |Z|)1’ Iz < Ié (6-1)

The dipole is surrounded by free space, thus, the phase constant is that of free space, 3.

It is helpful to visualize the current distribution on an antenna. Fig. 6-2 shows the
current on a dipole for L < 4/2. The solid lines indicate actual currents on the antenna
and the dotted lines indicate extensions of the sine wave function. As a note of caution
with this visualization, the dotted portion of the current distribution does not appear on
the transmission line. For this case, I, in (6-1) is not the maximum current attained on the
antenna. The maximum current on the antenna shown in Fig. 6-2 is at the input terminals
where z =0 and is of a value I,sin(3L/2). The arrows in Fig. 6-2 show the current
direction. The currents on the top and bottom halves of the antenna are in the same
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Figure 6-1 The dipole antenna.
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Figure 6-2 Current distribution on a dipole of length
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Figure 6-3 Current distributions for various center-fed dipoles. Arrows indicate relative
current directions for these maximum current conditions.

direction at any instant of time, and thus the radiation effects from each half reinforce.
The transmission line, however, has oppositely directed currents that have canceling
radiation effects for typical close conductor spacings. (See Fig. 3-4a.)

In Fig. 6-3, current distributions on various dipoles are plotted together with the
antennas used to generate them. The sinusoidal curves superimposed on the antennas
indicate the intensity of the current on the wire—that is, the value of the curve at point z is
the current value on the wire at the same point z. Again, the arrows indicate current
directions. To construct plots such as these, begin on the z-axis at one end of the wire
where the current is zero and draw a sine wave while moving toward the feed point. The
current on the other half is then the mirror image. For dipoles longer than one wavelength,
the currents on the antenna are not all in the same direction. Over a half-wave section, the
current is in-phase and adjacent half-wave sections are of opposite phase. We would then
expect to see some large canceling effects in the radiation pattern. This will be shown
later to be precisely what happens. For all the current distributions presented, the plots
represent the maximum excitation state. It is assumed that a sinusoidal waveform gen-
erator of radian frequency w = 2mc/A is connected to the input transmission line. The
standing wave pattern of the current at any instant of time is obtained by multiplying (6-1)
by cos wt, which follows from (2-6).

To obtain the dipole radiation pattern, we first evaluate the radiation integral

L2 "
fun _ /L/21<Z/) e,/ﬁz cos f dZ/ (6—2)

Substituting the current expression from (6-1) gives

0 L 5
fun — / Im Sin[ﬁ(——‘rZ/):le]dz cosf dZ,
—-L)2 2

L/2 L .
+/ I, sin{ﬁ (E_Z/>:|81Hz cos d7 (6-3)
0
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Evaluating these integrals (see Prob. 3.2-6) gives the unnormalized pattern

o = 2% cos[(BL/2) co's 20] —cos(BL/2) (6-4)
sin“f

Using this in (2-103) and (2-106) leads to the complete far-zone electric field

e iBr 21,, cos[(BL/2) cos 6] — cos(BL/2)

Eyp = jwp sind 6-5
I ] sin®6) (65)
Noting that wy/3 = 7, we see that this expression simplifies to
e 7 cos[(BL/2) cos ] — cos(BL/2
Eo=in Iy [(BL/2) cosf] (BL/2) (6:6)
mr sin 0
The §-variation of this function determines the far-field pattern. For L = /2, it is
cos[(m/2) cos¥)
Fl0)=——————F—— (L=1)2 .
(0) g (L=4/2) (6-7)

This expression was also derived in Sec. 3.2; see (3-4). This is the normalized electric
field pattern of a half-wave dipole. The half-power beamwidth is 78° and its pattern plot
is shown in Fig. 6-4a.

5
T @ L=32

o

Figure 6-4 Radiation patterns of center-fed straight dipole antennas of length L.
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For a center-fed dipole with L = A, the normalized electric field pattern from (6-6) is

_cos(mcosf) + 1

FO)=——d (L=4) (6-8)

The half-power beamwidth for this full-wave dipole is 47°. Its pattern is shown in
Fig. 6-4b. If L = %i, the pattern function is

cos (%7‘( cos 9) 3

The factor 0.7148 is the normalization constant. As predicted earlier for dipoles of length
greater than one wavelength, the pattern of the three-halves wavelength dipole shown in
Fig. 6-4d has a multiple lobe structure due to the canceling effect of oppositely directed
currents on the antenna. This effect is also visible in the f—‘ wavelength case.

As L/2 becomes very small, the dipole pattern variation in (6-6) approaches sin 6. Thus,
we see again that the pattern of a short dipole along the z-axis is sin 6. Recall that the short
dipole pattern has a 90° half-power beamwidth; see Fig. 2-4b.

To obtain the radiation resistance, first the radiated power must be found. Substituting
(6-6) into (2-130) gives

2r pm 2
p_ L / 7 T4 {cos[(ﬁL/Z) cos f] — cos(ﬁL/Z)} 2 sinf d6 do
2nJo Jo © (

27Tr)2 sin
2 /2 L/2) cos ] — L/2)}
87T2 0 0 sin 6
Changing the integration variable to 7 = cos 8, dr = —sin df, gives

1 —72

N 9 {cos[(BL/2)7] —cos(ﬁL/2)}2
P= Zlm/1 (—dr)

_Np / {cos[(BL/2)7] — cos(6L/2)}’

_47Tm 0 147

 Leos((BL/2)7] — cos(BL/ 2)}?
1—7

dr (6-11)

where in the last expression the identity

1 1 1 1
= _ 6-12
1 —u? 2<1+u+1u> ( )

was used. Eq. (6-11) can be evaluated in terms of sine and cosine integral functions; see
(F-13) and (F-14). A simpler expression for the special case of the half-wave dipole is
obtainable in terms of a single cosine integral function. Thus, when SL/2 = 7/2, (6-11)
becomes

1 2 2
n 5 cos*(n7/2)  cos* (w7 /2)
p=-"7p -1
e /0[ | AT (6-13)
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Changing variables again as v =1 — 7 and w = 1 + 7 and substituting into (6-13)

p_lp [ /10—sin2(7rv/2) v+ /12 sin®(mw/2) dw} _np /2 sin?(7v/2) a

4 v w 47 " [, v
2
n , [“1—cosmy
= lp [ 2Ty 6-14
4 m/o 2v v ( )

Changing the variable of integration to t = 7v leads to
2m
1 —cost
P= i12/ ST = L2 Cin(2r) = L2 (2.44) (6-15)
8t "/, t 8r " 8w ™"

where Cin(x) is related to the cosine integral function by (F-16) and is tabulated in [2]. In
this case, Cin(27) = 2.44. Using this and 1 = 1207 in (6-15) leads to the radiation
resistance for a half-wave dipole as

2P 2(15 2 2.44) .
Ro=fr=——p—— =730 <L2> (6-16)

The infinitely thin dipole antenna also has a reactive impedance component. For the
half-wave dipole, the reactance is inductive, and the complete input impedance is

Zy =73+4j42.5Q (L = %) (6-17)

This can be calculated for an infinitely thin dipole by a classical procedure known as the
induced emf method [H.4: Jordan & Balmain, Chap. 14]. However, the input impedance
of dipoles with finite wire diameter can be calculated using the moment method of
Chap. 14, where the form of the current is not assumed. The results of such a calculation
for the input resistance and reactance of a small-diameter, center-fed dipole are given in
Figs. 6-5 and 6-6. The resonance effects are evident in these plots. Note that the input
reactance is capacitive for small lengths, as we pointed out in Sec. 3.1.

The dotted curve in Fig. 6-5 is the input resistance from (2-169) for an ideal dipole
with uniform current. It does not give good results for an actual wire dipole as shown
by the solid curve of Fig. 6-5. However, the triangular current approximation with
R, =207%(L/ /1)2 from (2-172) does give a good approximation to the input radiation
resistance for short dipoles as demonstrated by the dashed curve of Fig. 6-5. Some simple
formulas that approximate the input resistance of wire dipoles are given in Table 6-1 [3].
For example, using the second formula for L = 1/2 gives Rq = 24.7(w/2)** = 73.0Q,
which agrees with (6-17). The values obtained from Table 6-1 also agree closely with those
of Fig. 6-5.

Input resistance is related to radiation resistance. There are several ways to define
radiation resistance by using different current reference points. Usually, radiation resis-
tance is defined using the current distribution maximum /,,, whether or not it actually
occurs on the antenna. We shall use the symbol R, for this definition. It is also useful to
refer the radiation resistance to the input terminal point. In this case, the symbol Ry is
used. These definitions can be related by writing the radiated power as

1 1
P =—-I*R,, = -I’R; 6-18
om 2 A ( )
For dipoles that are odd integer multiples of a half-wavelength long, I, = Iy and
Rim = Ryi. A third radiation resistance, denoted by R,, is often used; it is the radiation
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Figure 6-5 Calculated input resis-
tance of a center-fed wire dipole of
0.00054 radius as a function of
length L (solid curve). Also shown is
the input re51stance

R, = 807%(L/2)* of an ideal dipole
with a uniform current distribution
(dotted curve) and the 1nput resis-
tance R,; = 2072(L/2)* of a short
dipole with a triangular current dis-
tribution approximation (dashed
curve).

Figure 6-6 Calculated input reac-
tance of center-fed wire dipole of
radius 0.00054 as a function of
length L.

resistance relative to the maximum current that occurs on the antenna. For dipoles less
than a half-wavelength long, the current maximum on the antenna always occurs at the
center, and then R; = R, for center-fed dipoles; this was discussed in Sec. 2.6. In
practice, we are interested in input resistance, so R; is of primary importance. It is related
to Ry, for center-fed dipoles by setting z = 0 in (6-1), giving
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Table 6-1 Simple Formulas for the Input
Resistance of Dipoles

Input
Length Resistance
L (R:i), 2
, 2
o<L<?Z 2072 (é)
4 A
2 ) L\**
S <L<Z . -
) L 5 24.7 (71 i)
p 417
Z < L<0.6372 11.14 (m)
2 )
L
Iy =1, sin % (6-19)
and substituting into (6-18), which yields
)& Rem

Ra L Rom sin?((L/2) (6-20)
Ry is the component of input resistance due to radiation and equals the total input
resistance Ry if ohmic losses are neglected, which we shall do unless otherwise indicated.

For dipole lengths, L = A, 24, 34,..., BL/2 = m, 2m, 3m, ..., and R; from (6-20) is
infinite. For example, the one-wavelength dipole of Fig. 6-3¢ has a current zero at its feed
point and thus an infinite input impedance. This, of course, is based on the perfect sine wave
current distribution. Dipoles of finite thickness have large but finite values of input impedance
for lengths near integer multiples of wavelength, as seen in Fig. 6-5. This effect arises from
the deviation of the current distribution from that of (6-1) for dipole lengths near integer
multiples of the wavelength: there is always a finite input current on an actual dipole. For
other-length dipoles, the sinusoidal current distribution is a good approximation for thin-wire
dipole antennas.

By reducing the length of the half-wave dipole slightly, the antenna can be made to
resonate (X4 = 0). The input impedance of the infinitely thin half-wave dipole is then
about 70 +jO€). In Fig. 5-6, the dipole of radius 0.00054 resonates for lengths corre-
sponding to the intersections with the horizontal (X, = 0) axis. The first intersection is
the half-wave dipole case and the resonant length is slightly less than A/2. It turns out that
as the wire thickness increases, the dipole must be shortened more to obtain resonance.
Approximate length values for resonance are given in Table 6-2. For the dipole of
0.0005A wire radius, the length-to-diameter ratio, L/2a, is 500 for the half-wave case.
From Table 6-2, we see that about 4% shortening (L = 0.481) would be required to
produce resonance. This agrees closely with the resonance point from Fig. 6-6. In
practice, wire antennas are constructed slightly longer than required. Then a transmitter
is connected to the antenna and the standing wave ratio (or reflected power) is monitored
on the feed transmission line. The ends of the antenna are trimmed until a low value of
standing wave ratio is obtained. Note that as the length is reduced to obtain resonance, the
input resistance also decreases. For example, for a thin dipole with L/2a = 50 and
L = 0.4757, the second formula of Table 6-1 gives Ry = 64.5(2; the reactance is, of
course, zero.
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Table 6-2 Wire Lengths Required to Produce a Resonant
Half-Wave Dipole for a Wire Diameter of 2a and Length L

Length to Percent Dipole
Diameter Ratio, Shortening Resonant Thickness
L/2a Required Length L Class
5000 2 0.491 Very thin
50 5 0.4752 Thin
10 9 0.4552 Thick

15 ; , ; , ; , . , .

13

1
250 270 290 310 330 350
Frequency (f), MHz
Figure 6-7 Calculated VSWR as a function of frequency for dipoles of different wire
diameters.

Since dipoles are resonant-type structures, their bandwidth is low. The VSWR as a
function of frequency for a half-wave dipole is shown in Fig. 6-7. In general, bandwidth is
defined as “the range of frequencies within which the performance of the antenna,
with respect to some characteristic, conforms to a specified standard” [4]. In this case,
let the specified standard be a VSWR less than 2.0:1. From Fig. 6-7, we see that
the bandwidths are 310 — 262 = 48 MHz and 304 — 280 = 24 MHz, respectively, for
a=0.005 m (L/2a =50) and a =0.0001 m (L/2a = 2500). In terms of percent rel-
ative to the design frequency (300 MHz), the bandwidths are 16% and 8%. It is an
important general principle that the thicker the dipole, the wider is its bandwidth. Also,
note that the minimum VSWR for the thicker dipole occurs at a lower frequency than for
the thinner one. In fact, if we use the rules in Table 6-2, the resonant frequencies are
calculated to be 285 and 294 MHz for wire radii of 0.005 and 0.0001 m. These values
agree well with the minimum points of the curves in Fig. 6-7.

The improved bandwidth offered by the thick circularly cylindrical dipole in Fig. 6-7
can also be achieved with a fiat metallic strip as Fig. 6-8 indicates. The relationship
between the circularly cylindrical dipole radius and the width of the metallic strip for
equivalent performance under certain conditions is a = 0.25w [5]. The advantage of the
flat strip dipole is primarily ease of construction.

Finally, the directivity of a half-wave dipole is found from D = 47U,,/P. The radiated
power P was evaluated in (6-15). Using the far-zone electric field of (6-6) leads to the
maximum radiation intensity as
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L L | L |
2 2 I
T a=025w
7 a = Equivalent radius
W a/) weL
1P
Side view End view
Figure 6-8 Thin metal strip dipole.
2 272
_r » Ly, m o,
Um - 2_ |E9|max - Z] (271_)2 - Wlm (6‘21)

So,

4rU,  4m(n/87*)I?
D(;./2) dipole = = - —1.64=2.15dB 6-22
(A/Z) dlpO]e P (77/871')]’%1(244) ( )

This is only slightly greater than the directivity value of 1.5 for an ideal dipole with
uniform current. So for very short dipoles, the directivity is 1.5 and increases to 1.64 as
the length is increased to a half-wavelength. As length is increased further, directivity also
increases. A full-wave dipole has a directivity of 2.41. Even more directivity is obtained
for a length of about 1.254. As the length is increased further, the pattern begins to break
up (see Fig. 6-4d) and directivity drops sharply. See Prob. 6.1-12.

6.1.2 The Vee Dipole

Wire dipole antennas that are not straight also appear in practice. One such antenna is the
vee dipole shown in Fig. 6-9. This antenna may be visualized as an open-circuited trans-
mission line that has been bent so that ends of length / have an included angle of +. The
angle ~ for which the directivity is greatest in the direction of the bisector of v is given by

h\’ h h

=152( - ) - - 24 S=-<1.

vy 5 <A> 388(1)%-3 , 0.5 7 5
(6-23)

=11.5 ﬁ 2—705 h + 162 15<ﬁ<30

7= P\ e E
where the resulting angle v is in degrees. The corresponding directivity is
h

D:2.95(7) +1.15 (6-24)

j& Figure 6-9 The vee dipole antenna.
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270°

Figure 6-10 Far-field pattern of
a vee dipole shown in Fig. 6-9
with arm length & = 0.754,

180° ~v=118.5°, and @ = 0.0005/.

These equations were empirically derived for antennas with 0.5 =<h/A=3.0 using the
computational methods (MoM) of Chap. 14.

The directivity of a vee dipole can be greater than that of a straight dipole. This can be
seen from the pattern in Fig. 6-10 where 2 = 0.75/ and 4 from (6-23) is 118.5°. Notice that
the direction of maximum radiation is ¢ = 90° while radiation in the ¢ = 270° direction is
about 2 dB less. Even more significant is the low level of the side lobes. For the most part,
it is the reduced side lobe levels of the vee dipole that give it a greater directivity than
the straight dipole version (see Fig. 6-4d). The directivity for the vee dipole of Fig. 6-10
from (6-24) is D = 2.94(0.75)+ 1.15 = 3.355 = 5.26 dBi. The directivity of a 1.5/ long
straight wire dipole is about 2.2, or 3.4 dBi.

The input impedance of a vee dipole antenna is generally less than that of a straight
dipole of the same length. For example, the input impedance of the vee dipole in Fig. 6-10
is 106 4 j17 €2, which is less than for the straight dipole version (L = 1.54) as found from
Figs. 6-5 and 6-6.

6.2 FOLDED DIPOLE ANTENNAS

An extremely practical wire antenna is the folded dipole. It consists of two parallel
dipoles connected at the ends forming a narrow wire loop, as shown in Fig. 6-11 with
dimension d much smaller than L and much smaller than a wavelength. The feed point is
at the center of one side. The folded dipole is essentially an unbalanced transmission line
with unequal currents. Its operation is analyzed by considering the current to be com-
posed of two modes: the transmission line mode and the antenna mode. The currents for
these modes are illustrated in Fig. 6-12.

The currents in the transmission line mode have fields that tend to cancel in the far
field since d is small. The input impedance Z; for this mode is given by the equation for a
transmission line with a short circuit load (see Prob. 6.2-3)

L
Z, =jZ, tan ,65 (6-25)

where Z, is the characteristic impedance of the transmission line.
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L_/ Figure 6-11 The folded dipole antenna.
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b b Figure 6-12 The current modes on a fol-

(a) Transmission line mode. (b) Antenna mode.  ded dipole antenna.
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Figure 6-13 Mode excitation and current for a
voltage V applied to the terminals of a folded

/ / dipole. Superposition of these modes gives the
(a) Transmission line mode. (b) Antenna mode.  complete folded dipole model.

In the antenna mode, the fields from the currents in each vertical section reinforce in the
far field since they are similarly directed. In this mode the charges “go around the corner” at
the end, instead of being reflected back toward the input as in an ordinary dipole, which leads
to a doubling of the input current for resonant lengths. The result of this is that the antenna
mode has an input current that is half that of a dipole of resonant length.

Suppose a voltage V is applied across the input terminals of a folded dipole. The total
behavior is determined by the superposition of the equivalent circuits for each mode in
Fig. 6-13. Note that if the figures for each mode are superimposed and the voltages are
added, the total on the left is V and on the right is zero, as it should be. The transmission
line mode current is

L= (6-26)
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For the antenna mode, the total current is the sum of each side, or I,. The excitation for
this current is V/2; thus, the antenna current is

v
27
where to a first-order approximation Z; is the input impedance for an ordinary dipole of

the same wire size. The total current on the left is I, + %Ia and the total voltage is V, so
the input impedance of the folded dipole is

I, (6-27)

1%
Iy —— 6-28
AR (028
Substituting (6-26) and (6-27) in (6-28) yields
47,7,
_ _old 6-29
A7 27 (6-29)

As an example, consider the popular half-wave folded dipole. From (6-25) with
L=1/2, Z, =jZ, tan[(2w/1)(4/4)] = jZ, tan(n/2) = oo. Then (6-29) gives

7y =47, (L = g) (6-30)

Thus, the half-wave folded dipole provides a four-fold increase in impedance over its
dipole version. Since the half-wave dipole (at resonance) has a real input impedance, the
half-wave folded dipole has also.

The current on the half-wave folded dipole is particularly easy to visualize. We will
discuss this current and also rederive the impedance. If the vertical wire section on the
right in Fig. 6-11 were cut directly across from the feed point and the wire folded out
without disturbing the current, it would appear as shown in Fig. 6-14. The current is not
zero at the ends, because they are actually connected. Perhaps a better way to view this is
to fold the current back down and note that currents on the folded part are now upside
down, as shown in Fig. 6-15a. The same total current (and thus the same pattern) is
obtained with both the folded and the ordinary dipoles in Fig. 6-15. The difference is that
the folded dipole has two closely spaced currents equal in value, whereas in the ordinary
dipole they are combined on one wire. From this, it is easy to see that the input currents in
the two cases are related as

I, = L 1 L= .
f=7ld =3 (6-31)
\,
\
_ A
\
/ [ Figure 6-14 Current for the antenna mode of a half-wave folded
dipole that has been folded out without disturbing the current.
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(a) Folded dipole. (b) Dipole. Figure 6-15 Currents on half-wave dipoles.

Y

The input powers are
1 2 .
P = 3 ZyI;  (folded dipole) (6-32)
and

o,
PdZEZdId (dipole) (6-33)

Since the total currents are the same in the half-wave case, the radiated powers are also.
Equating (6-32) and (6-33) and using (6-31) give

1, 1.1,
EZdIdZQZAZId
or
Zy =4Z _4
A = 4L =5 (6-34)

This result is an independent confirmation of the result in (6-30).

The input impedance of a half-wave folded dipole (at resonance) is four times that of
an ordinary dipole. A resonant half-wave dipole has about 702 of input resistance, so a
half-wave folded dipole then has an input impedance of

Z; = 4(70) = 280Q  (half-wave) (6-35)

This impedance is very close to the 3002 of common twin-lead transmission line.

The input resistance curve for a folded dipole of finite wire thickness are given in Fig. 6-16
as a function of folded dipole length. The solid curves were obtained from the transmission
line model. The wire spacing d = 12.5a is such that the characteristic impedance corre-
sponds to a 300Q transmission line [Z, = (n/7)In(d/a) = 1201In(12.5a/a) =~ 300€2].
The folded dipole input impedance is then found from (6-25) and (6-29). As an example,
consider a folded dipole of length L = 0.84, spacing d = 12.54, and radius a = 0.00054.
From (6-25),

Z, =j300 tan 0.87 = —j218Q (6-36)
From Figs. 6-5 and 6-6,

Z4 = 950 + j950 (6-37)
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Figure 6-16 Input impedance of a folded dipole. The solid curves are calculated from the
transmission line model. The dashed curves are calculated from more accurate moment
methods. The wire radius a is 0.00054 and wire spacing d is 12.5a.

Using these in (6-29) yields
Zy =28 — j461 Q) (L=0.81) (6-38)

This result agrees with the value shown in Fig. 6-16 for Ry.

Also shown in Fig. 6-16 as dashed curves is the input impedance calculated using the
moment methods of Chap. 14. The agreement between the simple transmission line model
and the simulation results is quite good. Both methods show that the real part of the input
impedance is slightly less than 300 2 at the first resonance (L = 0.481) and slightly larger
than 3002 at the second resonance (L = 1.471). It is this characteristic of the folded
dipole that makes it useful at harmonically related frequencies. Note, too, the very low
value of Z4 when L = 1,24, .... This can easily be explained from the transmission line
model, since then tan((L/2) ~ tan w = 0 and thus Z, = 0 and Z, from (6-29) is zero.

The folded dipole is used as an FM broadcast band receiving antenna, and it can be
simply constructed by cutting a piece of 300 2 twin-lead transmission line about a half-
wavelength long (1.5 m at 100 MHz). The ends are soldered together such that the overall
length L is slightly less than a half-wavelength at the desired frequency (usually 100
MHz). One wire is then cut in the middle and connected to the twin-lead transmission line
feeding the receiver.

Occasionally, two different wire sizes are used for a folded dipole as shown in
Fig. 6-17. The input impedance for the half-wave case is given by

Zy=(1+¢)2 (L = %) (6-39)
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d
<> <>
2a, 2a,
L L Figure 6-17 Folded dipole antenna con-
(@) Side view. (b) End view. structed from two different size conductors.

For given values of d,a; and a,, the value of ¢ can be found [H.6: Ant. Eng. Hdbk.,
4th ed., pg. 4-16]. As is frequently the case, if a; and a, are much less than d, c is
approximately given by

_In(d/ay) i
S e (6-40)

The folded dipole antenna is a very popular wire antenna. The reasons for this are its
impedance properties, ease of construction, and structural rigidity. The equal-size con-
ductor half-wave folded dipole has an input impedance very close to that of a 300-ohm
twin-lead-type transmission line as seen from Fig. 6-16. Also, by changing the conductor
radii, the input impedance can be changed. In addition to having desirable impedance
properties, the half-wave folded dipole has a wider bandwidth than an ordinary half-wave
dipole. In part for these reasons, a folded dipole is frequently used as a feed antenna for
Yagi-Uda arrays and other popular antennas.

6.3 YAGI-UDA ANTENNAS

One way to obtain more gain out of dipole type antennas is to use more than one in an
array configuration. Usually arrays have all elements identical and are active, requiring a
direct connection to each element by a feed network. This kind of array is studied in
Chap. 8, whereas the array configuration studied in this section usually has only one
element directly connected to a transmitter and/or receiver while the other elements are
parasitic. Such an array is referred to as a parasitic array. The elements that are not
directly driven (called parasitic elements) receive their excitation by near-field electro-
magnetic coupling from the driven element. A parasitic linear array of parallel dipoles is
called a Yagi-Uda antenna, a Yagi-Uda array, or simply “Yagi.” Yagi-Uda antennas are
very popular because of their simplicity and relatively high gain. In this section, the
principles of operation and design data for Yagis will be presented [6].

The first research done on the Yagi-Uda antenna was performed by Shintaro Uda at
Tohoku University in Sendai, Japan in 1926 and was published in Japanese in 1926 and
1927. The work was reviewed in an article written in English by Uda’s professor, H. Yagi,
in 1928 [7]. The Yagi antenna, as it is popularly called, was used by the British in their
pre—World War II VHF radars before the availability of high-power microwave sources
made possible radar at microwave frequencies. The Yagi remains a popular HF and VHF
antenna today for non-radar use.

The basic unit of a Yagi consists of three elements. To understand the principles of
operation for a three-element Yagi, we begin with a driven element (or “driver”) and add
parasites to the array. Consider a driven element that is a resonant half-wave dipole. If a
parasitic element is positioned very close to it, the field incident on the parasite element is
that of the field leaving the driver:
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Eincident = Edriver (6'41)

The current excited on the parasite and the resulting radiated electric field, Epyasites
also tangent to the wire, is almost equal in amplitude and opposite in phase to the
incident wave from the driver due to the small separation distance between them. This is
because the electric field arriving at the parasite from the driver is tangential to it and
the total electric field tangential to a perfect electric conductor is zero. Thus, the field
radiated by the parasite is such that the total tangential field on the parasite is zero, or
0 = Ejncident + Eparasie- Combining this fact with (6-41) gives

Eparasite = —FEincident = —Edriver (6'42)

From the two-element array theory in Sec. 3.5, we know that two closely spaced equal
amplitude, opposite phase elements will have an endfire pattern; for example, see
Fig. 3-17 for d = /8 and o = 180°. The difficult-to-simulate pattern of the two-element
parasitic array for (impractical) 0.044 spacing is shown in Fig. 6-18b. The gain of the
array in Fig. 6-18a is exceedingly low because of the considerable amount of destructive
inference between the fields radiated by the two elements. The array is very
superdirective.

A feature of the Yagi is that different lengths of parasitic elements behave in sub-
stantially different ways. If the parasitic element is longer than resonant length, Lg, it acts
like a reflecting element. If the parasitic element is shorter than resonant length, Lp, it can
act as a directing element, or director, because it directs radiation along the z-axis in
Fig. 6-19. These effects can be simulated for the close spacing used in Fig. 6-18 but are
better done with more realistic reflector spacing, Sk, and director spacing, Sp.

Fig. 6-20 shows the E-plane pattern for a two-element array consisting of only the
reflector element and driver in Fig. 6-19 with spacings of 0.24. The driver length, L, is
0.474, and Lg is 0.482/. The radiation pattern shows the reflecting action of the longer
parasitic element. Fig. 6-21 shows the E-plane pattern for a two-element array consisting
of only one director element and driver, L = 0.474, in Fig. 6-19. The director length,
Lp, is 0.422. The radiation pattern shows the directing action of the shorter element.
The patterns in Figs. 6-20 and 6-21 suggest that further enhancement in radiation in the
z-direction might be obtained by using both a reflector element and a director element.

—_—=

L
|

0.042

(a) Array configuration.

—Z

(b) H-plane pattern computed from simple array theory.

Figure 6-18 Two-element array of half-wave resonant dipoles, one a driver and the other a
parasite. The currents are idealized according to (6-41).
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h Figure 6-19 Configuration for a general
Sr Yagi-Uda antenna.

(a) Array configuration.

(b) E-plane pattern computed from
a moment method code.
Figure 6-20 Two-element Yagi-Uda antenna consisting of a driver of length L = 0.47/ and a
reflector of length 0.4824, spaced 0.24 apart. The wire radius for both is 0.00425A.

This is indeed the case. In Fig. 6-22 is the pattern of a three-element array using the
parameters of Figs. 6-20 and 6-21, except that the director used in Fig. 6-22 is 0.442/
instead of 0.4204. The 0.442/ length is near optimum for the three-element array but does
not work very well in the two-element array. We will see that yet further enhancement
in radiation in the z-direction can be obtained by using more than one director as in
Fig. 6-19.

The maximum directivity obtainable from a three-element Yagi is about 9 dBi or 7 dBd
[8]. Optimum reflector spacing Sg (for maximum directivity) is between 0.15 and 0.25
wavelengths as Fig. 6-23 shows. Note that the gain above an isolated dipole is more than
2.5 dBd, whereas if a flat plate were used, instead of a simple wirelike element, the gain
would be 3 dBd. Thus, a single wire-like reflector element is almost as effective as a flat
plate in enhancing the gain of a dipole.

Director-to-director spacings are typically 0.2 to 0.35 wavelength with the larger
spacings being more common for long arrays and closer spacings for shorter arrays.
Typically, the reflector length is 0.54 and the driver is of resonant length when no par-
asitic elements are present [9]. The director lengths are typically 10-20% shorter than
their resonant length, the exact length being rather sensitive to the number of directors Np
and the interdirector spacing Sp.
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(a) Array configuration.

(b) E-plane pattern computed from
a moment method code.

Figure 6-21 Two-element Yagi-Uda antenna consisting of a driver of length L = 0.47/ and a
director of length 0.42/ spaced 0.2/ apart. The wire radius for both is 0.004254.
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Figure 6-22 Three-element Yagi-Uda antenna consisting of a driver of length L = 0.474, a
reflector of length 0.482/, and a director of length 0.4424, spaced 0.24 apart. The wire radius
for all is 0.004254. (See Table 6-3.)

The gain of the Yagi is related to its boom length as our study of uniform line sources
in the previous chapter suggests, but for a parasitic array such as the Yagi, there is a
smaller increase in gain per element as directors are added to the array (if we assume Sp
is fixed) since the Yagi is not uniformly excited (see Fig. 6-27). In fact, the addition of
directors up to about five or six provides a significant increase in gain expressed in dB,
whereas the addition of more directors is beyond the “point of diminishing returns” as
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Figure 6-23 Measured gain [11] in
dBd of a dipole and reflector element
for different spacings Sk.

Figure 6-24 Gain of a typical Yagi-Uda antenna

versus the total number of elements. The element

- {1 spacings Sg = Sp = 0.15/. The conductor dia-

P R meters are 0.00254. (Used with permission from

1 2 345 6 7 8 9 1011 Green [10] © 1966 The Institute of Engineers,
Number of elements (N) Australia.)
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Fig. 6-24 shows. Fig. 6-24 plots the gain versus the number of elements N in the array
(including one reflector and one driver) [10] for an interelement spacing for all elements
of Sg = Sp = 0.15/. Note that adding one director to increase N from 3 to 4 gives about a
1-dB gain increase, whereas adding one director to increase N from 9 to 10 yields only
about an additional 0.2-dB gain.

The addition of more reflector elements results in a fractional dB increase in gain and
is usually not done. The main effects of the reflector are on the driving point impedance at
the feed point and on the back lobe of the array. Pattern shape, and therefore gain, are
mostly controlled by the director elements. The director spacing and director length are
interrelated, but the more sensitive parameter is the director length, which becomes more
critical as the boom length increases.

An extensive decade-long experimental investigation by Viezbicke [11] at the National
Bureau of Standards (now NIST) has produced a wealth of information on Yagi-Uda
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Table 6-3 Optimized Lengths of Parasitic Dipoles for Yagi-Uda Array Antennas
of Six Different Boom Lengths, Lz

Boom Length of Yagi-Uda Array, A

d/ X =0.0085
Sp=02X\ 0.4 0.8 1.20 2.2 3.2 4.2
Length of reflector, Lg/A 0.482 0.482 0.482 0.482 0.482 0.475
D, 0.442 0.428 0.428 0.432 0.428 0.424
D, 0.424 0.420 0.415 0.420 0.424
Ds 0.428 0.420 0.407 0.407 0.420
~ Dy 0.428 0.398 0.398 0.407
2 Ds 0.390 0.394 0.403
~ Dy 0.390 0.390 0.398
§ D, 0.390 0.386 0.394
3 Dy 0.390 0.386 0.390
2 Dy 0.398 0.386 0.390
= Dy 0.407 0.386 0.390
< Dy, 0.386 0.390
x D, 0.386 0.390
8 Dp 0.386 0.390
Dy, 0.386
Dis 0.386
Spacing between directors (Sp/2) 0.20 0.20 0.25 0.20 0.20 0.308
Gain relative to half-wave dipole, dBd 7.1 9.2 10.2 12.25 13.4 14.2
Design curve (Fig. 6-25) (A) (o) (€ (B) (©) (D)
Front-to-back ratio, dB 8 15 19 23 22 20

Source: P.P. Viezbicke, “Yagi Antenna Design,” NBS Tech. Note 688, National Bureau of Standards, Washington, DC,
Dec. 1968.

antenna design. An objective of the experimental investigation, conducted several
wavelengths above the ground, was to determine optimum designs for a specified boom
length, Ly = Sg + h. Boom lengths from 0.2 to 4.2/ were included in the study. Some of
Viezbicke’s work is summarized in Table 6-3, which can be used for design purposes.
Viezbicke’s work and its summaries in [12] and [13] show how to correct the free-space
parasitic element lengths for both the diameter of the conductors used (see Fig. 6-25) and
the diameter of a metal boom (see Fig. 6-26), if a metal boom is used. A metal boom can
be used because the voltage distribution on the parasitic elements goes through a zero at
the element center. Ideally, an infinitely thin metallic boom down the center of the array
would not change the voltage distribution. However, metallic booms of practical size do
have an effect that must be compensated for by increasing the parasitic element lengths.
Alternatively, the parasitic elements can be insulated from the boom, in which case no
compensation is required.

The Yagi-Uda antenna with at least several directors can be viewed as an endfire
traveling wave antenna the supports a surface wave of the slow wave type (i.e., ¢/v > 1).
That is, the driver-reflector pair launches a wave onto the directors that slows the wave
down to a velocity, v, where v < c. Or, in terms of phase delay, the phase delay per unit
distance along the axis of the array in the forward direction is greater than that of the
ordinary endfire condition. One might expect that the additional phase delay beyond
ordinary endfire required for maximum gain is that of the Hansen-Woodyard condition
for a uniform line source (see Sec. 5.4). If the boom length is quite long, this is
approximately true.
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Figure 6-25 Design curves for Yagis in Table 6-3. (From [11]. P. Viezbicke, “Yagi Antenna Design,” NBS
Technical Note 688, U.S. Government Printing Office, Washington, DC, Dec. 1976.)
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Figure 6-26 Graph showing effect of supporting metal boom on the length of Yagi parasitic
elements. (From [11]. P. Viezbicke, “Yagi Antenna Design,” NBS Technical Note 688, U.S.
Government Printing Office, Washington, DC, Dec. 1976.)

The director currents on a well-designed Yagi are nearly equal as Fig. 6-27 indicates
[6]. If the partial boom length A, as measured from the driver to the furthest director (see
Fig. 6-22), is long (h>> /), the Hansen-Woodyard condition requires that the phase dif-
ference between the surface wave and a freespace wave at the director furthest from the
driver (the terminal director) be approximately 180°. Thus,
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Figure 6-27 Relative current amplitudes for a 27-element Yagi array (Used with permission
from Thiele [6] © 1969 IEEE.)
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Figure 6-28 Relative phase velocity ¢/v = A/, for maximum gain surface wave antennas as a
function of antenna length 4/1. HW = Hansen—Woodyard condition (5-46); EP = Ehrenspeck
and Poehler experimental values; LB = lower bound (for idealized surface wave excitation),
(Used with permission from [H6: Johnson] © 1993 The McGraw-Hill Companies.)

hBy —hB = (6-43)
or
Jhg =c/v=1+1/2h (6-44)

where 3, is a guided phase constant, or wavenumber, along the forward axis of the array,
/¢ represents the corresponding guided wavelength, and 4 is the unguided (free-space)
wavelength. Note that 3, = —3 cos 0, ~ —((c/v) and recall that ¢/v > 1 implies
|cos 8, > 1. Eq. (6-44) is plotted as the upper dashed line in Fig. 6-28.

Experimental work by Ehrenspeck and Poehler [9] showed that the optimum terminal
phase difference is about 60° for short Yagis, rising to about 120° for 44 < h < 84, and
then approaching 180° for 2 > 204 This is the solid curve in Fig. 6-28. Various data for
Yagis and other endfire structures indicate that the optimum c¢/v values lie on or just
below the solid curve in the shaded area. Other surface wave structures, with more
efficient surface wave excitation than the Yagi, can have optimum c/v values that lie in
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the shaded region nearer to the dashed lower bound, LB, curve but all of these surface
wave structures approach the Hansen-Woodyard condition if they are very long.

Viewing the directors as a reactive surface over which the surface wave travels, and
noting from Table 6-3 that director lengths tend to be shorter for longer boom lengths,
lead us to surmise that the surface wave couples less to the reactive surface for long
boom lengths so that the total phase delay is not excessive and falls on the solid curve in
Fig. 6-28. Examining Table 6-3 for those arrays with a director spacing Sp = 0.24 shows
that indeed the directors tend to be shorter for longer boom lengths.

The Yagi is one of the more popular antennas used in the HF-VHF-UHF frequency
range. It provides moderately high gain while offering low weight and low cost. It has a
relatively narrow bandwidth (e.g., a few percent), which may be improved somewhat by
using feeds other than a dipole, such as a folded dipole. The folded dipole also provides a
higher input impedance than a dipole even though the driving point impedance of both are
usually reduced considerably from their self-impedances by mutual coupling effects.
Further, increased gain can be obtained by arraying or “stacking” Yagi antennas. Maxi-
mum gain results for a separation of almost one wavelength (see Fig. 8-16). Thus, for a
given application, if a somewhat narrow bandwidth can be tolerated, the Yagi-Uda
antenna can provide good gain (e. g., 9—12 dB) at low cost.

EXAMPLE 6-1 TV Channel 12 Yagi Antenna Design

A 12-element Yagi for TV channel 12 at 205.25 MHz is to be designed using 1-cm-diameter
elements insulated from a metallic boom [21]. The boom length is to be 2.24. Table 6-3
indicates that 0.24 spacing is required. The wavelength at 205.25 MHz is 1.46 m. Thus, the
spacing between all elements is 29.2 cm. To obtain the element lengths, the following four
steps are followed:

1. Plot the element lengths from Table 6-3 on the design curves “B” in Fig. 6-25. The
design curves are for conductor diameters of 0.00854.

2. Since the 1-cm conductor to be used is 0.00654 in diameter, the element lengths in the
table must be increased slightly. This is accomplished by drawing a vertical line at
0.00654 on the horizontal axis. This line intersects the two applicable design curves,
which gives the compensated lengths of the reflector and first director:

Lg =0.483 4, Lp, =0.4375/

Notice the distance along the director “B” curve between the intersection of the vertical
line at 0.0065/ and the location of the first director length from step 1 above. All the
directors must be increased in length by an amount that is determined by this distance.

3. With a pair of dividers, measure the distance on the B director curve between the initial
length and corrected length of the first director. Slide each of the other director lengths
to the left by this amount to determine their compensated lengths:

Lp, = 0.4214
Lp, = Lp,, = 0.4144
Lp, = Lp, = 0.4057
Lps = Lpg = Lp, = Lpg = 0.39841
4. The fourth step generally is to correct the lengths for the metallic boom using Fig. 6-26, if

one is used. In this case, the boom is metallic, but the elements are insulated from it and no
correction factor is required. (See Prob. 6.4-5.)
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Figure 6-29 Simulated patterns for the 12-element Yagi of Example 6-1.

Calculated patterns for Example 6-1 using numerical methods (e.g., Chap. 14) are
shown in Fig. 6-29 and the calculated directivity is 11.82 dBd, which agrees well with the
gain value of 12.25 dBd in Table 6-3. The calculated input impedance for a dipole driver
is 26.5 + j23.7 Q). The calculated front-to-back ratio is 38.5 dB, owing to the almost total
absence of a back lobe in the calculated pattern.

6.4 FEEDING WIRE ANTENNAS

There are several questions that arise when connecting an antenna to a transmitter or
receiver. What sort of transmission line is best to use? What is the best way to “match”
impedances between the antenna, the transmission line and the transmitter or receiver? Is
it necessary to transform an unbalanced transmission line to a balanced antenna? This
section will provide answers to these questions.

6.4.1 Transmission Lines

Consider an antenna operating in the transmission mode as in Fig. 6-30. Both antenna
systems in Fig. 6-30 employ a transmission line of characteristic impedance Z, between
generator and antenna. Wire antennas are most commonly fed with either coaxial cable or
some form of parallel wire transmission line as shown in Fig. 6-31.

The most common value for Z, of a circular coaxial line is 50 Ohms (real). This is a
compromise among several factors. Z, for maximum power handling in a coaxial line is
about 30 Ohms, for maximum voltage about 60 Ohms, and for minimum conductor losses
Z, is about 77 Ohms [14]. The characteristic impedance of a coaxial cable is primarily
determined by the ratio of the inner and outer diameters according to

7, = jg_rm (g) (6-45)

Parallel wire transmission lines tend to have higher characteristic impedances with 75 and
300 ohms being common for “twin-lead” and 450 and 600 Ohms being common for open
(i.e., mostly air between conductors, €, = 1) wire transmission line. The spacing between
conductors is the primarily practical determinant for the value of Z, as seen in
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120 d\ 120 [d++\/d*—(2a)
Z, = cosh™! (—) = In —() (6-46)

VEr 2a VEr 2a

The advantages of the open-wire line are high-power handling capability and low loss.
At VHF and above, parallel wire lines are seldom used because the spacing between
conductors becomes electrically large enough to disturb the transmission line behavior of
the line. That is, radiation by the transmission line may occur. Parallel wire lines are
balanced transmission lines, whereas coaxial lines are unbalanced lines, as will be
explained in Sec. 6.4.3.

6.4.2 Matching Networks

Consider an antenna in the transmission mode as in the equivalent circuit of Fig. 2-15.
From circuit theory we know that maximum transfer of power from the generator to the
real part of the load provided by the antenna, R4 = R, + R, will occur when the load
impedance, Z, on the right is the conjugate match of the source impedance, Z,, on the
left. In other words, Z, = Zg for maximum power transfer. For resonant size antennas,
R,>R, and thus Ry ~ R,.

Fig. 6-30 is an extension of Fig. 2-15. Fig. 2-15 is a useful equivalent circuit of an
antenna system that does not show the transmission line connecting the antenna to a
source (transmitter or receiver). When the separation between the antenna and the source
is greater than only about 0.1\, the connection between the source and antenna must be
treated by transmission line theory. Separations of many wavelengths are common.

Maximum power transfer is not the only consideration when feeding an antenna. Two
other considerations are (1) achieving a minimum amount of power reflected from the
load and (2) achieving a desired current distribution. In general, maximum power transfer
does not guarantee zero reflection from the load.

Minimum reflection at the load can be particularly important when a high-power trans-
mitter is being used. Reflected power results in a standing wave of voltage, VSWR, and of
current, ISWR, on the transmission line. The VSWR produces a voltage, Vin.x, on the line
which is greater than the transmitter output voltage, V,,. This may result in voltage breakdown
on the line in the form of arcing. Further, the reflected power can cause damage to the
transmitter’s output final amplifier and/or cause “frequency pulling” which is a change from
the desired transmission frequency. In cases where high power is not involved, alow VSWR
may be a luxury and not a necessity. This is demonstrated in Table 6-4. For example, a VSWR
of 2:1 leads to 89% power transmission. An 11% reduction in radiated or received power
would not be noticeable on most commercial and amateur communication links.

So how do we achieve a system with a low VSWR on the transmission line, and/or
maximum power transfer? Consider Fig. 6-30a, which shows a single matching network
that provides for a conjugate match at a single frequency. The matching network may be
placed anywhere on the line. In 6-30b, the matching network on the right provides for a
reflectionless match between the antenna impedance, Z4, and the characteristic imped-
ance, Z,, of the line. The matching network on the left provides for a conjugate match
between the source and the transmission line. If the transmission line has very low loss and
the characteristic impedance of the line is essentially pure real, the system in Fig. 6-30 can
provide both a conjugate match for maximum power transfer and zero reflection from the
load. This is the ideal situation. The system in Fig. 6-30a is potentially broader band than
that in Fig. 6-300.

Matching networks have disadvantages. For example, if a matching network is
designed to obtain a near-perfect match, it will usually be narrow-band. If the matching
network is designed to be broadband, it will not usually yield a near-perfect match at all
frequencies over the band, and sometimes not at any frequencies over the band. Matching
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Table 6-4 VSWR and Transmitted Power for a Mismatched Antenna

Percent
Re=ﬂ|e;t|§(;1’1(())v(;'er Percent Transmitted
) Power Maximum Voltage on

— VSWR -1 % 100 =¢ X100 Transmission line Return Loss
VSWR VSWR +1 =(1—|T*) X100 =(1+|T|)V, = =20 log (I
1.0 0.0 100.0 1.00 V, co dB
1.1 0.2 99.8 1.09 Vv, 26.4 dB
1.2 0.8 99.2 1.17 V, 20.9 dB
1.5 4.0 96.0 1.20 Vv, 14.0 dB
2.0 11.1 88.9 133V, 9.54 dB
3.0 25.0 75.0 1.50 V, 6.02 dB
4.0 36.0 64.0 1.60 V, 4.47 dB
5.0 44.4 55.6 1.67 V, 3.52 dB
5.83 50.0 50.0 1.71 Vv, 3.01 dB
10.0 66.9 33.1 1.82 V, 1.74 dB

networks add cost, weight, and power loss to a system and can decrease the bandwidth of
the antenna system. Fortunately, the advantages of using matching networks usually
outweigh the disadvantages.

The radiation quality factor of an antenna, Q4, is the approximate inverse of the antenna
bandwidth provided Q4 > 10. That is, the bandwidth as a percent, B,, is

1
B, ~ @ X 100% provided Q4 > 10 (6-47)

For the system in Fig. 6-41a, the system Q, Oy, comprised of the antenna radiation Q, Q4,
and the matching network Q, Q,,, is

11,1
QS_QA Qm

For example, if Q4 and Q,, = 10 (each individually have a bandwidth of 10%), then the
bandwidth of the system, Qy, is 5%. The desirability for using wideband matching net-
works in many applications is readily apparent.

Since an antenna of efficiency e, and a matching network of efficiency e,, are in series,
the efficiency of the system, ey, is the product of the two efficiencies. For example, if the
antenna efficiency is 0.98 and the matching network efficiency is 0.92, the system effi-
ciency is 0.89 and the power loss due to the two efficiencies is about 0.5 dB. The system
Q can be decreased (and bandwidth increased) by introducing loss into the matching
network. But the penalty in doing this is a decrease in system efficiency.

Low-loss broadband matching networks are a challenging design problem and are
beyond the scope of this text. The most general broadband matching problem is the
matching of an arbitrary impedance to another arbitrary impedance over a specified
frequency range within a specified deviation from perfect match. However, the antenna
designer is unlikely to be faced with such an arbitrary problem, because at least one of
the impedances involved, Z,, will be nearly resistive and not very frequency, sensitive.
For serious discussion of broadband matching, the reader is referred to [H.8.2: Munk,
pp. 288-305; H.6: Ant. Eng. Hdbk., 4th ed., Chap. 52].

(6-48)
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(a) L-section network.
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(b) Inverted L-section network.

[ Zs °

(¢) Pi-network. Figure 6-32 Some lumped element matching networks.

Matching networks employ different hardware at high and low frequencies. At UHF and
low microwave frequencies, distributed tuning devices such as stubs are introduced to
transform the real part of an impedance to that of the transmission line as well as tuning out
the reactive component. At low frequencies reactive tuning is accomplished with variable
capacitors and coils because the electrical dimensions of these lumped elements are small
with respect to the wavelength. One way impedance levels can be changed is with air-filled
coils functioning as a transformer.

Examples of using lumped elements at low frequencies are the L-network and the
Pi-network shown in Fig. 6-32. The L-network uses only reactive elements to provide a
conjugate match between two complex impedances, but the necessary component values
may be difficult to realize in some cases. The Pi-network provides a more flexible
arrangement, in part because there are three variables instead of two [H.6: Ant. Eng. Hdbk.,
4th ed., Chap. 52]. The Pi-network can be used to match a low impedance to a rather high
one, say 50 ohms to many hundred ohms, or 50 ohms to a low impedance of just a few
Ohms. The Pi-network also provides somewhat more control over the (narrow) bandwidth.

Some examples of matching networks used at higher frequencies include stubs, quarter-
wave transformers, cascaded quarter-wave transformers, Chebyshev transformers, binomial
transformers, combinations of transformers and stubs, and tapered lines. A discussion of
these techniques can be found in [H.6: Ant. Eng. Hdbk., 4th ed., Chap. 52].

There are also ways to change the input impedance of an antenna without using a
matching network. For example, the input impedance of a dipole can be changed by
displacing the feed point off-center. If the feed point is a distance z; from the center of the
dipole, the current at the input terminals is
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Figure 6-33 Half-wave dipole with displaced feed.
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]
b—
M4 Figure 6-34 Current distribution on a full wave dipole for an
\l/ off-center feed.

L
In the case of a half-wave dipole as shown in Fig. 6-33, 3L/2 = 7/2, and this reduces to
Iy =1, cos Bz (6-50)

The input resistance (not including ohmic losses) is found from (6-50) in (6-20), giving

I? R A
Ry=2R,=—"_— (L=2 ]
TR cos? Bzf ( ) (6-51)

As the feed point approaches the end of the wire, this result indicates that the input
resistance increases toward infinity. In practice, the input resistance becomes very large as
the feed point moves out. The pattern is essentially unchanged as the feed point shifts. For
longer dipoles, the pattern and impedance differ significantly from the center-fed case as
the feed point is displaced. For example, a full-wave dipole fed a quarter-wavelength
from one end, as shown in Fig. 6-34, will have a current distribution that is significantly
different from the center-fed full-wave dipole of Fig. 6-3¢ and that has a broadside null in
the pattern.

The off-center feed arrangement is unsymmetrical and can lead to undesirable phase
reversals in the antenna, as shown in Fig. 6-34. A symmetrical feed that increases the
input resistance with increasing distance from the center point of the wire antenna is
the shunt feed. A few forms of shunt matching are shown in Fig. 6-35. We will discuss the
operation of the tee match; the remaining shunt matches behave in a similar fashion.
The center section of the tee match may be viewed as being a shorted transmission line in
parallel with a dipole of wide feed gap spacing. The shorted transmission line is less than
a quarter-wavelength long and thus its impedance is inductive. Capacitance can be
introduced to tune out this inductance by either shortening the dipole length or placing
variable capacitors in the shunt legs. As the distance D is increased, the input impedance
increases and peaks for a D of about half of the dipole length. As D is increased further,
the impedance decreases and finally equals the folded dipole value when D equals the



6.4 Feeding Wire Antennas 181

C
D
Figure 6-35 Shunt matching
(a) Delta match. (b) Tee match. (c) Gamma match.  configurations.

dipole length. The exact impedance value depends on the distances C and D, and the ratio
of the dipole wire diameter to the shunt arm wire diameter (similar to the folded dipole
behavior). In practice, sliding contacts are made between the shunt arms and the dipole
for impedance adjustment. Shunt matches will radiate, and do so in an undesirable
fashion.

6.4.3 Baluns

We now turn our attention to a separate but related problem of balancing currents on wire
antennas. Many wire antennas are symmetrical in nature, and thus, the currents should
also be symmetrical (or balanced). An example of balanced and unbalanced operation of
a half-wave dipole is shown in Fig. 6-36. In the balanced case, the currents on the
transmission line are equal in magnitude and opposite in direction, which yields very
small radiation from the transmission line for closely spaced conductors. For unbalanced
operation, as illustrated in Fig. 6-36b, the current /; is greater than I, and there is a net
current flow on the transmission line leading to uncontrolled radiation that is not in
the desired direction or of the desired polarization. Also, the unbalanced current on the
antenna will change the radiation pattern from the balanced case. Thus, it is clear that
balanced operation is desirable.

Transmission lines are referred to as balanced or unbalanced. Parallel wire lines are
inherently balanced in that if an incident wave (with balanced currents) is launched down
the line, it will excite balanced currents on a symmetrical antenna. On the other hand, a
coaxial transmission line is not balanced. A wave traveling down the coax may have a
balanced current mode, that is, the currents on the inner conductor and the inside of the
outer conductor are equal in magnitude and opposite in direction. However, when this wave
reaches a symmetrical antenna, a current may flow back on the outside of the outer con-
ductor, which unbalances the antenna and transmission line. This is illustrated in Fig. 6-37.
Note that the currents on the two halves of the dipole are unbalanced. The current /3
flowing on the outside of the coax will radiate. The currents /; and I in the coax are
shielded from the external world by the thickness of the outer conductor. They could
actually be unbalanced with no resulting radiation; it is the current on the outside surface of
the outer conductor that must be suppressed. To suppress this outside surface current, a
balun (contraction for “balanced to unbalanced transformer’) is used.

NN
2

(a) Balanced currents, /;=1,.  (b) Unbalanced currents, /; > I,.

Figure 6-36 Balanced and unbal-
anced operation of a center-fed half-
wave dipole.
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Figure 6-37 Cross section of a coaxial trans-
mission line feeding a dipole antenna at its
center.

The situation in Fig. 6-37 may be understood by examining the voltages that exist at
the terminals of the antenna. These voltages are equal in magnitude but opposite in phase
(i.e., V, = —V}). Both voltages act to cause a current to flow on the outside of the coaxial
line. If the magnitude of the currents on the outside of the coax produced by both voltages
are equal, the net current would be zero. However, since one antenna terminal is directly
connected to the outer conductor, its voltage V;, produces a much stronger current than the
other voltage V,.

In other words, the current I, upon reaching terminal “b” in Fig. 6-37, splits with
I, — I going onto the dipole arm and /5 going down the outside of the coax. What a balun
does is force I5 to zero or nearly so, such that the currents on the two arms of the dipole
are the same or nearly so. Thus, a balun transforms the balanced input impedance of the
dipole to the unbalanced impedance of the coaxial line such that there is no net current on
the outer conductor of the coax.

To illustrate how a balun works, consider the sleeve (or bazooka) balun in Fig. 6-38.
The sleeve and outer conductor of the coaxial line form another coaxial line of charac-
teristic impedance Z, that is shorted a quarter-wavelength away from its input at the
antenna terminals. The equivalent circuit for Fig. 6-37 is that of Fig. 6-39a. The equiv-
alent circuit of Fig. 6-38 is that of Fig. 6-39h, which shows that both terminals see a very
high impedance to ground. Thus, the situation in Fig. 6-39b is equivalent to the balanced
condition of Fig. 6-39¢ wherein the currents /; and I, are equal.

Figure 6-38 Cross section of a sleeve balun
feeding a dipole at its center.
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(c) Final equivalent circuit for Fig. 6-38 with quarter-wave

transmission line removed, 1, =1,.

(b) Equivalent circuit of sleeve balun-fed dipole in Fig. 6-38.

Figure 6-39 Equivalent circuits for a dipole fed from a coaxial transmission line of characteristic impedance Z,

and load impedance Z; .

An easily constructed balun form is the folded balun shown in Fig. 6-40. The quarter-
wavelength of coax from the a terminal to the outer conductor of the transmission
line does not affect the antenna impedance Z4. The extra quarter-wavelength of coax
together with the outer conductor of the main transmission line forms another equivalent
transmission line, which is a quarter-wavelength long and is shorted at C. Therefore, the
short circuit at C is (ideally) transformed to an infinite impedance at the antenna term-
inals, which is in parallel with Z,, leaving the input impedance unchanged. The quarter-
wavelength line induces a cancelling current on the outside of the coaxial transmission
line, so that the net current on the outside of the main coax below point C is zero, as
shown in Fig. 6-40a.

The split-coax balun in Fig. 6-40b functions in the same way as the folded balun. The
sleeve, folded and split-coax baluns are, of course, not broadband because of the quarter-
wavelength involved in their construction.

Broadband baluns can be constructed by tapering a balanced transmission line to an
unbalanced one over at least several wavelengths of transmission line length as indicated
in Fig. 6-41. Fig. 6-41a shows a balanced transmission line tapering to an unbalanced
microstrip line and Fig. 6-41b illustrates a balanced line tapering to an unbalanced
coaxial line.

The baluns we have considered thus far are useful from microwave frequencies down
to VHE. From VHF down to lower frequencies, it is impractical in many cases to employ
these configurations and transformers are used as Fig. 6-42 indicates. Fig. 6-42a is an air
core transformer arrangement useful at lower frequencies. Fig. 6-42b is bifilar wound
ferrite core balun that can be used from VLF through UHF.

Impedance transformation can also be included in a balun for matching purposes. For
example the “four to one” balun in Fig. 6-43 will transform an unbalanced 75-(2
impedance to one that is 300-2 balanced. Such a balun is useful with a folded dipole.
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(a) Folded balun. (b) Split-coax balun.

Figure 6-40 The folded balun and the split-coax balun equivalent.
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Figure 6-41 Broadband baluns.

To understand how the 4:1 balun works, consider Fig. 6-43a, which shows the 300-€2 load
split into two 150-€) impedances in series and still balanced. Note that the midpoint
between the two terminals is at zero potential with respect to ground and therefore may be
grounded as in Fig. 6-43b. Also in Fig. 6-43b, a half-wavelength of coax is used to
transform the negative terminal to a positive terminal which is then connected to the
upper positive terminal. This places the two 150-C2 impedances in parallel and unbalanced
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Figure 6-42 Baluns used at lower frequencies.

C~> (Unbalanced to ground)

(a) 300 Q load replaced with
two 150 Q loads in series.
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(¢) Half-wave balun.

Figure 6-43 A half-wave balun that provides an impedance setup ratio of 4:1.
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as seen from the coaxial line on the left. The antenna load still sees 300-(2 balanced. Thus
we have a 4:1 balun as shown in Fig. 6-43c. A balun that leaves the impedance unchanged
is often referred to as a “one to one” balun.

LOADED WIRE ANTENNAS

The characteristics of a wire antenna can be altered by incorporating resistance, induc-
tance, and/or capacitance into the wire. This is called “loading” and can be accomplished
either distributively or discretely with lumped R, L, and/or C elements.

6.5.1 Lumped Loaded Wire Antennas

Lumped loading is usually employed for one of several reasons: (1) to obtain multi-band
operation, (2) to alter the current distribution for purposes of pattern control (e.g., phase
shifter), (3) to physically shorten the antenna.

Multi-band operation can be achieved by means of a “tuned trap” which is a resonant
parallel LC circuit. Fig. 6-44 achieves two-band operation at high and low frequencies fy
and f1, respectively through the use of a trap resonant at fij. When operation takes place at
Jfu, the trap has a very high impedance effectively isolating the upper section of the
antenna from the lower section, thereby producing a 4/4 monopole at the higher fre-
quency. With the trap resonant at fi, the trap behaves as an inductor when operation takes
place at fi, physically lengthening the antenna at the lower frequency. The amount of
physical lengthening at ;. depends on the L/C ratio of the trap elements [H.8.1: ARRL
Antenna Book]. Without the trap, the monopole is about one-half wavelength at the
higher frequency, fy, and is very difficult to impedance match because of the current
minimum at the antenna input (see Prob. 6.1-4).

In many instances it is desirable to obtain more gain from a (vertical) monopole than
that provided by a quarter-wavelength monopole. To obtain more gain, a 31/4 or 71/8
monopole may be used as Fig. 6-45 illustrates. In practice, the 1/4 stub is usually
replaced by an inductor. Both the stub and its inductor substitute provide the necessary
phase shift to place the current on the upper and lower portions of the monopole in phase
as indicated. Alternatively, the inductor may be roughly thought of as the wire in the stub
coiled into a coil.

The purpose of the series inductance at the base of the 34/4 monopole is to improve
the VSWR. Fig. 6-46a shows the input impedance with the base inductor in place. Note

Figure 6-44 A trap monopole antenna.
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that a zero reactance occurs at 860 MHz. Fig. 6-46b shows the VSWR referenced to 50
Ohms. The VSWR curve could be made more symmetrical by slightly increasing the
inductance at the base.

The far-field pattern is shown in Fig. 6-46¢. Note the strong broadside radiation
compared to the 34/2 dipole case in Fig. 6-4. The gain of the 31/4 monopole is at least
3dB greater than the 4/4 monopole, or about 8 to 9 dBi [H.3: Kraus, 3rd ed., p. 824].

Another form of common lumped loading is the top-loaded monopole shown in
Fig. 6-47 (see also Fig. 3-10b). If the monopole is without top loading and & < 1/5, its
radiation resistance will be half of (2-172) for the short dipole whose current goes to zero
at the free space end, or

2
R, = 407* (I) (6-52)
Recall that the total length of the dipole is Az whereas the height of the monopole is &
(i.e., Az = 2h). If we can make the current on the monopole be uniform, then the radi-
ation resistance will be four times greater since the radiation resistance of a monopole
with uniform distribution will be half that of (2-169), or

L

h 2
R, = 1607° <;) (6-53)

as given in (3-15) and discussed in Sec. 3.3.1.

The uniform current distribution can be achieved, or nearly achieved, by the incor-
poration of the top load in Fig. 6-47. The top load contains that portion of the current that
goes to zero at the end of a linear non-loaded monopole thereby rendering the vertical
current portion nearly uniform. With the addition of the top load, the radiation resistance
is increased by at least a factor of four, and the reactance is less capacitive because the
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Figure 6-46 Performance of the three-quarter wavelength loaded monopole in Fig. 6-45.

Disc

|— =

(@) ()
Figure 6-47 Loaded and unloaded monopoles. (@) End loaded monopole. (») Unloaded
monopole.

monopole appears to be electrically longer. That is, the longer-appearing monopole is
more inductive.

Theoretically, we could use an inductor or coil of wire at the very end of the monopole
to accomplish a similar result to that of the top load. For practical reasons, this is not
often done.
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6.5.2 Distributively Loaded Wire Antennas and Fractals

One form of distributive loading is resistive. The addition of resistance to the antenna
conductor will lower the radiation Q but increase the bandwidth at the expense of antenna
efficiency. In part because there are other more efficient ways of increasing antenna
bandwidth, resistive loading of an antenna is seldom used.

A more common form of distributive loading is to use inductance to shorten the
physical antenna length while preserving electrical length as we saw with lumped
loading. Fractal geometries provide a way of naturally introducing inductive loading into
an antenna. A fractal geometry is generated via the successive iteration of a generator
shape. For example, in Fig. 6-48a the first iteration is the application of the generator
shape (i.e., the triangle-like perturbation in the arm of the monopole). The second iter-
ation is obtained from the first by applying the generator shape to the straight segments of
the first iteration, and so on to higher-order iterations. Another example is the Sierpinski
gasket monopole in Fig. 6-48b, which uses triangular voids as the generator shape in the
original solid triangular plate.

Examination of Fig. 6-48a suggests distributive loading. That is, the deviation from
straight wire geometry to the Koch fractal shape increases primarily the inductance
between various parts of the Koch monopole. The increase in inductance allows the
monopole to be shorter than the corresponding linear monopole and still be resonant.

Some fractals possess a property called self-similarity, wherein small regions of the
geometry duplicate the overall geometry on a reduced scale. This property can lead to
multi-band operation of the antenna. Such is the case with the Sierpinski gasket monopole
of Fig. 6-48b. The overall size of the Sierpinski monopole determines the lowest
frequency of operation while the individual voids help determine one or more higher
frequencies of operation. The voids are a form of distributive loading.

Fractals were introduced to the antenna community in 1996 and have generated a bit
of controversy. Originally fractals were thought to be broadband, but it now known that
they can only be multiband. Fractals do indeed work but not necessarily better than
other known antenna geometries [H.6: Modern Antenna Hdbk, Chap. 10; H.8.11: Hansen,
pp. 74-81]. This is shown by Best in [H.6: Modern Antenna Hdbk, Chap. 10], where he
shows that for the same wire length, the normal mode helix (see Fig. 7-12) has a lower
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(a) Koch monopole, three iterations.

1)

first iteration fourth iteration
Figure 6-48 Two examples of fractal
(b) Sierpinski gasket monopole, first and fourth iterations.  antennas.
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resonant frequency than the Koch monopole because it is, in effect, a better inductor. In
the case of the Sierpinski monopole, Best shows that the multiple resonances are not due
to the details of the fractal geometry but can be duplicated by nonfractal slit voids in the
triangular plate. In summary, fractal geometries through distributive loading can provide
benefits such as reduced antenna size and possibly multi-band operation, but probably not
in an optimum way [16].

Another form of distributive loading is dielectric loading. If an antenna such as a
resonant quarter-wave monopole is embedded in an infinite dielectric, its resonant length
is shortened by 1 /\/57 If the medium is not infinite, and the outer medium is air, the
shortening will be less. Further, the larger ,, the more the radiation resistance is reduced
with implications for impedance matching complexities and reduced matching circuit
efficiency. And finally, bandwidth is also reduced as ¢, is increased. Lumped loading
techniques are usually preferred over dielectric loading [H.9.1: Fujimoto, Chap. 3].

6.6 GROUND PLANE BACKED WIRE ANTENNAS

Earlier in the chapter we saw that the impedance bandwidth of a wire antenna could be
improved by making a wire thicker. In this section, three ways of improving the gain of a
wire antenna using flat metal plates are presented. The first way employs a single flat
plate, and the next two each employ two flat plates. In the first two antennas, the flat
plates function as a reflector to provide unidirectional radiation. In the third case, which
also provides unidirectional radiation, one of the plates functions as a reflector and the
other provides for a cavity-like resonance. These kinds of reflector antennas are simple to
construct and cost effective. They sometimes are referred to as aperiodic reflectors. There
is, of course, another major kind of reflector that uses curved surfaces, the most common
one being the focused parabolic reflector. The parabolic reflector is treated in detail in
Chap. 9.

6.6.1 The Flat Plate Reflector

The simplest reflector system is a dipole parallel to a large flat plate and positioned a
distance, s, from it as shown in Fig. 6-49. When the flat plate is infinite, the method of
images (Sec. 2.3) can be used to replace the dipole and infinite flat plate by two
parallel dipoles a distance 2s apart. The image element will differ in phase by 180°
from the original dipole and thus the pair will be a two-element endfire array giving us

4 Figure 6-49 Dipole parallel to a flat rectangular
X plate.
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Figure 6-50 Calculated gain of a half-wavelength dipole vs. distance from a flat plate

reflector. (Reproduced by permission from [H.3: Wolff], Norwood, MA: Artech House, Inc.
1988 © by Artech House, Inc.)

the radiation pattern in the half-space x > 0. The pattern in the H-plane is given by
(3-71) and is illustrated in Fig. 3-20. The pattern in the E-plane is (3-71) multiplied
by (3-3) and results in the narrower pattern in Fig. 3-20.

The two-element array model in Sec. 3.5 is an ordinary endfire array when s = 1/4.
For s < 0.25/ some superdirectivity will occur because the phase delay from image to
dipole exceeds that of ordinary endfire. For s <0.25/ the directivity can exceed
2.15 dBi+ 3.0 dB = 5.15 dBi as in Fig. 6-50 for the lossless R, = 0 case [H.3: Wollff,
p- 297]. When ohmic losses, R,, are included, the gain peaks at about s = 0.15/ but is still
above 5.15 dBi. Fig. 6-50 is an example of superdirectivity not being the same as
supergain because of ohmic losses (see Sec. 5.5).

The proximity of the dipole to the plate affects not just the gain but the input
impedance of the dipole as well. This is because there is a coupling (see Sec. 8.7) between
the dipole and the plate (or alternatively between the dipole and its image). The input
resistance of the dipole as a function of the distance s is shown in Fig. 6-51. The deviation
in input resistance from the 73 €2 value given in (6-17) is due to the interaction of the
dipole with the flat plate.

When the plate is not infinite, its finite size will affect the pattern, affect the gain some, and
have a very minor effect on the input impedance. These effects are not just due to the size of
the plate but diffraction (see Sec. 16.7) from the edges of the plate. The half-power (HP)
beamwidth is noticeably affected by the diffraction. Consider a half-wavelength dipole a
quarter-wavelength in front of a flat plate. Then for a plate 14 by 1/, HP in the H-plane is 93°,
for a2/ by 2/ plate HPis 113°, and fora 34 by 34 HPis 111° [H.3: Milligan, 2nd. ed., p. 227].
By contrast, the half-power beamwidth for the infinite ground plane is 120° (see Ex. 3-5 and
Prob. 3.5-5).

The size of the plate and its diffraction determine the front-to-back ratio. For example,
for a plate 14 by 14, the front-to-back ratio is about 16 dB, for 24 by 24 about 22 dB, and
for 3/ by 3/ about 28 dB [H.3: Milligan, 2nd ed., p. 227]. For most applications, a 1.54
by 1.5/ plate is adequate. The plate does not have to be solid, but instead can be replaced
with a grid of wires or rods in the same plane as the incident electric field vector.

Fig. 6-52 presents a nomograph for determining the transmission through a grid of
wires. The nomograph applies to the component of the electric field tangential to the
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wires in the grid. The wires are of diameter 2a with a spacing s between centers of the
wires. To use the nomograph, a straight construction line is drawn from a location on the
left corresponding to the spacing in wavelengths to a second point on the right corre-
sponding to the ratio of the spacing to the wire radius. Where the construction line crosses
the line in the middle labeled “Transmitted Power (dB)” determines the transmitted
power. The formula used to construct the nomograph may be found in [17]. The accuracy
of the nomograph was found to be better than +=1dB when compared with transmitted
power experimental data. The nomograph also applies to a grid of perpendicular wires by
separately treating the other orthogonal set of parallel wires forming the mesh.

As an example, Fig. 6-52 predicts that for a wire spacing of 0.154, and a spacing to
wire radius ratio of 12.5, the transmitted power is —13 &1 dB, corresponding to a
reflected power between approximately 94% and 96% of the incident power. This
represents a small loss in reflected power of between about 0.3 and 0.2 dB, respectively, a
negligible uncertainty for most applications. Thus, the nomograph provides reasonable
guidance for wire grid reflector design. The use of a wire grid reduces the weight and
wind loading of the antenna while providing an efficient reflecting surface.

6.6.2 Corner Reflector Antennas

Another practical antenna that produces a gain of 10 to 12 dB over a half-wave dipole is
the corner reflector antenna invented by J. D. Kraus in 1938 [4]. His first experimental
model was a 90° corner reflector. Although other corner angles can be used, the 90°
corner illustrated in Fig. 6-53 is the most practical and the one that will be discussed here.
The corner reflector is used as a gain standard at UHF frequencies.

The corner reflector antenna can be easily analyzed using the method of images and
array theory. Consider Fig. 6-54 that shows the source and its three images. The array
factor contribution from the feed element 1 and image from 4 from (3-67) is
2 cos[f3s cos(¢)]. The contribution from images 2 and 3 will be the same but rotated 90°
and of opposite phase, or —2 cos[(3s cos (90°—¢)]. Thus, if we assume that the con-
ducting reflecting sheets are infinite in extent, the array factor in the xy-plane (H-plane)
valid in the region —45° < ¢ =45° is

AF(0 =90°, ¢) =2 cos(fs cos¢) — 2 cos(0s sing) (6-54)
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Figure 6-52 Power transmission through a grid of parallel wires. I is the voltage reflection
coefficient of the wire-grid. (Used with permission from Mumford [17] © 1961 IEEE.)

It follows that in the xz-plane or E-plane, the array factor may be constructed by a
somewhat similar reasoning process:

AF(0,0 =0°) = {—2+2 cos[Bs cos(90° — 6)]}g(0) (6-55)

where the element factor g(6) is usually that of a half-wave dipole.

The pattern shape, gain, and feed point impedance will all be a function of the feed-to-
corner spacing s (see Fig. 6-55a). For the 90° corner reflector, the pattern will have no
minor lobes within —45° <@ =45° and good directivity if 0.25/=s5=0.75/. The
directivity will be greatest at s = 0.54 [35] when the conducting plates are of infinite
extent, but the input impedance of a dipole feed will be high (i.e., around 125%2).
Reducing the spacing to 0.35/ will in theory produce a 70-{2 input impedance with a
negligible decrease in gain. Often, a bow tie (see Fig. 7-34) is used for the feed because it
has superior impedance bandwidth properties compared to an ordinary linear dipole.

Making the conducting plates of finite extent is, of course, necessary for a practical
design. It can be shown by ray tracing that a length value of L = 2s is a reasonable
minimum length so that the main beam is not degraded by the finite extent of the
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conducting plates. The dimension H is usually chosen to be from 1.2 to 1.5 times the
length of the feed so as to minimize the direct radiation by the dipole feed into the back
region. The finite extent of the plates will result in a pattern broader than that predicted
for infinite plates as in, for example, Fig. 6-55. The effect of the finite plate size on the
feed driving point impedance is usually negligible. Additional discussion of the corner
reflector can be found in [H.3: Miligan, 2nd ed., pp. 237-241].

6.6.3 Backfire Antennas

The short backfire antenna (SBFA) is an efficient antenna that is simple and compact. The
SBFA consists of two flat parallel reflectors of different sizes, usually spaced about 0.51
apart as shown in Fig. 6-56. The dipole is usually positioned midway between the
reflectors. The arrangement is sometimes called a leaky cavity resonator, but its radiation
mechanism is not completely understood, in part because two or more radiation
mechanisms are involved. The primary radiation direction from the SBFA is normal to the
smaller reflector.
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Figure 6-55 Principal plane patterns, |AF|, for a right angle corner reflector composed of two
(semi-infinite) half-planes and a 1/2 dipole feed. (Only the 34/4 spacing is used in the E-plane.)

Large reflector
Rim

Small reflector

Crossed sleeve dipole

Figure 6-56 A short backfire antenna with crossed dipoles between the small and large
reflectors. (Reproduced by permission from [H.8.12: Kumar and Hristov] Norwood, MA:
Artech House, Inc. 1989 © by Artech House, Inc.)

The SBFA is of interest because of its several advantages: simple to design and
construct; lightweight and compact; high gain for its size; low side lobes and back lobes;
dual polarization and circular polarization capability; easy to impedance match; and high-
power capability [H.8.11: Kumar, Chap. 5]. SBFAs are good candidates for use in antenna
arrays and for applications where low weight is a strong consideration, such as on
satellites and missiles.
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Dod [18] performed an experimental investigation of the SBFA shown in Fig. 6-56.
His investigation shows the effect of the small disc size on half-power beamwidth, HP,
and side lobe level, SLL, when the large reflector is 2.04 in diameter. As the size of the
small reflector is increased, HP is reduced and SLL increases. This behavior may suggest
that the small reflector is acting like a director element in a Yagi because the small
reflector diameter is less than its resonant diameter of about 0.58/. This behavior is
similar to the Yagi directors in Sec. 6.3 being shorter than their resonant length. Dod also
experimented with the large reflector 1.54 in diameter. In this case the same trends were
found, but HP was smaller and SLL higher than for the larger diameter large reflector.

Fig. 6-57 shows the gain dependency on the size of the small reflector [18]. The curves
tend to peak near the resonant size of the disc. The gain for the 2.0/ large reflector gives a
higher gain than the 1.5/ large reflector when the small reflector diameter is near resonant
size. The H-plane HP is about 37° and the E-plane HP about 34° when the large and small
reflectors are 2.04 and 0.54, respectively. If a rim 0.5/ high had been used, the gains
would have been higher than in Fig. 6-57.

Fig. 6-58 shows the VSWR for the SBFA when the large reflector is 2.0/ in diameter
[18]. Using VSWR = 2:1, the impedance bandwidth for this design is only about 3.3%.
The low VSWR at 1.5 GHz was largely obtained by adjusting the length of the sleeves
(see Sec. 7.5) on the dipoles and adjusting the length of the dipoles themselves. The
impedance bandwidth can be improved at some expense to the gain by adjusting
the dipole location relative to the large reflector [19, 20].

The curve in Fig. 6-58 is indicative of resonance behavior that may be interpreted
either as a cavity resonance, or possibly a Yagi type resonance if one views the SBFA as
behaving like a three-element Yagi with a single director and a super reflector. The
parameters in Fig. 6-58 are typical ones for the SBFA except for the rim height which
often is larger. Fig. 6-59 shows a typical SBFA pattern. The principal plane patterns are
usually very similar. Side lobes are typically —20dB or lower and back lobes about
—30dB. The pattern bandwidth is normally much larger than the impedance bandwidth
for a typical design.
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Figure 6-58 Measured VSWR vs. frequency [18].
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The rim on the large reflector in Fig. 6-56 has a strong effect on the side and back lobes
as well as the gain. It has been found that a rim height on the order of 0.5 to 0.6 can add
as much as 5 dB to the gain [22] compared to no rim at all. Define an antenna aperture for
the SBFA as being a plane area the size of the large reflector and resting on its rim.
Assuming the circular aperture in Fig. 6-56 is the effective aperture, and then using (4-27)
with A, = A, where A, is the physical aperture, the gain of the antenna would be

4 4 .
G= ?AP = (m+1.0/%) = 39.48 = 16 dBi (6-56)
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This is consistent with measured gains reported in [21]. The assumption that the physical
aperture is the effective aperture implies a uniform aperture distribution and represents a
difficult to achieve upper bound on the gain. (Recall that the maximum directivity of the
broadside line source in Chap. 5 occurred when the line source had a uniform distribu-
tion.) However, near field measurements have indicated that the aperture has a cosinu-
soidal distribution and that this distribution extends beyond the rim creating a virtual
aperture larger than the physical aperture [22]. This helps explain the unexpectedly high
values of gain. The extension of the aperture fields beyond the edge of the rim can be
explained by diffraction theory in Chap. 16. Diffraction theory can also explain why the
best rim height is 0.5 to 0.64.

The SBFA is easier and more economical to build than a parabolic dish and can produce
somewhat better gains for the same diameter and less depth. Further, the SBFA produces as
much gain as a Yagi 10 times longer in the boom length [23]. Thus, it is not surprising that a
SBFA was used for communications in the Apollo spacecraft program, where a compact,
lightweight, high-gain antenna was required on the command module.

6.7 WIRE ANTENNAS ABOVE AN IMPERFECT GROUND PLANE

The operation of low-frequency (roughly VHF and below) antennas is affected signifi-
cantly by the presence of typical environmental surroundings, such as the Earth, build-
ings, and so forth. In Sec. 2.3, we discussed the principles for analyzing antennas above a
perfect ground plane. A perfect ground plane in its ideal form is an infinite, plane, perfect
conductor. It is well approximated in practice by a planar good conductor that is large
relative to the antenna extent. Image theory from Sec. 3.3 reveals that an antenna above a
perfect ground plane, or an approximation of it, has an equivalent form that is an array.
Array theory can then be used to obtain the radiation pattern above the ground plane.

In this section, we consider ground planes that are not well approximated by a perfect
ground plane. Since low-frequency antennas are most affected by their surroundings and
low-frequency antennas are usually wire antennas, the illustrations will be for wire
antennas above a ground plane. The general principles can, however, be applied to many
antenna types.

A ground plane can take many forms, such as radial wires around a monopole, the roof of
a car, or the real Earth. In many situations, the Earth is well approximated as being infinite
and planar, but it is a poor conductor. Good conductors have conductivities on the order of
107 S/m. Earth conductivity varies greatly, but is typically 107 to 12 X 10~ S/m with
rich soil at the high end and rocky or sandy soil at the low end. With these low conduc-
tivities, electric fields generated by a nearby antenna penetrate into the Earth and excite
currents that, in turn, give rise to o|E |2 ohmic losses. This loss appears as an increase in the
input ohmic resistance and thus lowers the radiation efficiency of the antenna.

6.7.1 Pattern Effects of a Real Earth Ground Plane

The pattern of an antenna over a real Earth is different from the pattern when the antenna is
operated over a perfect ground plane. Approximate patterns can be obtained by using
image theory. The same principles discussed in Sec. 3.3.4 for images in perfect ground
planes apply, except that the strength of the image in a real ground will be reduced from
that of the perfect ground plane case (equal amplitude and equal phase for vertical ele-
ments, and opposite phase for horizontal elements). The strength of the image can be
approximated by weighting it with the plane wave reflection coefficient for the appropriate
polarization of the field arriving at the ground plane. To illustrate, consider a short vertical
dipole a distance / above a ground plane, shown in Fig. 6-60 together with its image. There
is a direct and a reflected ray arriving in the far field. As can be seen, the reflected ray
appears to be coming from the image antenna. The primary source and its image form an
array. The electric field above the ground plane for this example, using (2-74a), is
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Figure 6-60 A short vertical dipole of current L. above a real Earth ground plane, together
with its image of current I'y /.

—JjBR}

e e /R
Ep = jwp sin 9<IL +I'yiL > (6-57)

47TR1 47TR2

where L is the length of the short dipole and I'y! is the current for the image dipole. I'y is
the plane wave reflection coefficient for a planar Earth and vertical incident polarization,
when E is in the plane of incidence defined by a normal to the Earth and the ray from the
source to the normal at the Earth. Using parallel rays for far-field calculations gives the
far-field distance expressions

Ry =r—h cosf and R, =r+h cosf (6-58)
Then (6-57) reduces to

L e7ifr
Ey =Jep

sin e(ejﬂh cos + I-\Ve—jﬂh cos 9) (6—59)

where R; =~ R, ~ r was used in the denominator. This expression is valid above the
ground plane. It contains an element pattern sin # and an array factor, in the brackets, for a
two-element array with elements spaced 2/ apart.

Similarly for a horizontally oriented short dipole as shown in Fig. 6-61, we have (in the
xz-plane)

o IL eI
Ey = jwp——

o cos e(ejﬂh cos 4 Fve—jﬁh cos 6’) (6—60)

where the minus sign appears because the image current is in the opposite direction. This
expression is valid only in the xz-plane. I'y is used because E is in the plane of incidence.
The field in the yz-plane is given by

IL e . ,
EQ ij,uﬂ e - (e/ﬁh cos d + FHeﬁﬁh cos&) (6-61)
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Figure 6-61 A short horizontal dipole of current / above a real Earth ground plane together
with its image of current I'y/ for the xz-plane. The image current in the yz-plane is I'yl.

The element pattern is unity because a dipole has an omnidirectional pattern in the plane
normal to the dipole axis. The horizontal reflection coefficient I'y; is used in this case because
the electric field is perpendicular to the plane of incidence.

There is no minus sign in the second term of (6-61) because of the definition of 'y,

which is [H.4: Jordan, Chap. 16].
cos§ — /¢! — sin®6)
I'y = (6-62)
cos 0 + /¢ — sin®6

This is the plane wave reflection coefficient for an incident electric field perpendicular to
the plane of polarization (i.e., the plane formed by the surface normal and the direction of
propagation). Further, for I'y we have [H.4: Jordan, Chap. 16].

€ cosf— /e — sin’6
Ty = (6-63)
gl cos+ /e, —sin’0

This is the plane wave reflection coefficient for an incident electric field parallel to the
plane of polarization. ¢/, is the relative complex effective dielectric constant (see Sec. 2.1)
for the ground and is given by

g = (6-64)

€0 we,

€, and o are the relative dielectric constant and conductivity of the ground plane. The
Earth has an average value of €, = 15. Ground conductivities across the United States
vary from 1073 to 12X 10~ S/m [H.4: Jordan, Chap. 16].

. . . . )
It is convenient to express the imaginary part of /. as

7 _18%10°
W€y MHz

(6-65)
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Figure 6-62 Magnitude and phase of I'y and I'y at four frequencies. Note that the horizon is at § = 90°.
o=12X10"2S/m and ¢, = 15.

At low frequencies (e.g., 1 MHz and below), the imaginary part or loss-producing part of
the complex permitivity dominates. At high frequencies (e.g., 100 MHz and above), the
real part dominates.

The reflection coefficients are shown in Fig. 6-62 for a typical ground conductivity
o =12X 1073, Thereisa great deal of information in these curves. First, we note that I'y is
close to —1 at low elevation angles (6 ~90°) for all frequencies and ground conductivities.
The situation is much different for I'y where both the magnitude and phase usually vary
rapidly at low elevation angles due to the presence of the pseudo-Brewster angle when
/T'y = —90°. This behavior does not occur when either 0 — o0 or w— 0 since |I'y|— 1 as
can be shown from (6-63) and (6-64).

The use of plane wave reflection coefficients to obtain the image strength is only an
approximation since antennas near a ground plane do not form plane waves incident on
the ground plane. In addition to the radiation we have described above, there is a surface
wave that propagates along the ground plane surface. For HF and VHF frequencies, the
surface wave attenuates very rapidly. For grazing angles (6 near 90°), I'y ~ —1 and
vertical antennas close to a real Earth have zero radiation for 8 = 90°; see (6-59). In this
case, the surface wave accounts for all propagation, as in daylight standard broadcast AM.
The effect of neglecting the surface wave, and using the procedure given above, has been
found not to be critical for vertical antennas [24]. For horizontal antennas, the antenna
should be at least 0.2 above the Earth for the plane wave reflection coefficient method to
be valid [25].

The elevation pattern for a short vertical dipole at the surface of various ground
planes is shown in Fig. 6-63. When the ground plane is perfect (¢ = o0), the pattern
above the ground plane is the same as that of a short dipole in free space, sin 6. Thus,
in the perfect ground plane case, radiation is maximum along the ground plane, whereas
for a real Earth ground plane, the radiation maximum is tilted up away from the ground
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plane and is reduced in intensity, for the same input power, due to reduced efficiency.
This is a general trend. The effect of a lossy Earth on vertical antennas is to tilt the
radiation pattern upward. A good radial ground system (to be discussed in Sec. 6.7.2)
makes the pattern behave more nearly like that for a perfect ground plane, that is,
increase the low angle radiation (along the ground plane). Low angle radiation is par-
ticularly important for long-distance communication links that rely on ionospheric
reflection (skip).

A short vertical dipole that is 1/4 above the ground plane forms a 1/2 spaced array
with its image. For the perfect ground plane, £/, = oo and I'y from (6-63) is +1. The array
is then a A/2 spaced, equally excited, in-phase collinear array. The pattern for this is
plotted in Fig. 6-64a (0 = o0). For a real Earth ground plane, I'y &~ —1 at grazing angles
(0 near 90°). The array contributions thus cancel, giving a null along the ground plane as
shown in Fig. 6-64a. As the height 4 is increased to 4/2, the equivalent array of Fig. 6-60
has a 4 spacing and multiple lobes appear in addition to the effects described for h = 1/4
The elevation patterns for 7 = 4/2 are plotted in Fig. 6-64b.

For a horizontal short dipole as shown in Fig. 6-61, the radiation is not the same for all
planes through the z-axis, as for vertical antennas. In the yz-plane (perpendicular to the
axis of the dipole), the radiation electric field is given by (6-61). The reflection coefficient
I'y is exactly —1 for a perfect ground plane and approximately —1 for real Earth ground
planes at all angles 6 if the frequency is low. The element pattern is isotropic since the
elements are seen in end view in the H-plane (yz-plane). Thus, the array factor completely
determines the pattern. The low elevation pattern effects of finite conductivity are much
less pronounced for horizontal antennas than for vertical antennas.

The field expressions of (6-59) to (6-61) for short dipoles above a ground plane can be
used for other antenna types by using the appropriate element pattern. In particular, sin 6
in (6-59) and cos 6 in (6-61) are replaced by the free space pattern of the antenna
considered.

6.7.2 Ground Plane Construction

The previous section illustrates the effect of an imperfect Earth ground plane on the
performance of an antenna in proximity to the air-Earth interface. These effects can be
overcome by using a highly conducting ground plane. An excellent ground plane is one
constructed by using a metallic sheet that is much larger than the antenna extent. For
example, consider the monopoles on finite size perfectly conducting ground planes in
Fig. 16-27. For such ground planes the only departure from an ideal pattern, such as that
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Figure 6-64 Elevation plane patterns of a vertical short dipole a distance & above a flat Earth
(Fig. 6-60) with ¢, = 15 and 0 = 1.2 X 1072 S /m for three frequencies compared to the
perfect ground plane (0 = c0) case.

in Fig. 6-63 for 0 = 0, is caused by the finite size of the ground plane. The pattern for
0 < 0 < 90° in Fig. 16-28 is an example of finite ground plane size on the radiation
pattern when compared to Fig. 6-63. The edges of the ground plane can have an effect on
the antenna input impedance as well. This effect is illustrated in Fig. 16-41.

A solid metallic ground plane is impractical at low frequencies because of the mini-
mum required radial dimension of a quarter-wavelength. In this section techniques are
discussed for increasing the apparent conductivity of the real Earth ground to minimize
the effects of the Earth upon the radiation pattern and the power lost in the Earth.

Consider a vertical monopole antenna with its base at ground level. (See Sec. 3.3 for a
discussion of monopoles over a perfect ground plane.) Currents flowing up the antenna
leave the antenna and form displacement currents in air. Upon entering the Earth, con-
duction currents are formed that converge toward the base of the antenna. Losses in an
Earth ground can be reduced by providing a highly conductive return path. This is
commonly achieved with a radial ground system. The size of the wires used is not critical
and is determined by the mechanical strength required. Number 8 AWG wire is typical.
They need not be buried, but it is usually convenient to do so. However, they should not
be buried too deep in order to minimize the extent of Earth through which the fields must
pass. Sometimes, the radial wires are linked together at the base of the monopole by a
ring-shaped ground strap. Occasionally, one or more stakes are driven into the ground
near the base of the monopole.

The ohmic resistance of the radial system and Earth ground adds in series to the ohmic
resistance of the monopole structure to determine the total ohmic resistance of the input
impedance. The ohmic losses in the ground plane, with or without radials, can be
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separated into H-field and E-field losses, calculated individually, and then simply added
together [27]. The H-field loss is associated with the tangential magnetic field on the
ground surface whereas the E-field loss is due to the vertical electric field immediately
above the ground plane. The H-field loss is usually much greater than the E-field loss.
The ohmic losses in the ground plane radial wires are negligible compared to the two
ohmic losses in the Earth itself [27].

Especially for high-power transmitting antennas, it is important to have a well-designed
radial system to achieve high efficiency. On the other hand, for a simple monopole structure
in free space, as few as three equally spaced radial wires form an adequate radial system.
Often these radials slant downward so that the maximum radiation is in the horizontal
plane. (Fig. 16-28 is a monopole on a flat ground plane whose maximum radiation is at
6 < 90° due to the finiteness of the ground plane.) For a monopole on the lossy Earth, an
additional benefit of a good radial system is maximum radiation being near the horizon
instead of being elevated as in Fig. 6-63.

The most sophisticated ground system, such as used with a standard broadcast AM-
transmitting antenna, is 120 radial wires spaced equally 3° apart, around the tower out to a
distance of about a quarter-wavelength from the tower. In general, the length of the radials is
roughly equal to the height of the monopole antenna. The value of the total ohmic resistance
of a ground system with 120 radials for typical soils is plotted in Fig. 6-65 for a few fre-
quencies as a function of radial length [26]. Note that at 3 MHz a ground system with
120 radials that are about a quarter-wavelength long (25m) gives a ground system
resistance of about 1.6 2. Since the surface resistance of the Earth varies as the square
root of frequency [see (2-171)], the ground system resistance will be constant for lower
frequencies if the length of the radials is increased in proportion to the square root of
wavelength. For frequencies above 3 MHz, the curve for radial length in Fig. 6-65 is
only slightly to the right of the 3-MHz curve. This is because after the radials reach a

3 MHz
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Figure 6-65 Typical resistance of radial ground systems using 120 radials in average soil.
(Data from [26].)
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length of about a quarter-wavelength, most of the large current densities occur within the
region of the radials and further length increase is of no major consequence.

The construction principles for a radial wire ground system on top of or in the Earth
can be summarized rather simply. The function of a radial system is to prevent the
electromagnetic fields from the antenna from penetrating into the ground and exciting
currents that, in turn, lead to o|E |2 ohmic loss. As can be seen from the discussion, if 120
quarter-wavelength-long radials are employed, the ohmic resistance introduced by the
ground system will be at most a few ohms, and usually well under an ohm. In most
applications, it is impractical to install as many as 120 radials. Generally speaking, 50
radials about a quarter-wavelength-long will reduce Earth losses to a few ohms. When
only a few radials are used, the added resistance of the ground can be several ohms. Also
if the radial lengths (almost independent of the number used) are reduced below a tenth of
a wavelength, the ground system resistance will increase significantly.! The radial wires
can be laid on top of the ground or buried slightly (but never deeply buried). Wire
selection is largely determined by mechanical considerations. As the number of radials is
increased, the less current each one will have to carry and thus the smaller the wire
diameter required. At the base of the antenna, the radials should be connected together
and to one or more ground stakes.

6.8 LARGE LOOP ANTENNAS

The topic of this section is electrically large loop antennas which have a loop perimeter L
that is about a tenth of a wavelength or more. Before discussing large loops, we review
small loops. Electrically small loop antennas, with a perimeter much less than a wave-
length, have a doughnut-shaped pattern that is omnidirectional in the plane of the loop and
polarized in the plane of the loop (the xy-plane of Fig. 3-15). The pattern of a small dipole
along the z-axis is also omnidirectional in the xy-plane, but has a radiated electric field that
is polarized perpendicular to the xy-plane; see Fig. 2-4. We found in Sec. 3.4 that the
pattern and radiation resistance of electrically small loop antennas are insensitive to loop
shape and depend only on the loop area. The doughnut pattern with a maximum in the
plane of the small loop and with zero radiation along the axis normal to the loop is a
consequence of the current amplitude and phase being constant around the loop. Electri-
cally small loops antennas have low radiation resistance and high inductive reactance,
making them unsuitable for transmitting applications.

Large loops have a current amplitude and phase that vary with position around the
loop, causing the impedance and pattern to depend on loop size. There is a pattern
maximum perpendicular to the plane of the loop if its perimeter is about a wavelength
or more. Large loop antennas are used in direction finding (DF) systems that make use
of the sharp null in the horizontal plane (along the x-axis) when the loop is oriented with
the y-axis vertical in Fig. 6-66. This allows accurate angle-of-arrival determination in the
horizontal plane, which is the most common application. The performance of a fixed
physical size large loop antenna will change with varying frequency, which is charac-
teristic of a resonant antenna. Large loop antennas usually have either a circular or square
shape. At low frequencies where physical sizes are large, loops are often square because
they are more easily constructed by using crossed, diagonal wooden support members to
maintain the wire shape square. Self-supporting circular loops are common at UHF
frequencies and above. Both circular and square loops are usually operated near the first
resonance point, which occurs for a perimeter of slightly greater than one wavelength.
Storer [28] provides analytical expressions for the current distribution and impedance of

'"More details and references for ground system design are available in [H.3: Weeks, Sec. 2.6].
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Figure 6-66 The one-wavelength square loop
antenna. Each side is of length A/4. The solid curve
is the sinusoidal current distribution of (6-66). The
dashed curve is the current magnitude obtained from
more exact numerical methods.

circular loops, accompanied by extensive tables and plots. Also available in the literature
for circular loop antennas are general far-field expressions [29] and approximate formulas
for the directivity and radiation resistance [30]. A good summary of circular loops is
found in [H.3: Burberry, Chap. 4]. The uniform current circular loop is addressed in Prob.
6.8-1. A specially configured square loop antenna, called the Alford loop antenna, with a
perimeter of about 1/ achieves close to a uniform current and thus produces nearly
omnidirectional, horizontally-polarized radiation in the horizontal plane (with the loop in
the horizontal plane), which is hard to achieve with other antennas in a compact form
factor and with reasonable impedance and efficiency. Large circular and square loops
with the same perimeter have similar performance; see Prob. 6.8-5.

First, we analyze the one-wavelength square loop antenna using the same techniques
that we used for other resonant wire antennas by assuming a sinusoidal current distribution.
The assumption of sinusoidal current distribution has been verified to a good approximation
through experiment [31]. Next, accurate numerical method results are compared to the
approximate analysis results. Finally, computed impedance values are given for the square
loop as a function of perimeter size.

The one-wavelength square loop antenna has the assumed sinusoidal current distri-
bution shown in Fig. 6-66 (solid curve) that is continuous around the loop, starting with a
maximum at the feed point at the center of the side parallel to the x-axis. Each side has a
quarter-wavelength of current that is expressed as

A
I, =1, = —xI, cos(Bx), |¥| = 3 (6-66)

ool ~o

I, = —I3 = —yl, sin(8y), Y| =

The solution for the radiation properties proceeds in the usual manner. First, the vector
potential from (2-101) is

~jor
A=ub / | PREL (6-67)
d7r loop

To find the phase delay function, the expressions for vectors from the origin to arbitrary
positions on each side must be written. They are
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(6-68)

where the numbered subscripts indicate the corresponding loop side. Using the expansion
of r from (C-4) and (6-68) in (6-67) with the loop integral broken into integrals over each
side gives

—jBr /8
A= m e’ I, [—f(/ Cos(ﬂxl)ejﬁx/ sinf cos d)(efj<7T/4) sin 6 sin ¢ + e/(‘/r/4) sin 6 sin d)) dx’
47y —1/8

N yﬁ/§/8 sin(ﬁy’)@jﬂy, sin0 sin¢(_e*j(ﬂ/4) sin 0 cos ¢ + ei(ﬂ/4) sinf cos ¢) dy’]

e*jﬂr T /8 6 sin 8
=u I, | —x2 cos| —sin@ sin¢ cos(Bx')e/Px sinfeoso gy
47r 4 ~1/8
P /8 RN
+§2j sin Zsin@ cos ¢ /J/Ssin(ﬂy')e’"’c sinfsing - gy/ (6-69)

The first factors in each of the above two terms in brackets are the array factors for the
pairs of sides 1, 2 and 3, 4, respectively. Evaluation of the integrals and subsequent
simplification (see Prob. 6.8-2) lead to

A= "2V, ﬁcos[(n/4) cos ¢ CoS 7y sin zcos — Cos T cos
"M g sin® 7 R el 4 7
_sin[(7/4) cos~y ™ K
—y————-——|cos§2 cos|[ —cos) | —sin| — cos -
sin® Q 4 4 (6-70)
where
cos vy = sinf cos ¢ and cos {2 =sin @ sin¢ (6-71)

The angles « and (2 have a geometrical interpretation; they are the spherical polar angles
(similar to 6) for the x- and y-axes; see (C-4).
The far-zone electric field components are

Ep=—jwAg= —jwA * 6 = —jw(AX * 0 +A,5+0)
= —jw(Ax cosf cosp + A, cosB sing) (6-72a)
Es= —jwA * & = —jw(—A, sing+ A, cos o) (6-72b)

Substituting A, and A, from (6-70) gives



208 Chapter 6 Wire Antennas

_ jlome P cos 8 sin¢ sin[(m/4) sinf cos @]

Ey

V27r 1 —sin 0 sin? 10)
. . T . . . T . .
.|sinf sin¢ cos Zsm@ sing | — sin Zsm@ sin ¢
cos ¢ cos[(m/4) siné sin @)
1 —sin®6 cos? ¢
. N ™ .
.|sinf cos¢ sin Zsmﬂ cos¢ | — cos 1 sinf cos ¢ (6-73a)
jlme™9 | cos ¢ sin[(m/4) sinf cos @]
EO = — ain2 )
V2nr 1 —sin“f sin“¢
. . T . . . T . .
.|sin@ sin¢ cos Zsm@ sing | —sin| —siné sin ¢

n sin¢ cos[(7/4) sin@ sin¢]
1 —sin®6 cos2¢

.|sinf cos¢ sin %sinﬁ cos¢ | —cos % sinf cos ¢ (6-73b)

These expressions are rather involved but were derived in a straightforward fashion using
the principles set forth in Sec. 2.4.

The far-field expressions simplify somewhat in the principal planes. In the xy-plane,
which is the plane of the loop (an E-plane), § = 90° and then (6-73) reduces to

™
E9(9 - 5) —0 (6-74a)
7\  Jjlme P 7 | sin[(7/4) cos¢] | . T . N E
E. = — = — — — —
ol 0 5 Vo 4 (/4] cos o sing cos 4sm¢ sin 4sm¢

N cos[(m/4) sing]

(/4) sind cos ¢ sin Zcosgb —cos % cos ¢ (6-74b)

The E4 expression is plotted in Fig. 6-67a (solid curve) in normalized form. Along the
x-axis (¢ = 0° and 180°), E4 = 0. This is true because the sides 3 and 4 alone each have
patterns that are zero in the broadside direction since the current distributions on these
sides are odd about their midpoints. Along the y-axis, (6-74b) reduces to
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(@) The xy-plane (the plane of (b) The xz-plane (an E-plane) normalized (c) The yz-plane (the H-plane)
the loop and an E-plane) pattern plot of Eg. In this plane, HP = 85°. pattern plot of Ey.
pattern plot of E. The patterns from the two methods
In this plane, HP = 99°. coincide in this plane.

Figure 6-67 Principal plane patterns for one-wavelength square loop antenna. The solid curves are the
patterns based on a sinusoidal current distribution of Fig. 6-66. The dashed curves are the patterns arising
from the current distribution obtained by the more exact numerical methods.

T m  jlme 1
E,0==, p==) =200 6-75
G’( 2 ¢ 2) \/§7rr \/z ( )
In the xz-plane, which is an E-plane, (6-73) yields
Ey(¢=0)=0 (6-76a)
Ey(6 = 0) :jll,ne‘jﬂr sin @ sin[(7/4) sin@] — cos[(r/4) sin 0] (6-76b)
V2rr cos @

The normalized form of this Ey expression is plotted in Fig. 6-67b (solid curve). It can be
shown that (6-76b) goes to zero for 8 = 90°, as it should by (6-74a).
In the yz-plane, which is the H-plane, (6-73a) reduces to

E9(¢ = g) =0 (6-77a)
E, <¢ = g) = —% cos (g sin 0) (6-77b)

Fig. 6-67¢ (solid curve) gives the plot of the normalized form of this E, expression. The
cos[(m/4) sin 6] pattern is the array factor for two point sources at the midpoints of sides
1 and 2. Note that in the z-direction, (6-76) and (6-77) give the same result (for 6 = 0°):
an electric field parallel to the x-axis given by
Jlone ™

V2rr

which is a factor of /2 greater than E, in the y-direction given in (6-75). This can be seen
from the pattern in Fig. 6-67¢ where the value is 0.707 in the y-direction wand is unity in
the z-direction. Fig. 6-67a also shows this result because the xy-plane pattern is shown
relative to the peak of the entire 3D pattern, which is in the z-direction.

E = (6-78)
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From the patterns in Fig. 6-67, we can make some general conclusions about the
radiation properties of the one-wavelength square loop antenna. Radiation is maximum
normal to the plane of the loop (along the z-axis) and in that direction is polarized parallel
to the loop side containing the feed (x-direction). In the plane of the loop, there is a null in
the direction parallel to the side containing the feed point (x-direction) and a lobe peak
perpendicular to the null direction (y-direction). These results are quite different from the
small loop, which has a null perpendicular to the plane of the loop, and maximum
radiation in the plane of the loop where the pattern is omnidirectional.

We now use the square loop to examine the accuracy of the sinusoidal current dis-
tribution assumption by comparing to moment method simulation results, which solve for
the actual current; see Chap. 14 and App. G. The current distribution obtained by sim-
ulation for the square loop of wire radius of 0.0014, shown in Fig. 6-66 as the dashed
curve, agrees closely with the assumed sinusoidal current (solid curve). The effects of the
slight differences between the currents on the radiation patterns are revealed in Fig. 6-67.
The patterns calculated from the pattern expressions developed in this section (solid
curves) agree closely with those obtained through simulations (dashed curves). Simula-
tions are capable of including the asymmetry introduced by the feed, which causes the
simulated current to be asymmetric and, as a consequence, the pattern to be asymmetric
in the xy-plane. The half-power beamwidths in this plane are 99° and 103° based on
simple theory and simulation, respectively. The calculated and simulated patterns in the
xz-plane are in full agreement and have a beamwidth of 85°; for reference, a half-wave
dipole has a beamwidth of 78°. This detailed comparison of numerical to approximate
analytical results demonstrates that simple theory using an assumed current, as employed
thus far in this book, provides good engineering results.

The impedance of the square loop antenna calculated using moment method numerical
techniques is plotted as a function of perimeter size for a wire radius of 0.0014 in
Fig. 6-68. As would be expected for a loop antenna, the reactance is inductive below a
perimeter of about 0.4/ after which it becomes capacitive and alternates between the two
for larger perimeters. This behavior is similar to the impedance for a dipole in Fig. 6-6
except the dipole begins as capacitive for short lengths. Also note in comparing the loop
to the dipole that for increasing loop perimeter anti-resonance (large reactance) is
encountered first, followed by resonance (zero reactance), whereas the dipole has the
reverse sequence. Input impedance values calculated based on the constant current
assumption used in Sec. 3.4.2 lose accuracy as the perimeter becomes about 0.14 or
greater, indicating that the uniform current assumption is no longer valid and large loop
theory is required; Prob. 6.8-3 addresses this in detail. Storer [28] found the same result
for circular loops. Fig. 6-68 indicates the general conclusion that large loop antennas
exhibit reasonable input impedance values for perimeters greater than about 0.74.

For a one-wavelength perimeter, the input impedance is 102 — j142Q and the gain® is
3.1 dB. Resonance occurs at about L = 1.14 where the impedance is 133 2 (real), as can
be seen in Fig. 6-68. The gain of the resonated one-wavelength square loop (L = 1.14)
with a = 0.0014 is 3.41dB, which is 1.26 dB higher than that of a resonated half-wave
dipole (3.41— 2.15 dB). The peak gain for the large square loop is 4.01 dB at L = 1.4/,
but the impedance is 657 + j669 2. The best design approach for most applications is to
size the loop for resonance at the middle of the operating frequency band to facilitate
impedance matching over as broad of bandwidth as possible. Simulations for circular
loops using the same wire radius of 0.0014 give similar results; see Prob. 6.8-5. For a one-
wavelength circumference circular loop, the impedance is 121 — j95¢2 and the gain is
3.45 dB. Resonance occurs for a circumference of 1.06 4 where the impedance is 1422
(real) with a gain of 3.67 dB, which are close to the square loop values. The peak gain of a

2Although lossless wire is assumed in the simulations, the loss is very low and gain is assumed to equal
directivity as with any electrically large antenna.
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Figure 6-68 Input impedance of a square loop antenna as a function of the loop perimeter in
wavelengths. The loop is fed in the center of one side and has a wire radius of a = 0.001 4.
Numerical calculation methods were used.

large circular loop is 4.46 dB at a circumference of 1.424. We can conclude that the
circular loop has a few tenths of a dB more gain than a similar-sized square loop. If
thicker wire is used, the gain increases. Also, resonance occurs at a larger perimeter value
and the input resistance is larger for thicker wire.
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6.1-1 Use the integral from (F-11) in (6-3) to prove (6-4).

6.1-2 Starting with (6-6), show that for L < 4, the radiation pattern of a dipole reduces to that
of a short dipole, sin 6.

6.1-3 (a) The outputs from two collinear, closely spaced, half-wave dipoles are added together
as indicated by a summing device in the figure below. The transmission lines from the
antennas to the summer are of equal length. Write the pattern F,(6) of this antenna system
using array techniques.

N 1>
N 1>

+

Ll

(b) Now consider a center-fed, full-wave dipole that is along the z-axis. Write its pattern
expression Fy(0).
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(c) Now draw the current distributions ,(z) and I,(z) for both antennas. From these current
distributions, can you make a statement about the patterns from the two antennas? Return to
the pattern expressions and prove your statement mathematically.

6.1-4 The center-fed, full-wave dipole is rarely used because it has a current minimum at the
feed point. If it is instead fed as shown below, sketch the current distribution. Also, rough
sketch how you think the pattern should look, and explain how you obtained it.

A 31

=T —>

4 4

L )

6.1-5 (a) The array of Prob. 6.1-3a is parallel fed, in-phase array. Show how the parallel wire
transmission lines are connected to perform the summing function. Also put current arrows on
each wire.

(b) Consider an array similar to that of part (a) except now the array elements (half-wave
dipoles) are fed 180°out-of-phase. Show how the transmission lines are arranged to accom-
plish this subtraction function. Again, show the currents on each wire.

6.1-6 Use the results of the cosine-tapered current distribution in Sec. 5.2 to derive the pattern
of a half-wave dipole in (6-7).

6.1-7 Verify that the normalization constant in (6-9) is 0.7148 for the pattern of a 31/2 dipole.
What are the angles 6, in degrees for maximum radiation?

6.1-8 A resonant half-wave dipole is to be made for receiving TV Channel 7 of frequency 177 MHz.
If %—in.—diameter tubular aluminum is used, how long (in centimeters) should the antenna be?
6.1-9 Use (6-1) and (6-4) to calculate and plot the current distribution and far-field pattern for
dipoles of length 2.0 and 2.54. Compare with Figs. 6-3 and 6-4.

6.1-10 (a) Show that the power radiated by a center-fed dipole of arbitrary length L with a
sinusoidal current is

P= % 0.5772 + In(AL) — Ci(BL) % sin(BL)[Si(26L) — 2 Si(AL)]

+ %COS(ﬂL) 0.5772 + ln(%) + Ci(26L) —2 Ci(pL)

(b) Derive an expression for the directivity and then plot directivity as a function of dipole
length for L from 0 to 3/.
6.1-11 Use the length reduction procedure for half-wave resonance in Table 6-2 to calculate
the resonant frequencies of the two dipoles in Fig. 6-7.
6.1-12 Design an optimum directivity vee dipole to have a directivity of 6 dB.
6.1-13 To show that the vee dipole results of (6-23) and (6-24) give roughly the correct results
for a full-wave straight wire dipole, use D = 2.41 and determine .
6.1-14 A formula for the shortening factor of a nominal half-wave dipole is
0.2257

In(2£) -1
“a” and L = 1/2. Calculate values for the resonant length of the dipoles in Table 6-2 and
compare with Table 6-2. Optional: use a moment method code to find the resonant lengths and
compare with Table 6-2 and the above formula.
6.2-1 (a) It is desired to have a simple formula for the length of a thin-wire half-wave folded
dipole antenna. Show that it is L(cm) = 14,250/f(MHz).
(b) Determine the length in centimeters of half-wave folded dipoles for practical application as
receiving antennas for each VHF TV channel and the FM broadcast band (100 MHz). Tabulate
results.
6.2-2 Calculate the input impedance of a folded dipole of length 2a =L = 0.44, wire size
0.0014, and wire spacing d = 12.5a using the transmission line model. Compare your results
to values from Fig. 6-16.

L.s = 0.5 (1 — where L, is the resonant length of a half-wave dipole of radius
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6.2-3 The equation for the impedance on a transmission line a distance / from a load, Z;, is
given by

7y cos Bl + jZ, sin Bl

Z, cos Bl + jZ; sin Bl

Z() = 7,

where Z, is the characteristic impedance of the transmission line. Show that this reduces to
(6-25) when the load is a short circuit at [ = %
6.3-1 Use array theory from Sec. 3.5 to analyze the array of Fig. 6-18a.

(a) Plot the E-plane pattern and compare to Fig. 6-18b

(b) Plot the H-plane pattern.

(c) Use (6-7) for the dipole (element) pattern.
6.3-2 Numerical methods reveal that the currents on the elements of the two-element parasitic
array of Fig. 6-18 are nearly sinusoidal and the current amplitudes and phases at each element
center are 1.0 £ —88° for the driver and 0.994 / 81.1° for the parasite. Use simple array theory
to obtain and plot the H-plane pattern in linear, polar form.
6.3-3 Phasor diagrams are often helpful in obtaining a rough idea about how arrays perform.
To illustrate, use phasor diagrams to obtain the relative far-zone field values in the endfire
directions of the two-element parasitic array of Prob. 6.3-2 (i.e., find the front-to-back ratio).
To do this, find the total phasor at each element location including the spatial phase delay due
to the element separation. Assume the amplitudes of each element are unity and the phases
are —88° for the driver and 81.1° for the parasite.
6.3-4 Design a 10.2-dBd gain Yagi for operation at 50.1 MHz. The parasitic elements are
insulated from the metal boom. The diameter of the elements is 0.00214.
6.3-5 Design a 14.2-dBd gain Yagi for operation at 432 MHz. The parasitic elements are
mounted through a metal boom making electrical contact with it. The diameter of the elements
is 0.00343 1. The boom diameter is 0.02754.
6.3-6 Construction project—a 10¢ Yagi. This project is designed to demonstrate how a high
gain antenna can be built for under 10¢ ! Locate a channel on your (or a cooperating friend’s)
TV receiver that has marginal reception, such as a snowy picture when a modest antenna (like
rabbit ears) is used. The construction phase proceeds as follows. Find a large rigid piece
of corrugated cardboard and trim it so that it is several centimeters longer than the total array
length and about 5 cm narrower than the director length. Now locate several thick coat
hangers. Straighten them as much as possible and cut them to the lengths required for the
reflector and directors. The feed element is a folded dipole constructed from a piece of twin-
lead transmission line. Cut it to a length that is a little longer than the driver dimension. Strip
the ends and solder the two wires at each end together such that the overall length is equal to
the driver dimension. Next cut one wire of the driver at the center of the folded dipole and
solder the ends to a long piece of twin-lead that serves as a transmission line for the antenna.
Lay out all element positions on the cardboard by marking appropriately. Tape the folded
dipole onto the cardboard at the driver location. The coat hanger parasitic elements are
positioned by merely inserting them into the corrugations in the cardboard. Now connect the
transmission line to the receiver. Rotate the antenna and note the effect on the reception. Large
performance differences should be observed. Note that it may be necessary to elevate the
antenna by placing it in the attic, for example. With this construction, it is very easy to change
the element spacings by placing the coat hanger elements into difference corrugations. Very
little difference will be observed for small distance changes. Normally, the best performance is
achieved for horizontal polarization, that is, elements parallel to the ground.
6.3-7 Construction project—a slightly more expensive Yagi. A fairly rugged Yagi antenna can
be constructed using the following technique. Select a TV channel with marginal reception and
design a Yagi for that frequency. The materials required for this project are a 1 X 2 in. board of
length slightly greater than the overall length of the array and a few meters of aluminum wire
(usually No. 8 AWG). Trim and straighten wires for the reflector and directors. Drill holes in
the wooden mast at the appropriate positions for the reflector and the directors. The holes
should be just slightly greater than the wire diameter. Be sure all holes are along a straight line.
The driver is a folded dipole oriented such that the plane of the dipole is perpendicular to the
line of the array. Drill one hole in the mast about 2 cm above the array line. At the same
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distance below the array line, drill in from each side of the mast about 0.5 cm. Cut a piece of
wire more than twice the length of the driver. Push it through the top hole and center it. Bend
the wire at the required length at each end and fold it back to the mast. Now carefully trim
away any excess wire such that the wire ends can just be forced into the shallow holes and still
form a symmetric folded dipole. Now wrap the bared ends of a twin-lead transmission line to
the ends of the folded dipole close to the mast (at the feed point). Be sure to get a good
mechanical contact. Also leave a tab of polyethylene where you stripped the twin lead. Small
wire brads can be wedged between the wire ends at the feed point and the mast, and at the
same time pinch the twin-lead connection between the antenna wire and the brad. Solder the
feed point connections. Tack the polyethylene tab to the bottom of the mast to provide strain
relief. Insert the remaining elements into their holes, center them, and nail brads into the hole
alongside the wires to secure their positions. The construction is now complete and you can
connect the transmission line to the receiver and test the reception. Try several antenna
locations and orientations.

6.3-8 A two-element Yagi has a current on the driven element of 1 /164° and a current on the
parasitic element of 0.5 /238°. The spacing between the elements is 0.24. Does the parasitic
element act like a director or reflector element? Use a phasor diagram to show why.

6.3-9 A two-element Yagi with 0.24 element spacing has a current on the driven element of
1/254° and a current on the parasitic element of 0.6 /. —32°. Does the parasitic element act
like a director or reflector element? Why?

6.4-1 A receiving antenna with a real impedance R, attached to its terminals has the equiv-
alent circuit shown. Prove that maximum power transfer to the load for a fixed real antenna
impedance R4 occurs for R, = Ry.

Ry Ry

6.4-2 A transmitter with a real impedance of R, is connected to a lossless transmission line of real
characteristic impedance R, and then to an antenna of real input impedance R,.

(a) Derive an expression for the transmit efficiency, that is, power delivered to antenna/total

power dissipated. Neglect any mismatch effects.

(b) Find the percent efficiency for R, = R,, R, = 0.5R,, and R, = 0.1R,.
6.4-3 Using the expression for Z(/) in Prob. 6.2-3 and referring to Fig. 6-30a, what is the
impedance Z, (/) if the antenna impedance is 40 — j20 ohms and [ = 42.31?
6.5-1 A monopole is embedded in a large dielectric medium with relative permittivity of 3.4.
Determine the length in free-space wavelengths of the quarter-wave monopole if the wire
radius is classified as thin.
6.6-1 A wire-grid is to pass through not more than 2.5% of the incident power. The spacing
between wires in the grid is to be 0.124. What wire radius is required?
6.6-2 A wire-grid is to have a reflection loss of 0.5 dB. The spacing to wire radius ratio is 20.
What must the spacing be in wavelengths?
6.6-3 A wire-grid is to have a reflection loss of 1 dB. What percentage of the incident power
will be reflected?
6.6-4 A wire-grid is to be used to provide a measure of shielding. Not more than 1% of the
incident power may be transmitted through a grid with 0.14 spacing. What wire radius is
required?
6.6-5 (a) Calculate and plot the magnitude of the array factor in (6-54) and verify that the
maximum value of |AF(6 =90°, ¢ = 0°)| obtained when s = 0.5/
(b) Reason that this must be the case, using Fig. 6-54.
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6.7-1 Derive an expression for the directivity of an ideal (infinitesimal) dipole as a function of
its height & above a perfect ground plane. The dipole is oriented perpendicular to the ground
plane. Make use of the results in Secs. 3.3 and 8.5.
6.7-2 A short dipole is a quarter-wavelength above a perfect ground plane. Use simple array
theory for the dipole and its image to obtain polar plot sketches of the E- and H-plane patterns
when the dipole is oriented (a) vertically and (b) horizontally.
6.7-3 Repeat Prob. 6.7-2 for a short dipole a half-wavelength above a perfect ground plane.
6.7-4 A horizontal short dipole is a quarter-wavelength above a planar real Earth and is
operating at 1 MHz. The conductivity of the Earth is 0 = 12X 107> S/m and the relative
dielectric constant is ¢, = 15. For this frequency, o, and ¢,, we can approximate |I'y| by 0.9
and the phase of I'y by —190° for all 6.
(a) Calculate and plot the H-plane elevation pattern in polar form in the upper half-space.
(b) Compare the pattern with that of the short dipole over a perfectly conducting ground
plane (i.e., the results of Prob. 6.7-2b.
6.7-5 A quarter-wave resonant monopole is to be used as a transmitting antenna at 1 MHz. A
radial system of 120 radials is to be used. If 97% efficiency is to be achieved, how long must
the radial wires be? Neglect any tower ohmic resistance.
6.8-1 The uniform circular loop antenna. A circular loop in the xy-plane with its center at the
origin and a radius b carries a uniform amplitude, uniform phase current given by

I= IadA),

(a) Due to symmetry, the pattern will not be a function of ¢ and A will have only a
¢-component. Using these facts, show that

. eIl 2m P .
A:d),u—lob/ Cos¢le;dbsln9cos@ d¢/
4rr 0
in the far field. Use symmetry to reason that ¢ =0 can be assumed and only a
¢-component exists.

(b) Find an expression for E4. Hint: Use (F-7).

(c) Show that this result reduces to that for a small loop antenna in (3-49).

Hint: Jy(x) = x/2 for x>>1.
6.8-2 Show that (6-69) yields (6-70). To perform the integrations, decompose the functions
cos((x') and sin(By’) into sums of exponential functions using (E-6) and (E-7).
6.8-3 Simulation This problem applies small loop theory to moderately large square loops to
investigate where small loop theory becomes inaccurate. Calculate the input impedance
(radiation resistance and input reactance) based small loop theory for perimeter values 0.01,
0.05, 0.1, 0.15, and 0.2/ and compare to values using a simulation code. Use a wire radius of
0.0014 and a frequency of 300 MHz. Comment on the results.
6.8-4 Simulation Use a simulation code to evaluate a square loop antenna with a 1.14
perimeter and wire radius of 0.0014.

(a) Compute the input impedance and compare to Fig. 6-68.

(b) Plot the radiation patterns and comment closeness to Fig. 6-67 patterns.

(c) Compute the gain.

6.8-5 Simulation This problem compares circular and square large loop antennas using a
simulation code.

(a) For the geometry of Fig. 6-66 use a simulation code to evaluate gain and input
impedance of a square loop antenna for L = 1,1.5 and 2 4 and a wire radius of 0.0014.
Compare the impedance values to those in Fig. 6-68.

(b) Repeat (a) for circular loops with circumferences equal to the perimeter values of the
square loops in (a). Use the same wire radius.

(c) Tabulate performance values for both antennas. Comment on similarities.

6.8-6 In a communication link a half-wavelength folded dipole perpendicular to the z-axis is
used to transmit and a square, one-wavelength loop as in Fig. 6-66 is used to receive. Sketch a
perspective view of the antennas in a common coordinate system for maximum power transfer;
include the orientations of the antennas and their feed points.
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6.8-7 Design of a TV antenna. Design a square loop antenna to receive over-the-air TV
Channel 37. It is to be constructed of 2-mm diameter wire. List the values of input impedance
and gain. Hint: Use a resonant loop and a simulation code.

6.8-8 Project. Research the Alford loop antenna in the literature and prepare a report that
includes background information with a discussion of applications, operating principles,
calculated performance using a simulation code for an example practical realization, and
comments on the results.
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Broadband Antennas
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Many system applications require an antenna to operate over a large range of frequencies.
An antenna with wide bandwidth is referred to as a broadband antenna, also often called
a wideband antenna. Bandwidth is defined both as percentage of the center frequency and
as a ratio. First, let fy and f7, be the upper and lower frequencies, respectively, for which
satisfactory performance is obtained. The antenna operating band spans the frequencies
from f} to fy and the center frequency is fc = ( fy + f1)/2, which is the arithmetic mean of
the limit frequencies. The antenna bandwidth is defined as BW = fi; — f; and carries units
of frequency. Antenna bandwidth is, however, usually expressed in relative terms rather
than in absolute frequency, either as a percent or a ratio. Fractional bandwith, B, is defined
as BW/f¢ and is often expressed as percent bandwidth, which is defined as

fu—1L

BW
B,=B x 100 = — x 100 =2 x 100 [%)] (7-1)
fe fu+/L
Ratio bandwidth is defined as a ratio of the upper to lower frequencies:
B, = fu (7-2)
fu

Percentage bandwidth and ratio bandwidth are illustrated in Fig. 7-1.
The conversion between percent bandwidth to ratio bandwidth is found using:

200+ B, g B 1
" 200 - B, P B +1

x 100 [%] (7-3)

For examples, 50% bandwidth corresponds to B, = 1.67; 67% to B, = 2 (an “octave”);
100% to B, = 3; and 164% to B, = 10 (a “decade”). Other center frequencies that are
used in the definition of percent bandwidth are design frequency, resonant frequency,
lowest VSWR frequency, and geometric mean frequency of fc = +/f; fy. Geometric mean
center frequency is popular when frequency is considered on a logarithmic scale,
including when fundamental limits on antenna size are being examined (see Sec. 11.5).
B, values using arithmetic and geometric mean differ by only a small amount until B,
reaches 1.5, where the difference is 2 % (see Prob. 7.1-1). Bandwidth values are quoted
without noting whether percent or ratio is being used. Percent bandwidth is stated with
the unit % and ratio bandwidth is often expressed a ratio format of B, : 1. The bandwidth
of narrowband antennas is usually expressed in percent bandwidth, whereas broadband
antennas are usually quoted in ratio bandwidth.
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Figure 7-1 Relative gain vs. frequency. (a) Percentage bandwidth example. (b) Ratio band-
width example.

Antenna performance is evaluated compared to desired performance values of
impedance, pattern, gain, or polarization. For example, suppose the antenna gain speci-
fication is 12 dB (minimum) and the selected antenna has 14-dB gain at the center fre-
quency. Thus, in this case the operating band is determined by the frequencies where the
gain falls by 2 dB. Electrically small antennas are almost always limited by adequate
impedance match. Impedance bandwidth is often stated such that for all frequencies from
fL to fy the VSWR is less than or equal to 2. Resonant antennas are also limited by
impedance match to the connecting transmission line. For example, the half-wave dipoles
in Fig. 6-7 have bandwidths of 8% and 16% for VSWR =2. The performance quantity
that is responsible for limiting bandwidth varies with the antenna. Circularly polarized
antennas are often limited by the specification on axial ratio. With no qualifier on
bandwidth, it is assumed that all performance quantities meet the stated specifications
over the operating band.

Most antennas have a single continuous operating band spanning f; to fy. However,
antennas with multiple, separated operating bands (called a multiband antenna) are
becoming more common, especially in wireless communications. Each operating band of
a multiband antenna has an associated bandwidth. System aspects are also important in
the antenna selection process. When an antenna must handle all frequencies in the
operating band simultaneously, the bandwidth is called instantaneous bandwidth. Sys-
tems that employ impulses in time for sensing (such as radar) or communication often
require wide instantaneous bandwidth. Impulse ultra-wideband systems require wide
instantaneous bandwidth antennas, as will be discussed in Sec. 7.10. Many applications
do not require that the antenna use all of its bandwidth at one time. The most common
such situation is an antenna with acceptable radiation properties over a wide bandwidth
but with an input impedance that is acceptable only over a narrow band. This is solved by
tuning (adjusting) an external matching network, or sometimes by adjusting internal
portions of the antenna, for proper impedance match over a sub-band of frequencies
within the whole bandwidth, called the tunable bandwidth.

The term “broadband” in communications is a measure of bandwidth that depends
on the application, but we are specific in defining a broadband antenna as follows:
A broadband antenna is one with performance quantities of interest that do not change
significantly over about an octave of bandwidth (B, = 2) or more. Electrically small and
resonant antennas rarely qualify as broadband, whereas aperture antennas, to be discussed
in Chap. 9, are capable of broadband performance. This chapter focuses on antennas that
are specifically selected because of their broadband properties.

As we will see in this chapter, broadband antennas usually require structures that do
not have abrupt changes in physical dimensions but instead utilize materials with smooth
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geometries and emphasize angles. Smooth physical structures tend to produce patterns
and input impedances that also change smoothly with frequency. This simple concept
guides the design of broadband antennas.

7.2 TRAVELING-WAVE WIRE ANTENNAS

The wire antennas we have discussed thus far have been resonant structures. The wave
traveling outward from the feed point to the end of the wire is reflected, setting up a
standing-wave-type current distribution. This can be seen by examining the expression for
the current in (6-1) for the top half of the dipole that can be written as

I, sin [5 (g _ Z)] = Izl; (BL/2) (e*jﬁz _ ejﬁz) (7_4)

The first term in brackets can be taken to represent an outward traveling wave and the
second term a reflected wave. The minus sign is the current reflection coefficient at an
open circuit.

If the reflected wave is not strongly present on an antenna, it is referred to as a
traveling-wave antenna. A traveling-wave antenna acts as a guiding structure for
traveling waves, whereas a resonant antenna supports standing waves. Traveling waves
can be created by using matched loads at the ends to prevent reflections. Also, very long
antennas may dissipate most of the power, leading to small reflected waves by virtue of
the fact that very little power is incident on the ends. In this section, several wire forms
of traveling-wave antennas will be discussed. Some of the antennas in this section are
essentially the traveling-wave counterparts of resonant wire antennas presented in Chap. 6.
They tend to be broadband with bandwidths of as much as 2: 1.

The simplest traveling-wave wire antenna is a straight wire carrying a pure traveling
wave, referred to as the traveling-wave long wire antenna. A long wire is one that is
greater than one-half wavelength long. The traveling-wave long wire is shown in Fig. 7-1
with a matched load R, to prevent reflections from the wire end. Exact analysis of this
structure, as well as others to be presented in this section, is formidable. We shall make
several simplifying assumptions that permit pattern calculations that do not differ greatly
from real performance. First, the ground plane effects will be ignored and we will assume
that the antenna operates in free space. A traveling-wave long wire operated in the
presence of an imperfect ground plane is called a Beverage antenna, or wave antenna.
The ground plane may be accounted for in certain cases by using the techniques of the
previous chapter. Second, the details of the feed are assumed to be unimportant.
In Fig. 7-2, the long wire is shown being fed from a coaxial transmission line as one
practical method. The vertical section of length d is assumed not to radiate, which is
approximately true for d < L. Finally, we assume that the radiative and ohmic losses
along the wire are small. When attenuation is neglected, the current amplitude is constant
and the phase velocity is that of free space [1]. We can then write

Ii(z) = Ime_jﬂZ (7-5)

which represents an unattenuated traveling wave propagating in the 4z-direction with the
phase constant 3 of free space.

The current of (7-5) is that of a uniform line source with a linear phase constant of
B, = —B. From (5-4), 3, = —(3cosb,, so the pattern factor maximum radiation angle
(not including element factor effects) is 6, = 0°, which implies an endfire pattern. The
complete radiation pattern from (5-6) is

sin[(BL/2)(1 — cos 8)]

F(0) =K sinf (BL/2)(1 —cos )

(7-6)
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Ry

Figure 7-2 Traveling-wave long wire
antenna.

|
T L

Figure 7-3 Pattern of a traveling-
wave long wire antenna. L = 6/ and
O = 20°.

where K is a normalization constant that depends on the length L. The polar pattern for
L = 6/ is shown in Fig. 7-3. The length L = n/ results in n forward lobes in the angular
range 0 < 6,, <90°. In this example, n = 6. The element factor sin # forces a null in the
endfire direction. Hence, instead of having a single endfire lobe (which the pattern factor
produces), the “main beam” is a rotationally symmetric cone about the z-axis. The
maximum radiation angle in this case is 6,,(L = 64) = 20.1°. In general, it is a function
of L. Solving (7-6) for 6, as a function L produces the plot of Fig. 7-4. An approximate
expression for the angle of maximum radiation is [H.3: Wolff]

0,, = cos ! (1 - %) (7-7)

The beam direction values from Fig. 7-3 or (7-7) for a traveling-wave long wire of length
L may be used to calculate an approximate beam direction for a standing-wave straight
wire antenna (i.e., dipole). For example, 6, for L = 31/2 from Fig. 7-3 is 40 and 6, for
the dipole of Fig. 6-4d is 42.6°. As L increases, the traveling-wave and standing-wave
antenna main beam maximum angles approach each other [H.6: Ant. Eng. Hdbk., 1st ed.,
Chap. 6]. The standing-wave wire antenna is distinguished from its traveling-wave
counterpart by the presence of a second major lobe in the reverse direction; see Fig. 6-44.
This can be seen by noting that the traveling-wave current of (7-5) corresponds to the first
term of the standing-wave current of (7-4). The second term of (7-4), which is the
reflected wave, produces a pattern similar in shape but oppositely directed. Thus,
a traveling-wave antenna has a beam with a maximum in the 6 = 6,, direction and a
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0° ! ! ! | Figure 7-4 Pattern maximum angle for a
0 20 4L 6L 8. 10n traveling-wave long wire antenna of length L
Length (L) operating in free space. See (7-7).

standing-wave antenna of the same length has an additional beam in the 6 = 180° — 6,
direction.

The input impedance of a traveling-wave antenna is always predominantly real. This
can be understood by recalling that the impedance of a pure traveling wave on a low-loss
transmission line is equal to the (real) characteristic impedance of the transmission line.
Antennas that support traveling waves operate in a similar manner. The radiation
resistance of a traveling-wave long wire antenna is 200 to 300 €2 (see Prob. 7.2-5). The
termination resistance should equal the value of the radiation resistance.

The resonant vee dipole discussed in Sec. 6.1.2 can be made into a traveling-wave
antenna by terminating the wire ends with matched loads. The traveling-wave vee
antenna is shown in Fig. 7-5. The pattern due to each arm separately is expressed by
(7-5), an example of which is shown in Fig. 7-3. From Fig. 7-5, it is seen that when
a ~ 0,,, the beam maxima from each arm of the vee will line up in the forward direction.
A more accurate analysis of vee (see Prob. 7.2-8) includes the spatial separation effects
of the arms. Pattern calculations as a function of « reveal that a good vee pattern is
obtained when

a=0.86, (7-8)

where 0,, is found from Fig. 7-4 or (7-7). For L = 6/, 0,, = 20° from Fig. 7-4 or (7-8) yields
a =~ 16°; the pattern for a vee with this geometry is shown in Fig. 7-5. The large side lobes

L /
=
(
6, Resultant
pattern
Ry

Figure 7-5 The traveling-wave vee antenna. In this case, L = 6/ and « = 0.86,, = 16°.

1
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Resultant
pattern

6

Figure 7-6 The rhombic antenna. Each side is of length L. Component beams 2 and 3, and 5
and 8 line up to form the main beam of the resultant pattern. In this case, L = 6/ and o = 16°.

arise from portions of the beams from each half of the vee that do not line up along axis. The
pattern of the vee out of the plane of the vee is rather complicated due to the merging of the
conical beams for each half of the vee. The traveling-wave vee provides relatively high gain
for a bent wire structure.

By extending the ideas of a traveling-wave vee antenna, we obtain a rhombic antenna
as shown in Fig. 7-6. The operation of this antenna is visualized most easily by viewing
it as a transmission line that has been spread apart and consequently the characteristic
impedance is increased. The load resistor Ry, is of such a value as to match the trans-
mission line. The antenna carries outward traveling waves that are absorbed in the
matched load. Since the separation between the lines is large relative to a wavelength,
the structure will radiate. If designed properly, a directive pattern with a single beam
in the z-direction can be obtained.

A rhombic antenna operating in free space can be modeled as two traveling-wave vee
antennas put together. If we choose a = 0.8 6,, as for the vee, the beams of the rhombic in
Fig. 7-6 numbered 2, 3, 5, and 8 will be aligned. Again, 6,, follows from Fig. 7-4. Due to
the spatial separation of the two vees, the rhombic pattern will not be the same as that of a
single vee. (See Prob. 7.2-9.)

The effects of a rhombic operating above a real Earth ground can be included by the
techniques of Sec. 6.7.1. For a rhombic that is oriented horizontally, the reflection
coefficient [y is approximately —1 and the real Earth may be modeled as a perfect
conductor; Fig. 6-62 illustrates that this assumption has a minor effect for horizontal
antennas at lower frequencies. The array factor of a rhombic a distance & above a perfect
ground plane produces a null along the ground plane. There are several designs for
rhombics above a ground plane in the literature [2-5]. One such design is for the
alignment of the major lobe at a specific elevation angle. Then the rhombus angle o and
the elevation angle of the main beam are equal, and the height above ground is given by

A

= 7-9
4 sin o (7-9)
and the length of each leg is
0.3714
S (7-10)

For example, if & = 14.4°, then L = 64 and h = 14 . Rhombic impedances are typically
on the order of 600 to 800 (2.

The efficiency of the rhombic antenna is decreased significantly because of the matched
termination. The power that is not radiated is absorbed in the load R;. However, this loss of
power is essentially that which would have appeared in a large back lobe as a result
of reflected current if the matched load were not present. The traveling wave feature not only
improves the pattern but also produces wider impedance bandwidth. Well-designed
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Figure 7-8 Current distribution on a Beverage antenna, L = 2.184, h = 0.067/.

traveling-wave antennas have input impedances that have little reactance since there is little
or no reflected power.

The traveling-wave antennas discussed above have been examined in free space. One
traveling-wave antenna that requires the imperfectly conducting properties of real Earth is
the Beverage antenna shown in Fig. 7-7. The height £ is a small fraction of a wavelength,
and the length L is usually between 2 and 10 wavelengths. The incoming vertically
polarized plane wave in Fig. 7-7 produces a horizontal component of the electric field that
is not totally shorted out by the imperfectly conducting Earth. It is this horizontal
component that is responsible for inducing a current on the antenna conductor of length L.
Alternatively, the Beverage antenna and its image in the lossy Earth may be viewed as an
unbalanced transmission line. As was noted in the folded dipole discussion in Sec. 6.2,
unbalanced transmission lines can radiate.

Fig. 7-8 shows the current on a Beverage antenna of length 2.181. The curve was
calculated by the rigorous Sommerfeld theory for antennas in proximity to the imper-
fectly conducting Earth [1,2]. Because there are large dissipative losses in the Earth as
well as radiative losses, the current decays from the feed end to the load end. This portion
of the current distribution can be accounted for by a modification of (7-5):

Ii(z) = Iye e % (7-11)

The current also shows a standing wave superimposed on the major portion of the current
distribution. This is evidence of a small reflected wave from the load end. The reflected
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Figure 7-9 Typical elevation patterns for a Beverage antenna.

wave also appears to diminish in strength as it moves toward the feed end. The reflected
wave can be represented by a relationship similar to (7-11). The approximate theory
presented in Sec. 6.7 cannot be used to obtain the current distribution in Fig. 7-8 because
the Beverage interacts too strongly with the Earth due to its close proximity to the ground
and its long horizontal length. Instead, the rigorous but complicated Sommerfeld theory [1]
must be used.

Fig. 7-9 shows some typical elevation plane patterns for a Beverage antenna used by
the military as a tactical field antenna. The antenna is particularly well-suited for this
purpose because it does not need to be elevated much above the ground. Note several
things about the patterns. The higher-frequency pattern has a narrower beamwidth in both
the elevation and azimuthal planes, and has a lower angle of radiation as expected.
Further, the back lobe radiation is low, particularly in the higher frequency case where the
antenna is electrically twice as long and there is more opportunity for dissipative loss.

Often, the feed end of the Beverage is higher than the load end to achieve as low a
radiation angle relative to the ground (take-off angle) as possible. The Beverage antenna
is usually used in the LF and lower HF portions of the frequency spectrum. It is believed
to have been first used on Long Island in the early days of radiotelephone for trans-
atlantic communication between the United States and London at 50 and 60 kHz. The
Beverage was the first antenna to use the traveling-wave principle.

7.3 HELICAL ANTENNAS

If a conductor is wound into a helical shape and fed properly, it is referred to as a helical
antenna, or simply as a helix. The typical geometry for a helix is shown in Fig. 7-10. If

T —
0
Coax J ,7,3
mnput Axis
of

Metal—‘ Tubular or helix Figure 7-10 Geometry and
ground solid metal dimensions of a helical antenna.
plane This is a left-hand wound helix.

one turn of the helix is uncoiled, the relationships among the various helix parameters are
revealed, as shown in Fig. 7-11. The symbols used to describe the helix are defined as
follows:

D = diameter of helix (between centers of coil material)
C = circumference of helix = 7D
S = spacing between turns = C tan o

— b ~tap 15
a = pitch angle = tan ™" &
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S

C=nD

Figure 7-11 One uncoiled turn of a helix.

L = length of one turn = /C? + §2
N = number of turns
L,, = length of helix coil = NL

h = height = axial length = NS

d = diameter of helix conductor

Note that when S=0 (o =0°), the helix reduces to a loop antenna, and when
D=0 (a=90°), it reduces to a linear antenna.

The helix can be operated in two modes: the normal mode and the axial mode. The
normal mode yields radiation that is most intense normal to the axis of the helix.
This occurs when the helix diameter is small compared to a wavelength. The axial mode
provides a radiation maximum along the axis of the helix. When the helix circumference is
on the order of a wavelength, the axial mode will result. We introduce both the normal
mode and axial mode helices in this section. See [H.3: Kraus, 3rd ed., H.4: Volakis, 4th ed.,
Chap. 12; H.8.3: Nakano] for more details.

7.3.1 Normal Mode Helix Antennas

In the normal mode of operation, the radiated field is maximum in a direction normal to
the helix axis and for certain geometries, in theory, will emit circularly polarized waves.
For normal mode operation, the dimensions of the helix must be small compared to a
wavelength, that is, D < 4 and usually L < 4 as well. The normal mode helix is elec-
trically small and thus its efficiency is low.

Since the helix is small, the current is assumed to be constant in magnitude and phase
over its length. The far-field pattern is independent of the number of turns and may be
obtained by examining one turn. One turn can be approximated as a small loop and ideal
dipole as shown in Fig. 7-12. The far-zone electric field of the ideal dipole from (2-74a) is

e
drr

Ep = jwp IS sinf @ (7-12)

where S, the spacing between helical turns, is the length of the ideal dipole in Fig. 7-12.
The far-zone electric field of the small loop from (3-49) is

Figure 7-12 One turn of a normal mode helix approximated as
a small loop and an ideal dipole.
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(a) Geometry. (b) Radiation pattern of both|[Egl and IE|.

Figure 7-13 The normal mode helix and its radiation pattern.

s eI
E, =8> —D*I
L =10 4 4

sinf ¢ (7-13)

r

where wD? /4 is the area of the loop. The total radiation field for one turn, as modeled in
Fig. 7-12, is the vector sum of the fields in (7-12) and (7-13). Note that both components
have a sin 6 pattern (see Fig. 7-13) and they are 90° out-of-phase. The ratio of the electric
field components is

|Eo| _ 4wps 28k 2
Esl  /(n/e)wypE2n/i)aD?  mD* (<)

>l

(7-14)

This equals the axial ratio of the polarization ellipse when greater than unity and the inverse
of axial ratio when less than unity; see Sec. 2.8. Limiting axial ratio values are O (with S = 0)
corresponding to a small loop with horizontal polarization and oo (with D = 0) corre-
sponding to a short dipole with vertical polarization.

Since the (perpendicular) linear components are 90° out-of-phase, circular polarization
is obtained if the axial ratio is unity. This occurs for

C =D = V28, (7-15)

which was found by setting (7-14) equal to unity. This circular polarization is obtained in
all directions, except of course where the pattern is zero (along the axis of the helix).
From Fig. 7-11, it is seen that
L . _ S _ . _l S
sina=§ or a=sin" (7-16)

and
C*+§* =17 (7-17)

For circular polarization in the normal mode, the circumference of the helix given by
(7-15) used in (7-17) gives

SZp +2Scpd — L* =0 (7-18)

This is a quadratic equation that may be solved for S as

L 2
=7|-144/1+ (Z) (7-19)

=20 VA4 + 4L
- 2

Cp
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Choosing the plus sign to keep the physical length S positive and substituting into (7-16)

yields the pitch angle required for circular polarization:

\2
acp =sin 1|1 1+ (Z/2) (7-20)
L/

Usually, the normal mode helix is oriented vertically and operated such that the ratio in
(7-14) is greater than unity, leading to predominantly vertically polarized radiation. This
antenna is very popular in small transceivers such as handheld personal radios; see
Sec. 11.6.1. For these applications, the wire length L,, is about a quarter-wave-length and
the antenna is operated as a monopole fed against a ground plane. In this context, it is
often referred to as a normal mode helix antenna (NMHA), or resonant (quarter-
wave) stub helix antenna. The pattern is, of course, nearly omnidirectional. The
advantages of the stub helix over a conventional straight-wire monopole of the same
height is that the helix acts as an inductor, tending to cancel the capacitance inherent in
electrically short antennas. The current along the wire of the helix is approximately
sinusoidal. The radiation resistance of a resonant stub helix above a perfect ground plane
for heights under A/8 is [H.6: Ant. Eng. Hdbk., 3rd ed., Chap. 13]

n\2
R, ~ 640 (7> Q  resonant, stub helix (7-21)

The counterpart short monopole from (3-15) has R, = 395(h/2)* Q. Since electrically
short antennas suffer from low radiation resistance, the higher radiation resistance of
the stub helix is another improvement over the conventional short (straight wire)
monopole.

The normal mode helix antenna is not a broadband antenna but is similar in
structure to the axial mode helix antenna, which is broadband and is discussed in the next
section.

EXAMPLE 7-1 A Stub Helix Antenna for Handheld Cellular Radios

Consider a stub helix operating in the cellular telephone band at 883 MHz (A = 34 cm). The
four-turn helix is 2.25in.(5.7 cm) high, or & = 0.1684, and 0.2 in. (0.5 cm) in diameter,
giving a circumference of C = 0.0464. The turn spacing is S=h/N=57cm/4 =
1.43 cm = 0.0422. The helix length is L,, = [(NC)*+ h*]'/* = 0.252, which is of resonant
length.

The axial ratio from (7-14) is

2<§> _20042)
(c>2 (0.046)*

|AR| =

A

This confirms the nearly vertical linear nature of the polarization. The radiation resistance
from (7-21) is R, = 640(0.168)2 = 18 €). A straight monopole of the same height would have
R, =395(0.168)* = 11 Q.




7.3 Helical Antennas 229

7.3.2 Axial Mode Helix Antennas

Axial mode helices are used when a moderate gain of up to about 15 dB and circular
polarization are required. The relatively small cross section of the helix makes it popular at
UHF frequencies, where it is widely used for satellite communications. In this section, we
consider the axial mode, monofilar (single winding) helix antenna in detail with emphasis
on design considerations. In the axial mode, the helix radiates as an endfire antenna with a
single main beam along the axis of the helix (the +z-direction in Fig. 7-10). The radiation
is close to circularly polarized near the axial direction. Further, the main beam narrows as
turns are added to the helix. The axial mode occurs when the helix circumference C is on
the order of one wavelength. Helices with a few turns perform well over the frequency
range corresponding to

2=c= gz (7-22)

This gives a bandwidth ratio of

_fu_c/v 43 16 g (7-23)

Br= fo /i 3/4 9

This is close to the conventional definition of a 2:1 bandwidth ratio for a wideband
antenna. For long helices, the upper operating frequency is lower than 41/3, reducing the
bandwidth below 1.78.

Kraus [H.3:Kraus, 1st ed., Chap. 4] performed the pioneering work on the axial mode
helix and provided a simple explanation of its operation as well as empirical formulas for
pattern, gain, polarization, and impedance. Subsequent experiments [3, 6] produced more
accurate models for helix antenna performance. The development that follows is based on
these works.

An approximate model for the axial mode helix that offers a simple explanation for its
operation assumes that the helix carries a pure traveling wave that travels outward from
the feed. The electric field associated with this traveling wave rotates in a circle, pro-
ducing radiation that is nearly circularly polarized off the end of the helix.

In contrast to the normal mode helix, which has a current that is nearly uniform in
phase over the helix winding, the phase of the axial mode helix current shifts continu-
ously along the helix, which is characteristic of a traveling wave. Since the circumference
is close to one wavelength, the current at opposite points on a turn are about 180° out-of-
phase. This cancels the current direction reversal introduced by the half-turn. Thus, the
radiation from opposite points on the helix is nearly in-phase, leading to reinforcement
along the axis in the far field. This radiation mechanism closely parallels that of the one-
wavelength loop discussed in Sec. 6.8.

Both early measurements [H.3: Kraus] and theoretical analysis [3] showed that the phase
velocity of the traveling wave closely follows that of a Hansen-Woodyard endfire antenna.
Traditional modeling of the helix for pattern evaluation adopts an array approach with each
turn being an element of the array as in [H.3: Stutzman and Thiele, 2nd ed, Sec. 6.2]. Here we
follow a slightly easier path of a line source model. We assume the phase is that of Hansen-
Woodyard endfire and the amplitude is to be uniform, which is reasonable for pattern cal-
culation purposes. Specifically, the turn-to-turn phase shift from the Hansen-Woodyard
endfire array case from (8-38b) is

ap = — (5S + %) (7-24)

where the turn spacing S is equivalent to the element spacing d. The phase shift per unit
length, which is needed for the line source model, is
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o _
s

where (7-24) and h = NS were used. The pattern factor of the line source from (5-7) is
sinu/u where from (5-3):

Bo=S=—(B+5) = B-7 (7-25)

u=(p cosHJrﬂo)g:%[ﬂh(cos@— 1) — 7 (7-26)

As mentioned, the element factor is cos . So the complete line source pattern is the
product of the element factor and the pattern factor, as in (5-6), is

sin{; [Bh(cos 6 — 1) — n]}

1
5[/6’}1 (cos@—1) — 7]

F(0) = T cos

: (7-27)

where ¢/2 is needed for normalization to unity at § = 0°. This expression applies to Eg
and Ej.

A r(zmarkable feature of the axial mode helix is that the phase velocity automatically
adjusts to maintain_the increased directivity condition over a wide range of helix
parameter values: 5 <a<20 and Z) <C< 4/1 This result was found empirically.
Just as the directors on a Yagi-Uda antenna can be viewed as a slow wave structure, the
helix can be viewed as a slow wave structure supporting a circularly polarized traveling
wave. The significant difference is that while the Yagi-Uda is narrowband the helix is
broadband because of the self-adjusting phase.

The electrical performance of the axial mode helix is, of course, influenced by the
several geometric parameters. A pitch angle of o = 13° is popular because the helix is
broadband at that value, but pitch angles from 11 to 14° are good as well [4]. Increasing
the number of turns increases gain and reduces the axial ratio. Although helix antennas
can be accurately simulated by numerical computational codes, most notably the method
of moments, it is helpful to have simple formulas for approximating key performance
parameters and to use as design aids. Empirical formulas based on extensive measured
data were originally developed by Kraus [H.3: Kraus, 1st ed.]. Subsequent investigations
have improved the accuracy. The formulas to be presented are to be used under
the condition of the circumference being bounded as in (7-22) as well as 12° < a < 15°
and N > 5.

The half-power beamwidth in degrees is given by

650
C S

PR

HP =

(7-28)

Originally the numerator constant used by Kraus was 52°, but this value has been found to
be too low. The formula applies to all cut planes through the helix axis because of the
high degree of symmetry in the structure. The gain approximation follows directly from
the HP approximation using (4-57):

26,000 c\? VS
G=" = 62(/1) > (7-29)

This formula is presented as a gain formula, but does not include wire losses (usually
small) and matching network losses (can be 1 dB or more) that need to be accounted for
separately. It does include gain reductions due to pattern imperfections such as null filling
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and high side lobes that often occur in practice. Originally the leading constant value used
by Kraus was 15, but this has been shown to be too high [5]. Extensive experimental
investigation has shown the numerator constant in this formula to vary from 4.2 to 7.7 for
the range of parameters noted [6]. Based on (7-29), gain varies with frequency as f>,
although experiments indicate this to be strictly true only for N about 10. Variation with N
from (7-29) is linear, so that doubling the helix length adds 3 dB to the gain. However,
measurements show this to be high [6]. The circumference variation of (C/ 2)2 is limited
to the range in (7-22), and experiments have shown that gain peaks around C = 1.1/ [6].
The classical empirical formula for axial ratio [H.3: Kraus, 1st ed.] is:

2N +1
2N

indicating that circular polarization improves (JAR| lowers) as the number of turns
increases. For a 10-turn helix, (7-30) yields |AR| = 21/20 = 1.05 = 0.4 dB. This is an
overly optimistic value that is not achieved in practice. Experimental data indicate that
axial ratio is less than 1.2(1.5 dB) for 0.8 <C/4 < 1.2. [6] Axial ratio can be improved by
tapering the last few turns of the helix. The sense of the radiated wave is determined by the
sense of the windings of the helix as shown in Fig. 7-14. Thus, a left- (right-) hand wound
helix is left- (right-) hand sensed polarized. It is important to remember that the sense of
polarization is the same when using the antenna for transmit or receive.
The classical formula for input resistance is

IAR| = (7-30)

Ra = 140% 0 (7-31)

The input impedance is real-valued due to the nearly pure traveling-wave behavior of a
properly designed helix. This simple formula must be regarded as only an approximation
since the input impedance of actual helix antennas is affected by details of the feed.
However, the input impedance does remain nearly resistive over a wide bandwidth.

An axial mode helix performs well and is represented approximately by the foregoing
empirical relations when the increased directivity condition is satisfied. This occurs over
the bandwidth of (7-22) for helices of a few turns. However, long helices have a reduced
upper operating frequency; for example, f;; corresponds to about C =~ 4 for N = 50 [30].

If only a pure traveling wave exists on the helix, the ground plane would have little
effect. However, other modes are present, including a wave reflected from the end of
the helix that returns to the feed region. This makes the ground plane geometry
important. An approximate guideline is that the ground plane should be at least 31/4
in diameter. Ground structures such as cups or cones are often used in place of a
larger ground plane [7]. The inner conductor of the coaxial connector is attached to
the helix and the outer conductor is connected to the ground structure as indicated in
Fig. 7-14. The conductor diameter is frequently selected to provide a rigid, self-
supporting structure. Helix winding conductor diameter d usually is between 0.0051
and 0.054. A 50-Q input impedance can be achieved by including an impedance
transformer in the feed or by adjusting the location of the wire from the coax to the
helix winding.

There are many variations of the helix antenna. For example, tapering the helix by
gradually reducing the diameter near the end of the helix improves impedance, pattern,

Figure 7-14 Left- and right-hand
wound helices. For the axial mode
helix, the sense of the windings
determines the sense of polariza-
(a) Left-hand sensed helix. (b) Right-hand sensed helix.  tion of the antenna.
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and polarization [8]. A compact volume can be achieved at the sacrifice of bandwidth
with a helix that conforms to a spherical surface rather than a cylinder [9]. A recent
modification is the stub-loaded helix antenna that uses internal stubs to reduce the volume
with only small reduction in bandwidth [10].

EXAMPLE 7-2 A 10-Turn Axial Mode Helix Antenna

The helix antenna is rather easy to construct and will perform approximately as predicted
by the simple theory presented in this section, as will be demonstrated in this example.
Calculations are compared to experimental results for a 10-turn helix constructed for a
center frequency of 8 GHz (4 = 3.75 cm), where the helix was designed to have a cir-
cumference of C = 0.924 = 3.45 cm. The helix was built with a pitch angle of o = 13°.
The spacing between turns is then S = C tan a = 3.45 tan 13° =0.796 cm. The mea-
sured radiation patterns for the two principal planes are shown in Figs. 7-15a and 7-15b
[3]. These patterns are nearly alike and compare well to the pattern computed from
simple theory with (7-27), which is plotted in Fig. 7-15¢. The beamwidth of the measured
patterns is about 44°. For comparison, the computed pattern of Fig. 7-15¢ has HP = 39°,
and the approximate empirical formula of (7-28) gives a beamwidth of

65°

65°
HP = = = 48° 7-32
% NS 0.92,/10(0.212) ( )
whereas (7-27) yields
HP = 47° (7-33)

-\
= 1.0_ Z & - 1.0 -
>

(a) Measured Ey pattern at 8 GHz [10]. (b) Measured Ej; pattern at 8 GHz [10].

(c) Pattern computed from (7-27).

Figure 7-15 Radiation patterns of a 10-turn axial mode helix with C = 0.92 A and o = 13°
(Example 7-2).
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The gain predicted by (7-29) is

c\’> S
G=62 (I) N> = 6.2(0.92)*10(0.212) = 11.1 = 10.5 dB (7-34)

7.4 BICONICAL ANTENNAS

Broadbanding of dipole and monopole antennas was tried early in the history of antennas.
Oliver Lodge built a biconical antenna in 1897, and Marconi constructed a vertical
monocone antenna (see Fig. 1-3) in 1901; see [H.8.1: Bevensee] for a survey of conical
antenna development.

The bandwidth of a simple dipole antenna can be increased by using thicker wire as
indicated in Fig. 6-7. This concept can be extended to further increase bandwidth if the
conductors are flared to form a biconical structure. Then the fixed wire diameter is
replaced by a smoothly varying diameter and a fixed angle (of the conical surfaces). In
this section, the idealized biconical antenna is considered first, followed by two practical
forms—the finite biconical antenna and the discone.

7.4.1 The Infinite Biconical Antenna

If the conducting halves of an antenna are two infinite conical conducting surfaces end-
to-end, but with a finite gap at the feed point, the infinite biconical antenna of Fig. 7-16
results. Since the structure is infinite, it can be analyzed as a transmission line. With a time-
varying voltage applied across the gap, currents will flow radially out from the gap along
the surface of the conductors. These currents, in turn, create an encirculating magnetic field
H,. If we assume a TEM transmission line mode (all fields transverse to direction of
propagation), the electric field will be perpendicular to the magnetic field and be #-directed.
When the potential on the top cone is positive and the bottom cone is negative, the electric
field lines extend from the top to the bottom cone as indicated in Fig. 7-16.

Figure 7-16 Infinite biconical antenna. The field
components and current are shown.
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In the region between the cones, J =0, H = H¢(i), and E = E40. Then Ampere’s
law, V x H = jweE + J, reduces to

1 0
— (sinf Hy) = jweE, =0 7-35
rsing 9 (SN0 Ho) = juwe (7-35)

for the r-component and

10

— — 2 (rH.) = jweE, -

L (Hy) = ey (736)

for the f-component. From (7-35), we see that 9/00 (sinf H;) = 0 so
1

Since the structure acts as a guide for spherical waves, we can write (7-37) as

e 1 7-38
Hy = Ho — -
¢ 47r sinf ( )
Then, substituting this into (7-36), we obtain
-11 H, 0, _, BH, 1 e 1 e 01
=—- ¢ (e iy =22 —_—= _— 7-39
0 jwe r 4mw sinf ar(e ) we r 4m sin® " 4nr sind ( )

This equation is simply Ey = nHy, which confirms our statement that the wave is TEM.
The field components vary as 1/sin 8, so the radiation pattern is

F(6)

which is normalized to unity at its maxima on the conductor surfaces. This pattern is
plotted in Fig. 7-17.

In order to determine the input impedance, we first find the terminal voltage and
current. Referring to Fig. 7-16, we see the voltage is found by integrating along a constant
radius r and it is

sin 6,
sing’

Oy <0<m— 0, (7-40)

F(6)

Figure 7-17 Radiation pattern of an infinite biconical antenna.
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T—0),

V(r) :/e Epr do (7-41)

h

This can be performed for any r since the cones are equipotential surfaces. Substituting
(7-39) into the above equation yields

—0 T—0p
77H0 —jpr hdb 77H0 —jpr g
V(r)==——¢" — =——¢"/"|Intan —
(r) ar ¢ /9 sing  4m © ) o,
H, _is 0
= 77276’1‘3’ In (cot2h> (7-42)

The boundary condition on H,, at the conductor surface is J;, = Hy. The total current on
one cone is found by integrating the current density J; around the cone as shown in
Fig. 7-16, so

21
I(r) = Hyr sin d¢ = 2wrHg sinf (7-43)
0

Substituting (7-38) in the above gives

H() _if
I(r) = 7 e Jr (7-44)
The characteristic impedance at any point r, from (7-42) and (7-44), is
\%4 0
Z, = ) = "in( cot 2 (7-45)
I(r) =« 2

Since this is not a function of r, it must be also the impedance at the input(r = 0). Using
n =~ 1207 in (7-45) gives the input impedance

0
Zy=7Z,=120 In (cot é’) Q (7-46)
For 0, less than 20°,
2
Zy =2, ~ 120 In <9—> Q (7-47)
h

where 0, is in radians. The input impedance is real because there is only a pure traveling
wave. Since the structure is infinite, there are no discontinuities present to cause reflec-
tions setting up standing waves, which would show up as a reactive component in the
impedance (except at a few resonance points). If 6, = 1°, Z4, = 568 + jO Q. If 6, = 50°,
Zs =91 +j0S2

If one cone is flared all the way out to form a perfect ground plane, a single infinite
cone above a ground plane results. This monopole version of the infinite bicone then has
an input impedance which is half that of the infinite bicone.

7.4.2 Finite Biconical Antennas

A practical biconical antenna is made by ending the two cones of the infinite bicone
forming the finite biconical antenna shown in Fig. 7-18. Inside an imaginary sphere of
radius /4 just enclosing the antenna, TEM waves exist together with higher-order modes
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\h
Figure 7-18 Finite biconical antenna.

created at the ends of the cones. These higher-order modes are the major contributors to
the antenna reactance. The ends of the cones cause reflections that set up standing waves
that lead to a complex input impedance.

The reactive part of the input impedance can be held to a minimum over a progres-
sively wider bandwidth by increasing the angle 6, in Fig. 7-18. At the same time, the real
part of the input impedance becomes less sensitive to changing frequency (or changing &
in Fig. 7-18). This is illustrated by measured data in Fig. 7-19 for a conical monopole
where the antenna impedance is plotted versus the height of the monopole L;. These data
clearly show that one can achieve the 2:1 impedance bandwidth necessary for one part of
our definition of a broadband antenna. This is our first example of an antenna that can be
more dependent on an angle in its geometry description than on its length. Frequency-
independent antennas, considered later in this chapter, exploit this property. Another
property that we will observe in many broadband and frequency-independent antennas is
that some important dimension must be at least 1/4. Careful examination of Fig. 7-19
reveals that the impedance bandwidth starts when the height of the conical monopole is
about //4 and extends upward beyond 1/2. The pattern of a conical monopole or finite
biconical for small cone angles is very similar to that of an ordinary monopole or dipole
of the same length.

A much simpler alternative to the finite biconical antenna is the common “bow-tie”
antenna (shown later in Fig. 7-34). It offers less weight and costs less to build, but will have a
somewhat more sensitive input impedance to changing frequency than the finite biconical.
The bow-tie is commonly constructed by printing the two halves on a thick substrate
material, one on top and the other on the bottom. The monopole version of the bow-tie,
called a triangular antenna, has impedance characteristics similar to those for the
conical monopole of Fig. 7-19, but with somewhat smaller variations with antenna length
[11]. A unidirectional bow-tie with 37% bandwidth is made by mounting it parallel to and
3/8/ in front of a ground plane [12].

7.4.3 Discone Antennas

If one cone of the finite biconical antenna is replaced with a disk-shaped ground plane,
the structure becomes a disk-cone, or discone, antenna (see Fig. 7-20). The discone
antenna was developed by Kandoian [13] in 1945, followed several years later by
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Figure 7-19 Measured input impedance of a conical monopole with flare angle 26, =< 90° versus monopole
height L;,. (Used with permission from [H.6: Jasik] © 1961 The McGraw-Hill Companies.)
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! Figure 7-20 Discone antenna. Typical dimen-
sions are H ~ 0.74, B; ~ 0.64, D ~ 0.4/, and
50Q coax 6 < D.

experimental design studies [14, 15]. It is used (like a vertical dipole) for vertical
polarization and nearly uniform azimuth coverage (i.e., an omnidirectional pattern). The
discone offers satisfactory operation over a wide frequency range (several octaves) while
maintaining acceptable pattern and impedance properties.

The discone is constructed as shown in Fig. 7-20. The outer conductor of the coaxial
transmission line is connected to the cone and the inner conductor is attached to the disk
ground plane. The cone and disk can be either solid metal or radial wires. Ideally, the
pattern between the ground plane and the cone is that of the infinite bicone. This
omnidirectional pattern is well suited to broadcast applications.

The discone antenna can be designed for broadband impedance performance (typically
502, while maintaining acceptable pattern behavior with frequency [13]. Typical
center frequency dimensions are H = 0.74, B =0.64, D = 0.44, 0, =25°, and 6 < D.
For example, the discone with the patterns of Fig. 7-21 has a center frequency of 1 GHz
(2 =30cm). So at 1 GHz, H =21.3 cm = 0.71J, By = 19.3 cm = 0.64/, and 6, ~
sin ~'[(B/2)/H] = 27°. Nail [14] has given optimum design formulas of D = 0.7B; and
6 = 0.3B,, independent of H and 0.

The pattern performance over a 3:1 bandwidth is revealed in Fig. 7-21. At low fre-
quencies, the structure is small relative to a wavelength, and the pattern is not too dif-
ferent from that of a short dipole (see Fig. 7-21a). As frequency increases, the electrical
size of the ground plane increases and the pattern is confined more to the lower half-space
(see Fig. 7-21b). For further increases in frequency, the antenna behavior approaches that
of an infinite structure. For example, at 1500 MHz, the pattern (of Fig. 7-21c¢) is very
close to that of the monopole version of the infinite biconical antenna in Fig. 7-16.
Measurements with several values of disk parameter D and spacing between the cone 6
showed that the patterns are insensitive to these parameters [15].

Nail’s optimum design formulas [12] are for B, ~ Ay /75 at the highest operating
frequency of the antenna and § < D. For larger values of B, and 6 ~ 0.5B,, it has been
found that Nail’s equations need to be altered when a type N-connector is used between the
skirt and the disk [14]. In this case, 6 = 0.5B5, 2a = 0.33B,, D = 0.75B;, L = 1.154;
based on experimental measurements. It has been reported in [16] that a VSWR below
1.5:1 over an octave bandwidth is easily achievable and 45° <26, <75° yields the best
results. This is evident from Fig. 7-22 [H.6; Rudge Vol. 2, pg. 735] which shows VSWR for
various discone angles. The best low-frequency performance along with a nearly “flat”
VSWR curve at higher frequencies occurs for approximately 45° < 26;, <75°.
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Figure 7-21 Measured patterns of a discone antenna for H = 21.3 cm, B; = 19.3 cm, and
0, = 25°.

Discone, biconical, and bow-tie antennas are often constructed of wires rather than
solid metal to reduce weight and cost, and several commercial products are available.
Fig. 14-40 illustrates a wire-formed monocone. Simulation studies [17] have shown that
if more than eight wires are used to form the monocone, the performance is similar to
the solid monocone counterpart antenna; also see [18].

7.5 SLEEVE ANTENNAS

In Sec. 6.1, we saw that the dipole antenna is very frequency-sensitive and its bandwidth
is much less than the octave bandwidth provided by the antennas studied previously in
this chapter. However, the addition of a sleeve to a dipole or monopole can increase the
bandwidth to more than an octave. In this section, we will briefly examine a few forms of
the sleeve antenna, which incorporates a tubular conductor sleeve around an internal
radiating element. Emphasis will be placed on practical configurations.
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7.5.1 Sleeve Monopoles

A sleeve monopole configuration is shown in Fig. 7-23a fed from a coaxial transmission
line. The sleeve exterior acts as a radiating element and the interior of the sleeve acts as
the outer conductor of the feed coaxial transmission line. In principle, the length of the
sleeve can be any portion of the total length of the monopole from zero (no sleeve) to
where the sleeve constitutes the entire radiating portion of the antenna. However, in
practice, the sleeve is usually about % to % the height of the monopole. The reason for this
is apparent from Figs. 7-23b and 7-23c¢, which suggest that the current at the virtual feed
point changes only slightly as the overall monopole height varies from 4/4 to 1/2. Thus,
the impedance remains somewhat constant over at least an octave. As for an ordinary
monopole with no sleeve, the antenna dimensions affect the impedance more than the
pattern.

Consider Fig. 7-23d. The first sleeve monopole resonance occurs at a frequency where
the monopole length ¢ + L is approximately 1/4. Design proceeds by locating this first
resonance near the lower end of the frequency band, thereby fixing the total physical
length ¢ + L. The remaining design variable is ¢/L. It has been found experimentally that

d—> <=

\ \ Radiator/_,
T N4 v N2 ‘ Sleeve\ |(_ D _)I

Coaxial
Transmission
line

(a) Geometry.  (b) Current distribution.  (¢) Current distribution. (d) Geometry.
(Sleeve not shown) (Sleeve not shown)
Figure 7-23 Sleeve monopole configurations: Arrows in (@) indicate polarity when ¢ + L < 1/2.
Different current distributions on the center conductor are shown in (b) and (c).
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Table 7-1 Specifications for Optimum Pattern Design
of a Sleeve Monopole

Pattern bandwidth 4:1

{+L A/4 at low end of band
{/L 2.25

D/d 3.0

VSWR less than 8:1

a value of ¢/L = 2.25 yields optimum (nearly constant with frequency) radiation patterns
over a 4:1 band [19]. The value of ¢/L has little effect for ¢ + L < 1/2 since the current on
the outside of the sleeve will have approximately the same phase as that on the top portion
of the monopole itself, as suggested by the arrows of Fig. 7-23a. However, for longer
electrical lengths the ratio ¢/L becomes very important and has a marked effect on the
radiation pattern, since the current on the outside of the sleeve will not necessarily be in-
phase with that on the top portion of the monopole. Some typical specifications for
optimum performance are given in Table 7-1. In some applications, the VSWR may be
too high, requiring a matching network.

7.5.2 Sleeve Dipoles

The sleeve monopole has a counterpart in the sleeve dipole antenna that is shown in
Fig. 7-24a. An approximate impedance analysis of the sleeve dipole can be carried out
according to Figs. 7-24b and 7-24c¢ where the doubly driven structure of Fig. 7-24a is
replaced by the pair of asymmetrically driven structures in Fig. 7-24b. The change in
diameters on the longer arms is neglected, resulting in Fig. 7-24¢. The current at the
input to the sleeve (virtual feed) I4(zs) is then approximately the sum of the currents
at the point z = z¢ from the two configurations in Fig. 7-24c. For the left half of
Fig. 7-24c, the current at the virtual feed in that asymmetrical structure is Im(zf). The
current at the same point due to the excitation in the lower half of the sleeve dipole (i.e.,
the right half of Fig. 7-24c) is identical to the current at the point —z; when the exci-
tation is at the point zy, since the two structures are physically equivalent. Thus,

In(zr) = Las(3f) + Las(—%) (7-48)

L
= + Fz=0
L +
2 ———c—o-z7=-%
A

(a) Sleeve dipole.  (b) Intermediate equivalent.  (c¢) Final equivalent.

Figure 7-24 Sleeve dipole configuration and approximate equivalents (Used with permission
from [H.3: Weeks] © 1968 The McGraw-Hill Companies.)
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The input admittance to the sleeve is then

IaS(Zf) + las(—2) [ Los(zr) }
Yy —— Y |1+ 7-49
4 VA Ias(_Zf) ( )
where
2
~— 7-50
s~ 17 (7-50)

and where Z; is the impedance of a symmetrical antenna of half-length L; and Z; is
the impedance of a symmetrical antenna with half-length L, [H.3: Weeks, Sec. 4.4.4].
Eq. (7-50) is useful for estimating the impedance of asymmetrical dipoles such as that in
Prob. 6.1-4.

The sleeve dipole of Fig. 7-24a can be approximated with an open-sleeve dipole in
which the tubular sleeve is replaced by two conductors close to either side of the driven
element as shown in Fig. 7-25. The length of the parasites (simulated sleeve) is
approximately one-half that of the center-fed dipole. The open-sleeve dipole, which we
will describe from an experimental viewpoint, is operated in front of a flat reflector, or
ground plane [20, 21]. The results are also applicable to sleeve dipoles without a flat
reflector present.

The antenna was designed for the 225- to 400-MHz frequency band. The dipole to
reflector spacing S; was chosen to be 0.294 at 400 MHz to avoid the deterioration of
the radiation pattern that occurs for larger spacings. All the dimensions required for the
design of the open-sleeve dipole are given in Table 7-2. These design values yield
low VSWR over a wide bandwidth. This is illustrated in Fig. 7-26 by a comparison of the
VSWR characteristics of a conventional (unsleeved) dipole and an open-sleeve dipole
with a diameter D of 2.9 cm. Although these results do not represent exhaustive design
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Table 7-2 Electrical Dimensions of an Open-Sleeve Dipole with a
Reflector for Lowest VSWR

Electrical Dimension Electrical Dimension at
Parameter at Lowest Frequency Highest Frequency
(see Fig. 7-25) (225 MHz) (400 MHz)
D 0.26 1 0.047 A
H 0.385 4 0.684 1
L 0.216 4 0.385 1
S 0.0381 4 0.0677 A
Sa 0.163 4 0.29 1
6 T T T P T T T
5L Conventional |
Cylindrical dipole
i (without sleeves) |
4
o
C
w
>
3~
- Open-sleeve
dipole
2L
Figure 7-26 Comparison between
i the VSWR response of a conven-
1 | I | I | | | tional (unsleeved) cylindrical dipole
200 250 300 350 400  and an open-sleeve dipole both with

Frequency, MHz a diameter D of 2.9 cm [20].

data for the open-sleeve dipole, they do serve as a starting point in the design of open-
sleeve dipoles with or without a reflector present.

7.6 PRINCIPLES OF FREQUENCY-INDEPENDENT ANTENNAS

Frequency independent antennas had their beginning in research conducted in the late
1950s at the University of Illinois and led to configurations that will be covered in this
section. An early nonmilitary application of frequency-independent antennas was the log-
periodic dipole TV antenna that was used on houses around the world starting in the
1960s.

Aperture antennas, to be discussed in the next chapter, are capable of bandwidths of
2:1 or more, but the main beam narrows as frequency is increased. Often, it is desirable to
have the pattern of an antenna remain constant over a very wide range of frequencies. An
antenna with a bandwidth of about 10:1 or more is referred to as a frequency-independent
antenna. The purest form of a frequency-independent antenna has constant pattern,
impedance, polarization, and phase center with frequency. Few antennas meet all these
criteria. The axial mode helix has constant impedance and phase center location over a
bandwidth of about 2:1, but the main beam narrows with increasing frequency. The
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principles of frequency independence are discussed in this section and antennas capable
of 10:1 bandwidth are introduced in the next two sections.

The biconical antenna represents the emergence of frequency-independent behavior. In
Sec. 7.4, we found that the input impedance and pattern of the infinite biconical antenna
were independent of frequency. This is precisely the behavior we desire. The feature of
the biconical structure that is responsible for frequency independence is the emphasis on
angles and the complete avoidance of finite lengths. This is verified by the observation
that when the bicone is truncated to form the finite biconical antenna of Fig. 7-18, its
bandwidth is limited. Of course, in general, if no finite lengths are present on an antenna,
the structure would have to be infinite. Rumsey [H.8.3: Rumsey] noted that, in practice,
frequency-independent antennas are designed to minimize finite lengths and maximize
angular dependence. The concept of angle emphasis has been exploited to produce a
family of frequency-independent antennas.

There is another property in addition to angle emphasis that leads to frequency-
independent behavior, that of self-complementarity. Consider a metal antenna with input
impedance Zye. A dual structure can be formed by replacing the metal with air and
replacing air with metal. The resulting complementary antenna has input impedance Z,;.
Complementary antennas are similar to a positive and negative in photography. An
example is a ribbon dipole and its complement, the slot antenna, shown in Fig. 7-27.

Babinet’s principle can be used to find the impedance of complementary antennas.
Babinet’s principle for optics states that a source of light behind complementary thin
conducting sheets produces lit regions on the source-free side that when superposed give
a completely lit region, just as would exist without the sheets present. Extending this to
electromagnetics [19] leads to the following important relationship for the input impe-
dances of complementary antennas [H.8.3: Mushiake, p. 16]:

2 2
e Zan = == BTN 55 49570 (7-51)
4 4
This assumes that no dielectric or magnetic materials are present; if so, the proper 1 must be
used in place of the free-space value. If the dipole of Fig. 7-27a is resonated by reducing
its length slightly below a half-wavelength, its impedance iS Zpeqar = Zgipole = 70 2. Then
from (7-51), the impedance for the slot antenna of Fig. 7-27b, Z;, is

" 354757
4Zgipote  4(70)

= 506.8Q half-wave slot antenna (7-52)

Zgot =

(a) Ribbon dipole. (D) Slotantenna.  Figure 7-27 Complementary dipole and slot antennas.
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Prob. 7.6-2 addresses the slot that is complementary to the ideal dipole.

The product of the impedances of two complementary antennas is the constant 7% /4. If
the antenna is its own complement, frequency-independent impedance behavior is
achieved. This is the self-complementary property, in which the antenna and its com-
plement are identical. A self-complementary structure can be made to exactly overlay its
complement through translation and/or rotation. The value of impedance follows directly
from (7-52), as noted by [H.8.3: Mushiake]

Zietal = Zair = g = 188.5Q) self-complementary antenna (7-53)

The frequency-independent impedance of (7-53) is the second design principle for
frequency-independent antennas; that is, self-complementary antennas tend to be
frequency-independent. It turns out, however, that many antennas that are not self-
complementary still have small impedance variations with frequency.

Our study of the antennas in this chapter has led to a number of characteristics that are
likely to produce broadband behavior. Before moving on to antenna types that yield
extremely wide bandwidth in the following sections, we summarize these properties. The
characteristics that yield broadband behavior are:

1. Emphasis on angles rather than lengths. Examples are the helix in Sec. 7.3 and
the spiral in Sec. 7.7, which both avoid fixed physical length elements and produce
wide bandwidth.

2. Self-complementary structures. The equiangular spiral of Fig. 7-29 is an example.

3. Thick metal—‘“fatter is better.” Increasing the wire diameter of even resonant
antennas such as a dipole widens its bandwidth; see Fig. 6-7. The biconical antenna
is the ultimate fat dipole and has wide bandwidth; the biconical antenna also
emphasizes angles. The bow-tie antenna of Fig. 7-34 is another example.

Ideally, frequency-independent antennas should display all three of these properties. It
is found in practice that successful wide bandwidth designs emphasize these properties,
but in many cases strict adherence is not required. For example, we will see in Sec. 7.8
that some log-periodic antennas deviate from the self-complementary principle and still
have wide bandwidth. The usual penalty for doing this is that the impedance will vary
with frequency and not be constant as predicted with (7-53). This may not be a serious
problem in many applications.

A distinguishing feature of frequency-independent antennas is their self-scaling
behavior. Most radiation takes place from that portion of the frequency-independent antenna
where its width is a half-wavelength or the circumference is one wavelength—the so-called
active region. Radiation is maximum perpendicular to the plane of the structure and can be
explained in a fashion similar to the one-wavelength loop discussed Sec. 6.8. As frequency
decreases, the active region moves to a larger portion of the antenna, where the width is a
half-wavelength. The characteristics of angle emphasis and using thick metal yield struc-
tures that provide regions where the current can adjust as the frequency changes.

Frequency-independent antennas can be divided into two types: spiral antennas and
log-periodic antennas. Spirals are discussed in the next section and log-periodics are
treated in the following section.

7.7 SPIRAL ANTENNAS

Spiral antennas and their variations are usually constructed to be either exactly or nearly
self-complementary. This yields extremely wide bandwidths of up to 40:1. Historically,
the equiangular spiral was invented first, so we begin our discussions with it [22], [H.6:
Ant. Eng. Hdbk., 4th ed., Chap. 13].
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7.7.1 Equiangular Spiral Antennas

The equiangular spiral curve shown in Fig. 7-28 is represented by the generating equation

r = roe® (7-54)

where 7y is the radius for ¢ = 0 and a is a constant controlling the flare rate of the spiral.
The spiral of Fig. 7-28 is right-handed. Left-handed spirals can be generated using
negative values of a, or by simply turning over the spiral of Fig. 7-28. The equiangular
spiral curve is used to create the antenna of Fig. 7-29, which is referred to as the planar
equiangular spiral antenna. The four edges of the metallic region each have an equation
for their curves of the form in (7-54). In particular, edge 1 is exactly that of Fig. 7-28,
so r; = rpe?®. Edge 2 has the same spiral curve but rotated through the angle 6, so
ry = roe?!?=® The other half of the antenna has edges that make the structure symmetric;
that is, rotating one spiral arm by one-half turn brings it into congruence with the other
arm. So, r3 = rpe®®"™ and ry = roe®®~™9)_ The structure of Fig. 7-29 is self-comple-
mentary, so 6 = /2. It does not have to be constructed this way, but pattern symmetry is
best for the self-complementary case.

The impedance, pattern, and polarization of the planar equiangular spiral antenna
remain nearly constant over a wide range of frequencies. The feed point at the center, the
overall radius, and the flare rate affect the performance. The flare rate a is more con-
veniently represented through expansion ratio €, which is the increase factor of the radius
for one turn of the spiral:

Figure 7-28 Equiangular spiral curve with
r=rope® and ry = 0.311 cm and a = 0.221.

Figure 7-29 Planar equiangular spiral antenna for
the self-complementary case with 6 = 90°.
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_r(¢+2m) r,e(912m)
o r(9) T pped?

A typical value for € is 4, and then from (7-55), a = 0.221. The frequency at the upper
end of the operating band fy is determined by the feed structure. The minimum radius r
is about a quarter-wavelength at fi; for an expansion ratio € of 4 [H.8.3: Rumsey].
A nearly equivalent criterion is a circumference in the feed region of 27ry = Ay = ¢/fu.
Of course, the spiral terminates at this point and is connected to the feed transmission
line. The low-frequency limit is set by overall radius R, which is roughly a quarter-
wavelength at f7. Alternatively, the circumference of a circle just enclosing the spiral can
be used to set the low-frequency limit through C = 27R = 4;.

Spirals with one-half to three turns have been found experimentally to be relatively
insensitive to the parameters a and 6 [22]. One-and-one-half turns is about optimum.
For example, again consider a one-and-one-half turn spiral with a = 0.221 as shown in
Fig. 7-29. Each edge curve is of the form in (7-55), so the maximum radius is
R = r(¢ = 371) = r9e®??'0™ = 8.03r,. This equals 1, /4, where A is the wavelength at
the lower band edge frequency. At the feed point, r = r(¢ = 0) = rpe’ = ry, and this
equals Ay /4 where Ay is the wavelength at the upper band edge. The bandwidth is then
fulfo = Au/Ay = Au/4/ Ay /4 = 8.03. This 8:1 bandwidth is typical; however, band-
widths of 40:1 can be obtained.

Based on (7-53), the self-complementary equiangular spiral should have an input
impedance value of 188.5 + jO 2. In practice, the measured impedance values tend to be
lower than this (about 120 + jO £2), due to the finite thickness of the metallization and the
presence of the coaxial feed line that is wound along one arm toward the feed at the center
[22]. A feed of this type is referred to as an infinite balun. The balance function arises because
any currents that are excited on the outside of the coax travel out from the feed point at the
center, acting essentially like the currents on the arm and radiating upon reaching the active
region. To maintain symmetry, a dummy coax is often attached to the second arm.

The radiation pattern of the self-complementary planar equiangular spiral antenna is
bidirectional with two wide beams broadside to the plane of the spiral. The field pattern
is approximately cos @ when the z-axis is normal to the plane of the spiral. The half-power
beamwidth is, thus, approximately 90°. The polarization of the radiation is close to circular
over wide angles, out to as far as 70° from broadside. The sense of the polarization is deter-
mined by the sense of the flare of the spiral. For example, the spiral of Fig. 7-29 radiates in the
right-hand sense for directions out of the page and left-hand sense for directions into the page.

= " (7-55)

7.7.2 Archimedean Spiral Antennas

Another form of the planar spiral is the Archimedean spiral antenna shown in Fig. 7-30.
This antenna, as are many spiral antennas, is easily constructed using printed circuit
techniques. The equations of the two spirals in Fig. 7-30 are

r=ryd (7-56)
r=ro(¢—m) (7-57)

The Archimedean spiral is linearly proportional to the polar angle rather than an expo-
nential for the equiangular spiral, and thus flares much more slowly.

The simple geometry of the Archimedean spiral antenna affords an opportunity to
explain an important operating principle in frequency-independent antennas. This is the
“band” description of radiation that is characterized by an active region responsible for
radiation. Between the feed point of a frequency-independent antenna and the active
region, currents exist in a transmission line mode and fields arising from them cancel in the
far field. The active region occurs on that portion of the antenna that is one wavelength in
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Figure 7-30 The Archimedean spiral
antenna. The outside circumference in this
case is one wavelength and thus is the
active region. The inset is a vector diagram
for the radiated electric fields, showing that
the outward radiation is left-hand circularly
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polarized.

circumference for curved structures or has half-wavelength-long elements in antennas with
straight wires or edges. Beyond the active region, currents are small, having lost power to
radiation in the active region, and the antenna effectively behaves as if it is infinite in
extent. Of course, the active region moves around the antenna with frequency. Since the
geometry of a spiral is smooth, as frequency is reduced and the active region shifts to
locations farther out on the spiral, the electrical performance remains unchanged. Hence,
self-scaling occurs and frequency-independent behavior results.

We now give a physical explanation of how spiral antennas operate using Fig. 7-30. The
arms are fed 180° out-of-phase at points F| and F5. This is represented with oppositely
directed current arrows. The current is inward for arm no. 1(—) and outward for arm no.
2(+). The lengths of the arms out to A, F;A and F»A,, are equal, so the phase shifts from the
feed to A are identical, preserving the current directions as shown in Fig. 7-30. The active
region where the circumference is one wavelength contains points labeled with an A or B. It
can be assumed that the current magnitudes over this region are nearly the same. The phase,
however, shifts as the traveling waves progress along the arms. Since the circumference is
electrically large in the active region, phase must be accounted for. The phase shifts 180°
between A; and A and between A, and A), because of the 1/2 differential path length.
Adjacent points on different arms (A, A’2 and A,, A’l) are now in phase because the 180°
phase shift counters the direction reversal introduced by the half-turn. In addition, the points
opposite these pairs are in phase; that is, A;, A, are in phase with A, A|. This in-phase
condition leads to reinforcement of electric fields in the broadside direction, giving a radi-
ation maximum. Interior to the active region, the electrical distance along different arms to
adjacent points is not electrically large, preserving the antiphase condition due to the exci-
tation. This is a transmission line mode and radiation is low. Often, resistive loads are added
to the ends of the spiral to prevent reflection of the remaining traveling waves.

The final aspect that requires explanation is the circular polarization property. In the active
region, points that are one-quarter turn around the spiral are 90° out of phase. For example,
the phase at point B, lags that at point A; by 90°. In addition, the currents are orthogonal in
space. The current magnitudes are also nearly equal. Thus, all conditions are satisfied for
circular polarized radiation: The radiated fields (created by the currents) are orthogonal,
equal in magnitude, and 90° out of phase. As indicated by the vector diagram insert in
Fig. 7-30, the wave is left-hand circular polarized. The left-hand sense results from the
left-hand winding of the spiral. This is for radiation out of the page. Viewed from the other
side of the page, the spiral is right-hand wound and thus produces RHCP.
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Based on the above discussion, it is apparent that the spiral produces a broad main beam
perpendicular to the plane of the spiral. Most applications require a unidirectional
beam. This is created by backing the spiral with a ground plane. The most common con-
struction approach is to use a metallic cavity behind the spiral, forming a cavity-backed
Archimedean spiral antenna. This introduces a fixed physical length (the distance to the
ground plane), thereby altering the true frequency-independent behavior. This is corrected
in most commercial units by loading the cavity with absorbing material to reduce resonance
effects; this, however, introduces loss. Typical performance parameter values for the cavity-
backed Archimedean spiral are HP = 75°, |AR| = 1 dB, G = 5 dB over a 10:1 bandwidth
or more. The input impedance is about 120 €2, and is nearly real. The performance of the
equiangular spiral is similar to that for the Archimedean spiral.

Very wideband antennas such as spirals are balanced structures. They are normally
connected to a coaxial cable, which is an unbalanced structure. Therefore, a balun must
be included with the spiral feed; see Sec. 6.4.3 for discussions of balun principles. One
such wideband balun is the tapered-coax wideband balun that is formed by gradually
cutting away the outer conductor of the coaxial cable, leaving a parallel wire line to attach
to the spiral arms [23] as shown in Fig. 6-27b.

The pattern of the cavity-backed Archimedean spiral can be modeled by the following
empirically derived function [24]:

F(0) = cos>*¥(0.53 0) (7-58)

Evaluating this pattern for the half-power points leads to a beamwidth of HP = 74°.

Fig. 7-31a shows an experimental model that has a diameter of 5.4 cm. The low
frequency cutoff for this spiral antenna occurs when the circumference is one wavelength
leading to:

¢/A=c/mD =30/547 =1.77GHz (7-59)

The measured patterns are shown in Fig. 7-31b for three frequencies: 2.5 (slightly above
cutoff), 5, and 10 GHz. Also plotted is the pattern model of (7-58). Note that the pattern
remains nearly constant over a 4:1 bandwidth, characteristic of frequency-independent
antennas. Representative measured antenna patterns for a cavity-backed spiral are shown
in Fig. 13-13.

7.7.3 Conical Equiangular Spiral Antennas

Nonplanar forms of spiral antennas are used to produce a single main beam, thereby
avoiding a backing cavity. For example, the planar equiangular spiral antenna conformed
to a conical surface forms the conical equiangular spiral antenna shown in Fig. 7-32.
The equation for a conical equiangular spiral curve is

r=el@sintp)o (7-60)

The planar spiral is a special case of this with 8, = 90°. The equations for the edges of
one spiral of metal are that of (7-60) for r; and r, = elasinfp)(0=0) and § = /2 for the
self-complementary case. The other spiral arm is produced by a 180° rotation. The edges
of the arms maintain a constant angle « with a radial line for any cone half-angle 6,
[H.8.3: Rumsey].

a =cota (7-61)

The conical equiangular spiral antenna has a single main beam that is directed off
the cone tip in the —z-direction. A self-complementary shape yields the best radiation



250 Chapter 7 Broadband Antennas

(a) The spiral (reduced in size).

(b) Radiation patterns: measured (dashed curve) and
computed (solid curve) using cos>® (0.536).

Figure 7-31 A 4:1 bandwidth cavity-backed Archimedean spiral antenna.

patterns. Typical patterns for 6, = 15° and « about 70° have a broad main beam with a
maximum in the § = 180° direction and a half-power beam width of about 80°. Since the
structure is rotationally symmetric, the pattern is also nearly rotationally symmetric.
The polarization of the radiated field is very close to circular in all directions, with the
sense determined by the sense of the spiral winding. However, the polarization ellipticity
increases with the off-axis angle.

The impedance [H.8.3: Rumsey] can be approximated by the relation

Z, 7= 300 — 1.56(degrees) (7-62)

where §(degrees) is the angle § of Fig. 7-32 in degrees. For the self-complementary case,
6 is 90° and from (7-61) Z, ~ 165 (), which is close to the 188.5-() theoretical value of
(7-53). The impedance is not affected significantly by 6 or a.

The design of the conical equiangular spiral antenna is rather simple and proceeds as
follows [25]. The upper frequency fy of the operating band occurs when the truncated
apex diameter is a quarter-wavelength; that is, A, /4. The lower band edge frequency f;, is
determined by the base diameter B and occurs for B = 31, /8. 0, is usually less than 15°
and « about 70°. For 6, = 10° and « = 73°, the front-to-back ratio is 15dB and the
polarization axial ratio on the axis is below 3 dB.

7.7.4 Related Configurations

Spiral antennas can be operated in other than the fundamental odd mode described above,
where the feed point terminals are excited in antiphase. Higher-order modes are possible
and have an active region where the circumference is an odd multiple (3, 5, .. .) of a
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z Figure 7-32 The conical equiangular spiral antenna.

Figure 7-33 The sinuous antenna.

wavelength. Even modes can be created by feeding the arms in-phase, leading to a null
broadside to the spiral. This pattern is useful in direction finding (DF) [H.11.4: Lipsky]

Archimedean spirals with square arms provide a size reduction of 22%, which is based
on the increase in perimeter from circular with 7D compared to 4D for square. Also,
spiral arms can be zigzagged [26], coiled, or loaded [H.9.1: Waterhouse, Chap. 4] to
extend bandwidth. Additional material on spiral antennas can be found in the following
references: [H.8.3: Corzine and Mosko], [H.8.3: Nakano], [H.8.6: Ant. Eng. Hdbk. 4th, ed.,
Chap. 13].

A broadband antenna that is related to the spiral is the sinuous antenna [25]. As can
be seen from Fig. 7-33, the sinuous antenna is more complicated than the spiral antenna.
However, it offers more flexible polarization uses. Two opposite arm pairs produce
orthogonal linear polarizations. These pairs can be used separately for polarization
diversity or for transmit/receive operation. Or, the two-arm-pair out-puts can be combined
to produce simultaneous LHCP and RHCP. The operating principles are very similar to
those for the planar spirals.

7.8 LOG-PERIODIC ANTENNAS

The frequency independent spiral antennas of the previous section illustrate the principle
that emphasis on angles will lead to a broadband antenna. Although spiral antennas are
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Figure 7-34 The bow-tie antenna.

not complex structures, construction would be simplified if simple geometries, involving
circular or straight edges, could be utilized. Antennas of this type are discussed in this
section. To see how the ideas develop, first consider the bow-tie antenna (also called the
bifin antenna) of Fig. 7-34. It is the planar version of the finite biconical antenna (see
Fig. 7-18). It has a bidirectional pattern with broad main beams perpendicular to the plane
of the antenna. It is also linearly polarized. The bow-tie antenna is used as a receiving
antenna for UHF TV channels, frequently with a wire grid ground plane behind it to
reduce the back lobe. Since currents are abruptly terminated at the ends of the fins, the
antenna has limited bandwidth. As we shall see shortly, by modifying the simple bow-tie
antenna as shown in Fig. 7-35, the currents will then die off more rapidly with distance
from the feed point. The introduction of periodically positioned teeth distinguishes this
antenna as one of a broad class of log-periodic antennas. A log-periodic antenna is an
antenna having a structural geometry such that its impedance and radiation characteristics
repeat periodically as the logarithm of frequency. In practice, the variations over the
frequency band of operation are minor, and log-periodic antennas are usually considered
to be frequency-independent antennas.

Most of the work on frequency-independent antennas took place at the University of
Illinois in the late 1950s and the 1960s [28]. A series of antennas were developed through
many experiments. (For an excellent historical discussion of this evolution, see [H.3:
Weeks, Sec. 7.2].) Several geometries were examined, and those that produced broadband
behavior led to the determination of the properties necessary for wide bandwidth.

Frequency-independent spiral antennas were discussed in the previous section. In this
section, we outline the development of the log-periodic antenna family. The metamor-
phosis of the log-periodic produced the log-periodic dipole antenna, which is made up of
only straight wire segments.

One of the first log-periodic antennas was the log-periodic toothed planar antenna
shown in Fig. 7-35. It is similar to the bow-tie antenna except for the teeth. The teeth act
to disturb the currents that would flow if the antenna were of bow-tie-type construction.
Currents flow out along the teeth and, except at the frequency limits, are not significant at
the ends of the antenna. The rather unusual shape of this antenna is explained by
examining the planar equiangular spiral antenna. Along a radial line from the center of
the spiral, the positions of the far (or near) edges of a conductor from (7-54) are

o = r{6 4 n2m) = rpet®+72) (7-63)
The ratio of the n + 1th position to the nth position is

Fapl roea(c5+(n+l)27r)

_ pa2m _
r | reed@tmm ¢ € (7-64)

which is the expansion ratio of (7-55). This is a constant, and thus the distances
(or period) of the edges are of constant ratio for the planar spiral. For the structure of



7.8 Log-Periodic Antennas 253

Figure 7-35 Log-periodic toothed planar antenna (self-complementary). Midband currents
are shown on top half.

Fig. 7-35, the ratio of edge distances is also a constant and is given by the following
scale factor:

Rn+1

=—— <1 7-65
="k (7-65)
The slot width is expressed by
an
=21<1 7-66
o= (7-66)

These relations are true for any n. The parameter 7 gives the period of the structure. We
would thus expect periodic pattern and impedance behavior with the same period. In
other words, if frequencies f,; and f, from adjacent periods lead to identical perfor-
mance, then

Jn
Joti

=7, fo<fat1 (7-67)
Forming f,11 = f,/7 from this equation and taking the logarithm of both sides, we have

log fu+1 = log f, + log(1/7) (7-68)

Thus, the performance is periodic in a logarithmic fashion, hence the name log-periodic
antenna. All log-periodic antennas have this property.

If the teeth sizes of the log-periodic toothed planar antenna are adjusted properly, the
structure can be made self-complementary. From Fig. 7-35, we see that in general
(whether self-complementary or not).
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v+ £5=180° and ([+26=« (7-69)
If the structure is self-complementary (as shown),
a=v and [B=0¢ (7-70)

Substituting into (7-70) into (7-69) yields o + 8 = 180° and 5 4 28 = a. Solving these
two equations gives

a =135 and (3 =45° (7-71)

for a self-complementary log-periodic toothed planar antenna. As we saw in the previous
section, an antenna that is self-complementary tends to be broadband and has an input
impedance of 188.5 (2.

If the widths of the teeth and gaps are equalized, o = a, /R, = R,+1/a,. Using (7-65)
and solving for o give

o= 7 (7-72)

This relationship and the self-complementary feature are popular in practice.

The properties of the log-periodic toothed planar antenna depend on 7. It has been
found experimentally that the half-power beamwidth increases with increasing values of
7 [H.8.3: Rumsey], increasing from about 30° at 7 = 0.2 to about 75° at 7 = 0.9. The
pattern has two lobes with maxima in each normal direction to the plane of the antenna.
The radiation is linearly polarized parallel to the teeth edges. This is perpendicular to
what it would be if there were no teeth (6 = 0), in which case the antenna would be a
bow-tie. The fact that transverse current flow dominates over radial current flow is sig-
nificant. Most of the current appears on teeth that are about a quarter-wavelength long
(the active region). This, we have seen, is key to achieving wide bandwidths. The fre-
quency limits of operation are set by the frequencies where the largest and smallest teeth
are a quarter-wavelength long.

The log-periodic toothed planar antenna should have a performance (impedance and
pattern) that repeats periodically with frequency with period 7 given by (7-65). The self-
complementary version of the antenna, although not producing frequency-independent
operation, does lead to performance that does not vary greatly for frequencies between
periods—that is, for f, <f <f,1;. In fact, measurements have produced nearly identical
patterns over a 10:1 bandwidth [H.8.3: Rumsey].

The log-periodic toothed wedge antenna of Fig. 7-36 is a unidirectional pattern form
of its planar version in Fig. 7-35, in which the included angle 1 is 180°. A single broad

Figure 7-36 Log-periodic toothed wedge
y antenna.
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main beam exists in the +z-direction. The patterns are nearly frequency-independent for
30° <1 <60°. The polarization is linear and y-directed for an on-axis radiation, as
indicated in Fig. 7-36. There is a small cross-polarized component (x-directed) arising
from the radial current mode, as found in a biconical antenna. Typically, this cross-
polarized component is 18 dB down from the copolarized (y-directed) component on-axis,
indicating a strong excitation of the transverse current mode associated with frequency-
independent behavior. The bandwidth of the wedge version is similar to the sheet version,
but the input impedance is reduced for decreasing 1. For the planar case (i) = 180°), the
self-complementary antenna, which should have an impedance of 188.5 (), has an
impedance of about 165 {2, whereas the wedge form with ¢ = 30° has a 70-¢2 impedance.
As 1) is decreased, the impedance variation over a period of the structure (frequency ratio
of 7) increases. For example, a 3:1 variation occurs for ¢ = 60° relative to the geometric
mean [H.8.3: Rumsey].

From a construction standpoint, it would be desirable if the toothed antennas could
be made with straight edges. This simplification of the structure turns out to be of
little consequence in the performance of the antenna. This is another major step in
the development of the log-periodic antenna. As an example, if the tooth edges of the
log-periodic toothed planar antenna in Fig. 7-35 are replaced by straight edges, the log-
periodic toothed trapezoid antenna of Fig. 7-37 results. The performance of this antenna
is similar to its curved edge version in Fig. 7-35. A log-periodic toothed trapezoid wedge
antenna can be formed by bending the planar version into a wedge, creating an antenna
similar to that of Fig. 7-36. In fact, the patterns of the two wedge forms (curved edge and
trapezoid) are similar, but the trapezoid version has better impedance performance with
only about a 1.6:1 variation over a period for v = 60° [H.8.3: Rumsey].

The solid metal (or sheet) antennas we have described are practical for short wave-
lengths, but for low frequencies the required structures can become rather impractical. It
turns out that the sheet antennas can be replaced by a wire version in which thin wires are
shaped to follow the edges of the sheet antenna. An example of this major structural
simplification is that of Fig. 7-38a, which is the wire version of Fig. 7-37. This
log-periodic trapezoid wire antenna can also be bent at the apex to form a wedge that
produces a unidirectional pattern. The log-periodic trapezoid wedge wire antenna has a
performance similar to its sheet version. Measurements for a wedge angle i) = 45° have
yielded E- and H-plane half-power beamwidths of 66°, a gain of 9.2dB, and a front-to-
back ratio of 12.3 dB. The average input impedance has been measured as 110 €2 with a
VSWR of 1.45 over a 10: 1 band [29]. As with other wedge log-periodics, the main beam
maximum is straight off the apex and the radiation is linearly polarized.

Other even simpler log-periodic wire antennas exist in both planar and wedge shapes.
The log-periodic zig-zag wire antenna of Fig. 7-38b is an example.

The final phase in this metamorphosis of log-periodic antennas is the use of only
parallel wire segments. This is the log-periodic dipole array of Fig.7-39 [30, 31]. The
log-periodic dipole array (LPDA) is a series-fed array of parallel wire dipoles of

L

\
Q Figure 7-37 Log-periodic toothed trapezoid antenna.
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(a) Trapezoid. (b) Zig-zag.  configurations.

successively increasing lengths outward from the feed point at the apex. Note that the
interconnecting feed lines cross over between adjacent elements. This can be explained
by noting that the LPDA of Fig. 7-39 resembles the toothed trapezoid of Fig. 7-37 when
folded on itself, making a wedge with zero included angle. The two center fins of metal
then form a parallel transmission line with the teeth coming out from them on alternate
sides of the fins. This alternate arm geometry occurs for all wedge log-periodic antennas.

A particularly successful method of constructing an LPDA is shown in Fig. 7-40.
A coaxial transmission line is run through the inside of one of the feed conductors. The
outer conductor of the coax is attached to that conductor and the inner conductor of
the coax is connected to the other conductor of the LPDA transmission line.

As shown in Fig. 7-38, a wedge of enclosed angle o bounds the dipole lengths. The
scale factor 7 for the LPDA is

<1 (7-73)

tan — = =—" (7-74)

T~
I@d”%I \\\\\s
|

Figure 7-39 Log-periodic dipole array geometry.
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Figure 7-40 Construction details of the log-periodic

U dipole array.

Thus,

Lo _L_Lwmi_ _Ly (7-75)

Ry R, Rn+l Ry
Using this result in (7-73) gives

R, L,
o= Bt Lo (7-76)
R, L,

Thus, the ratio of successive element positions equals the ratio of successive dipole
lengths.
The spacing factor for the LPDA is defined as

dn

= 7-77
=5 (7-77)
where the element spacings as shown in Fig. 7-39 are given by
dy =R, — R,11 (7-78)
But R,y = TR, so
dy=R,— TR, = (1 —T)R, (7-79)
From (7-74), R, = L,/2 tan («/2). Using this in (7-79) yields
L
dy=(1-7)—"— 7-80
(1=7) 2 tan (a/2) (7-80)
Substituting this in (7-77) gives
dy 1 -
o= T (7-81)

2L, 4tan (a/2)

or

1—
a=2tan"! ( ) T) (7-82)

g
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Combining (7-81) with (7-76), we note that all dimensions are scaled by

_ Rn+1 _ Ln+1 _ dn+1 (7-83)
Rn Ln d}’l
As we have seen with other log-periodic antennas, there is also an active region for the
LPDA, where the few dipoles near the one that is a half-wavelength long support much
more current than do the other radiating elements. It is convenient to view the LPDA
operation as being similar to that of a Yagi—-Uda antenna. The longer dipole behind the
most active dipole (with largest current) behaves as a reflector and the adjacent shorter
dipole in front acts as a director. The radiation is then off of the apex. The wedge
enclosing the antenna forms an arrow pointing in the direction of the main beam
maximum.
As the operating frequency changes, the active region shifts to a different portion of
the antenna. The frequency limits of the operational band are roughly determined by the
frequencies at which the longest and shortest dipoles are half-wave resonant—that is,

(7-84)

N o

2
leé and Ly~

where A; and Ay are the wavelengths corresponding to the lower and upper frequency
limits. Since the active region is not confined completely to one dipole, often dipoles are
added to each end of the array to ensure adequate performance over the band. The number
of additional dipoles required is a function of 7 and o [32], [H.8.3: Smith]. But for
noncritical applications, (7-84) is sufficient.

The pattern, gain, and impedance of an LPDA depend on the design parameters 7 and o.
Since the LPDA is a very popular broadband antenna featuring simple construction, low
cost, and light weight, we will give the design details and illustrate them by examples. Gain
contours are plotted in Fig. 7-41 as a function of 7 and o [31]. Note that high gain requires
a large value of 7, which means a very slow expansion, that is, a LPDA of large overall
length. Gain is only slightly affected by the dipole thickness. It increases about 0.2 dB for
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Figure 7-41 Gain of a log-periodic dipole array. (Contours, at top, adapted from Carrel [31].
Maximum gain curve, at bottom, derived from data in [32].)
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a doubling of the thickness [H.8.3: Rumsey]. Gain is also affected by the feeder impedance
[32] and tends to decrease as the feeder impedance is increased above 100 2.

Fig. 7-41 (top portion) shows the variation in gain of an LPDA with ¢ and 7. The
curves are a modification of those originally presented by Carrel [31] that have been
found to have a gain that is erroneously high [32, 33, 34]. In [H.3: Balanis], Carrel’s
curves are reduced uniformly by 1dB and in [35] uniformly by 1.5 dB. Based on data in
[32, 34], it appears that Carrel’s original curves were more in error (for gain) for lower
values of 7 than for higher values. Thus, the 11-dB and 6-dB contours in Fig. 7-41 are
1dB and 2dB lower, respectively, than those in Carrel.

The bottom portion of Fig. 7-41 shows a gain curve that is derived from data in [32]
where N, the number of dipoles, varies from 12 to 47 (unlike Carrel’s modified contours
above for which N = 8). Notice that the value of Gy, is greater than the value of the gain
contour at the optimum o line in the top portion of Fig. 7-41. The Gp,x vs. T curve
probably represents an upper bound on the LPDA gain that can be achieved in practice for
feeder impedances of 100 {2 or greater.

Further details on the design and calculations for the LPDA are available in the lit-
erature [32-35]. Also, the LPDA can be constructed in a size-reduced form or by using
printed circuit techniques [36-39].

EXAMPLE 7-3 Optimum Design of a 54- to 216-MHz Log-Periodic Dipole Antenna

An antenna that operates over the entire VHF-TV and FM broadcast bands, which span the 54- to
216-MHz frequency range for a 4:1 bandwidth, is desired. Suppose the design gain is chosen to be
6.5 dB. The corresponding values of 7 and o for optimum design from Fig. 7-40 are

7=0.822 and o =0.149 (7-85)
Then from (7-82), we have
1—0.822
=2tan"'|m————| =33.3° 7-86
=i [4(0.149)} (7-86)

The length of the longest dipole is determined first. At the lowest frequency of operation (54
MHz), the dipole length from (7-84) should be near a half-wavelength, so

L =05/, =05(5.55) =278 m (7-87)

The shortest dipole length should be on the order of Ly = 0.54y = 0.694 m at 216 MHz. The
LPDA element lengths are computed until a length on the order of 0.694 m is reached. To be
specific, element lengths are found from L, using L, = 7L,. For example,

L, =7L; = (0.822)(2.78) =229 m

and

Ly = 7L, = (0.822)(2.29) = 1.88 m
Completing this process leads to
Ly =278m, L[,=229m, L[3=278m, Ly=154m
Ls =127m, L¢=104m, L; =0858m, Lg=0.705m (7-88)
Ly =0.579m

The array was terminated with nine elements since Lo = 0.579 m is less than the 0.694 m
length for the highest operating frequency. Elements could be added to either end to improve
performance at the band edges.
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The element spacings for this example are found from (7-81) as
dy = 20L, = 2(0.149)L, = 0.298L, (7-89)
Using the element lengths of (7-88) gives
dy =0.828m, dr =0682m, dz=0560m, dy=0.459m (7-90)
ds =0378m, ds=0310m, d7 =0256m, dg=0.210m

These dipole lengths and spacings completely specify the LPDA, as shown in Fig. 7-39. The
total length of the array is the sum of the spacings in (7-90), which gives a 3.683 m. The
outline of the antenna fits into an angular sector of angle a = 33.3°.

EXAMPLE 7-4  Characteristics of a 200- to 600-MHz LPDA

In this example, we examine the gain, pattern, impedance, and current distribution of a LPDA
as a function of frequency. Suppose it is to be constructed for operation over the 200-
to 600-MHz band. For optimum performance and a design goal of 9dB gain, we see from
Fig. 7-41 that 7 = 0.917 and o = 0.169. The lowest frequency of operation (200 MHz) has a
wavelength of 4, = 1.5 m, so the first element has a length of L; = 4, /2 = 0.75 m. The length
of the shortest element should be on the order of a half-wavelength at 600 MHz, and
Au/2 =0.500m/2 = 0.250 m. Using the design techniques illustrated in the previous
example and four extra elements at the narrow end gives the 18-element LPDA shown in
Fig. 7-42. (The antenna geometry details are left as a problem.)

The LPDA of Fig. 7-42 was modeled using the computer techniques of Sec. 14.10.2.
The resulting dipole terminal currents at the band edges and one midway frequency are shown
in Fig. 7-42. Also shown are the voltage amplitude distributions on the transmission line.
These currents and voltages illustrate the active region behavior we have mentioned several
times. For example, at 200 MHz there are three dipoles with strong currents on them and a
total of five with significant currents. This is also true for other frequencies in the operating
band, with the active region shifted to some other portion of the antenna as seen in Fig. 7-42.
At the high-frequency limit, element 14 is about a half-wavelength long and the extra four
elements provide support for the active region at 600 MHz.

The gain, pattern, and impedance behavior as a function of frequency are shown in
Fig. 7-43. At 150 MHz, the gain is considerably less than the 9-dB design value due to the
large back lobe. Also, the input impedance has a substantial imaginary part. This inferior
performance is, of course, caused by insufficient antenna length required for proper support of
the active region at that frequency. At the lower band edge of 200 MHz, however, the pattern
has little back radiation, the gain is approaching the design goal, and the input impedance has a
small imaginary part. Similarly, at 650 MHz the performance is only slightly inferior to that at
the upper band edge of 600 MHz because of the added elements. At intermediate frequencies
between the band edges, the gain, pattern, and impedance remain reasonably constant, indi-
cating frequency-independent behavior. Fig. 7-43c and 7-43d are typical of intermediate
frequencies. The fact that the calculated gain exceeds the 9 dB value indicated by the contour
is due to a combination of at least three factors: (1) a different feeder impedance (below 100
ohms) is used, (2) the ratio of L/2a being different than 125, (3) the estimated gain reduction
applied here to Carrel’s original contours being, perhaps, slightly excessive. Each of these
three factors could conceivably account for 0.1-0.2 dB.

The termination used in this example is purely resistive and equal to the characteristic
impedance of the transmission line, but reactive terminations can also be used. The use of a
reactive termination can lead to unwanted resonances on the LPDA caused by energy being
trapped between the termination and the stop region on the termination side of the active
region. These high Q resonances can be eliminated by using a termination that is at least
slightly resistive or by using a relatively high value for the LPDA transmission line impedance
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Figure 7-42 An optimum log-periodic dipole antenna for operation in the 200- to 600-MHz
band (Example 7-3). (Top) Voltage distribution on the 83-Q) transmission line. (Middle) The
geometry. (Bottom) Relative dipole terminal current amplitudes.

(e.g., Z,~ 150 Q) since this will cause the dipole elements to more heavily load the line. This
makes the active region more efficient [39] with the result that there is relatively little energy
left to propagate past the active region and cause a strong resonance effect on the radiation
pattern.

7.9 WIDEBAND EMC ANTENNAS

Electromagnetic compatibility (EMC) testing divides into two major categories: emission
testing (i.e., unwanted transmitted radiation) and susceptibility or immunity testing (i.e.,
undesirable received radiation). The antenna requirements for each are not identical. For
emission testing, the EMC antenna should be broadband, have a broad radiation pattern
(i.e., low directivity), have a low (<2 : 1) VSWR, and be capable of receiving electric
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Figure 7-43 Radiation patterns at several frequencies for the log-periodic dipole antenna of Example 7-3.
The gain and impedance values are also given. Calculations were done by the rigorous moment method
formulation in Sec. 14.10.2.

and magnetic fields of any polarization. For susceptibility testing, the antenna should also
be capable of handling high power and have a directive pattern.

EMC standards tend to originate from the European-based CISPR (Comite Interna-
tional Speciale des Perturbations Radio-Electroniques) and when adopted by govern-
ments become national standards. Government agencies like the FCC in the United States
sometimes adopt modifications of these standards to suit their own national needs. For
example, CISPR requires that radiated emission measurements from Class B devices
(non-commercial devices) be conducted at a distance of 10 m from the DUT (device
under test), while the FCC standard specifies 3 m as the measuring distance. Note that at
3 m it is likely that neither the DUT nor the EMC antenna will be in the far field of each
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Figure 7-43 (Continued)

Table 7-3 CISPR Requirements for a Broadband Antenna

Frequency 30-1000 MHz

Polarization Substantially linearly polarized

Cross-pol 20 dB below aligned polarization

Polar pattern Direct and reflected ray response within 1dB (i.e., broad
antenna pattern)

VSWR Less than 2:1

other. This has obvious negative implications for the measurements that are partly
overcome by the use of a standard measuring distance.

CISPR Class B measurement standards officially require a set of tuned dipoles to cover
the emission testing frequency range but allow the use of broadband antennas under most
conditions. Not using tuned dipoles, however, requires the use of a calibrated antenna
factor. The antenna factor was discussed in Sec. 4.7. The CISPR requirements for a
broadband antenna include those in Table 7-3. The CISPR 2:1 VSWR requirement is
difficult to achieve at the lowest frequencies without the use of an attenuator inserted at
the antenna terminals.

Emission testing is performed from 30 MHz to at least 1 GHz. The finite biconical
(Sec. 7.4.2) and the log-periodic (Sec. 7.8) are commonly used to cover the frequency
range in two steps with the biconical covering 30—300 MHz and the log-periodic cov-
ering 300—1000 MHz. These two antennas have been combined into an antenna com-
mercially marketed as a Bilog antenna. There are several possible configurations for the
biconical portion of the Bilog, one of which is shown in Fig. 7-44. A typical antenna
factor for the Bilog is shown in Fig. 7-45. Ideally the antenna factor should have low
magnitude, no sharp resonances, and minimum sensitivity to external factors. For the
antenna in Fig. 7-44, the VSWR and gain both deteriorate markedly from 60 MHz down
to 30 MHz. But this is not a problem for EMC measurements, because the antenna factor
is known.
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7.10 ULTRA-WIDEBAND ANTENNAS

Ultra-wideband (UWB) systems have very wide bandwidths with applications in radar
and communications. A UWB communication system has a bandwidth much larger than
necessary to support the information being carried [38]. UWB communications is well
suited for wireless personal area networks (see Sec. 4.5.1) for short-range distribution of
video, data, music, and so on. Non-communication applications include imaging systems
(ground-penetrating radar, through-wall radar, surveillance, and medical imaging) and
vehicular radar. UWB systems are of two types: multicarrier (MC-UWB) and impulse
(I-UWB). MC-UWRB divides the spectrum into many sub-bands, each with a carrier, and
the antennas can be analyzed using conventional frequency domain methods. I-UWB uses
impulses that spread the signal over many octaves of bandwidth, requiring the use of
time-domain techniques and an antenna with sufficient instantaneous bandwidth. An
illustration of the spreading in the frequency domain due to a short duration time pulse is
the Fourier transform of a perfect impulse as shown in Table 5-3, sixth entry.

The recent expansion of commercial UWB systems in the United States is due to the FCC
allocating frequency bands for UWB, including 3.1 to 10.6 GHz. The bandwidth (the band
edges are defined in this case as the frequencies where the EIRP is —10 dB down from the
center frequency value) must occupy 500 MHz or 20% of its center frequency, whichever
is greater. No license is required but emissions must not exceed an EIRP in 1 MHz of
—41.3 dBm. This low-power level limits the application to short-range systems but reduces the
potential of interfering with other systems sharing the same frequencies. Conventional com-
munication systems, of course, have less bandwidth and transmit much greater power levels.
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Military systems also use UWB technology in communications and radar, as well as a
special application called high-power microwave (HPM). HPM uses a directed energy
source employing a very narrow pulse at very high power levels (i.e., megawatts).
The antennas used, called impulse radiating antennas (IRA), are capable of radiating
waveforms with a flat frequency spectrum from 35 MHz to 3.5 GHz, which is a 100: 1
frequency ratio [39]. Dissipative materials are sometimes used in the IRA to broaden
bandwidth.

Impulse-UWB systems should have a pulse signal that undergoes small distortion in
the time domain. This requires the ideal UWB antenna to produce radiated fields that
have constant magnitude with frequency and phase that varies linearly with frequency.
This is accomplished with an antenna that produces an output that is the time derivative of
the input [38, p. 13]. Such a non-dispersive system will produce an undistorted replica
of the source pulse waveform at the receiver output and do so at angles extending over the
half-power beamwidth of the pattern main beam (see. Fig. 15-31).

The phase center plays an import role in [-[UWB antennas. It is the effective center of a
sphere in the far field over which the phase is constant. To radiate without dispersion, an
antenna must have a phase center which remains constant with frequency and have constant
impedance and pattern over the bandwidth [H.8.3: Schantz, p. 42]. Many antennas do not
have a unique phase center. Broadband antennas often have a phase center that moves in
location with frequency.

There are three types of UWB antennas [H.6: Balanis, 4th ed., Chap. 19]:

Type 1. Variations of dipole/monopole antennas
Broadband dipoles/monopoles and biconical-family antennas can achieve 3:1
bandwidth.
Type II. Antennas with absorptive loading or with curved geometries
Diffractions are controlled through absorption or curved edges. Absorptive antennas
are suited for impulse UWB, but are lossy. Example curved-geometry antennas are
Vivaldi antennas (see Fig. 8-35b) and horns with rolled edges to achieve gentle,
continuously curved geometries.
Type II1. Frequency-independent antennas
These antennas have an active region that maintains its shape and electrical size with
frequency change over the operating band. Examples are the LPDA, spiral, and
sinuous antennas discussed earlier in this chapter. However, the phase center of
these antennas moves with the active region, introducing dispersion and making the
antennas inappropriate for -UWB.

Fig. 7-46 shows the evolution of compact UWB antennas suitable for time-domain
applications [40, 41]. The spherical antenna of Fig. 7-46a and its variations have been
used for decades for broadband applications. It emphasizes curved geometry of Type II
UWB antennas. The antenna height is one-quarter wavelength at the lowest operating
frequency. The VSWR for a sphere of 2.5cm in height on a 2.8-cm diameter circular
ground plane is less that 2:1 from 3 to over 12 GHz. The phase is linear with frequency and
there is nearly omnidirectional, good impulse response over this range of frequencies.
Flattening the sphere into a disk to reduce antenna volume produces the circular disk
antenna of Fig. 7-46b that has electrical performance which is only slightly degraded from
the spherical antenna. Further size reduction is achieved by halving the disk to form the
half-circular disk antenna of Fig. 7-46¢. The performance is again nearly the same as its
predecessors except the low-frequency end of the band is increased from 3 to 4.2 GHz for
VSWR = 2. The most compact UWB antenna to date is the compact UWB antenna of
Fig. 7-46d. The measured VSWR for a 3.2-cm diameter enclosing hemisphere on a 30-cm
ground plane was about 2:1 from 2 to 18 GHz. [41] Time-domain performance is good as
well. Details on other UWB antennas are given in the following references: [40, Chap. 4],
[41, 42, 45], [H.8.3: Volakis, Sec. 3.2.8] and [H.8.3: Schantz, Chap. 6].



266 Chapter 7 Broadband Antennas

<L O

(a) Spherical antenna. (b) Circular disk
antenna
(side view).

w £

(c) Half circular (d) Compact UWB
disk antenna antenna.
(side view).

Figure 7-46 Evolution of antennas suitable for UWB applications.
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PROBLEMS

7.1-1 Plot percent bandwidth using both arithmetic and geometric mean as the center fre-
quency as a function of B, from 1 to 3.

7.1-2 Derive the relationships in (7-3).

7.2-1 Verify that the maximum of the radiation from a traveling-wave long wire antenna that
is 64 long occurs at an angle of 20.1° from the wire.

7.2-2 Compare the approximate beam maximum angle formula of (7-7) for a traveling-wave
long wire with the values of Fig. 7-4 for L// = 1, 3,6, 10.

7.2-3 Show that the power radiated from a traveling-wave long wire antenna is

_ AN sin(26L)
P =301 {2.108 +1n (Z) — Ci(28L) + W}

Use (5-8), (7-6) and (2-130).
7.2-4 Use the radiated power expression from Prob. 7.2-3 for a traveling-wave long wire to:
(a) Derive the directivity expression

1 0.371
1.69 cot?|= cos 7' 1 — =
D— 2 L/2

L . sin(20L)
2.108 + In (I) — Ci(26L) + i

(b) Evaluate the directivity for L/ = 2, 5, 10, 20. Ci(23L) is approximately zero for these
values of L.
7.2-5 Use the radiated power expression from Prob. 7.2-3 for a traveling-wave long wire to:
(a) Find an expression for the radiation resistance.
(b) Evaluate the radiation resistance for L/1 = 2,5, 10, 20. Ci(23L) is approximately zero
for these values of L.
7.2-6 Plot the linear, polar plot of a traveling-wave long wire antenna that is eight wavelengths
long.
7.2-7 To be completely general, the traveling-wave long wire antenna has a current distri-
bution given by

I(z) = e e il

where a is the attenuation coefficient representing radiation and ohmic losses. (3, is the phase
constant and is related to the velocity factor p = v/c as 8, = 3/p.
(a) Derive the pattern function

L L (1
sinh{%Jrj% <;fcos 0)}
F(0) =K sin 0 1

al. (L
7+17<;—cos 6’)

(b) Show that this reduces to (7-6) fora =0 and p = 1.
(c) Plot the polar pattern for a = 0 and L = 6/, for p = 1.0,0.75, 0.5
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7.2-8 Travel-wave vee antenna.
(a) Place the zero-phase reference point at the vertex of the vee antenna of Fig. 7-5, and
derive the radiation pattern as

Fy(0) = Kv[F1(0) — F2(0)]
where

sin[(BL/2)(1 — cos(6-a))]
(BL/2)(1 — cos(0 — «))

and F,(6) is the same as F(6) except that —« is replaced by «. This pattern expression
is valid only in the plane of the vee.
(b) Plot the polar pattern in Fig. 7-5 for L = 64 and a = 16°.
7.2-9 Rhombic antenna.
(a) Show that the pattern of the rhombic in Fig. 7-6 is

Fr(0) = K{F\(0) — F2(0) + ¢ /""[F5 — F4]}

where F3 = /L cos(0-0)p, and F, = /L cos(+)p, F) and F, are given in Prob. 7.2-8.
This expression is valid only in the plane of the rhombic.

(b) Plot the polar pattern in Fig. 7-6 for L = 6/ and oo = 16°
7.2-10 A rhombic antenna above ground is to be designed for a main beam maximum at an
elevation angle of 20°. Determine the rhombic configuration required.
7.3-1 Compare the radiation resistances of the resonant stub helix to a short monopole for the
height values of 0.01, 0.05, 0.08, and 0.14.
7.3-2 Find the radiation resistance of a six-turn resonant stub helix that is 2 cm high and
operates at 850 MHz.
7.3-3 An unfurlable helix was built with an overall length of 78.7 cm, a diameter of 4.84 cm,
and a pitch angle of 11.7°. The center frequency of operation is 1.7 GHz. Calculate the number
of turns, the gain in decibels, the half-power beamwidth in degrees, and the axial ratio for the
helix.
7.3-4 It is desired to achieve a right-hand circularly polarized wave at 475 MHz having a half-
power beamwidth of 39°. One of the easiest ways to do this is with a helix antenna. It is to be
built with a pitch angle of 12.5°, and the circumference of one turn is to be one wavelength at
the center frequency of operation.

(a) Calculate the number of turns needed.

(b) What is the directivity in decibels?

(c) What is the axial ratio of the on-axis fields?

(d) Over what range of frequencies will these parameters remain relatively constant?

(e) Find the input impedance at the design frequency and at the ends of the band.

(f) Evaluate HP at the band ends.
7.3-5 A commercially available axial mode helix antenna has six turns made of 0.95-cm
aluminum tubing supported by fiberglass insulators attached to a 3.8-cm aluminum shaft. The
band of operation is 300 to 520 MHz. The mechanical characteristics are as follows: length of
helix, 118 cm; diameter of helix (center to center), 23.2 cm; and ground screen diameter, 89 cm.

(a) Determine the pitch angle a.

(b) Compute the gain in decibels at edges of the frequency band of operation.
7.3-6 A 12-turn axial mode helix has a circumference of 0.197 m, a pitch angle of 8.53°, and
operates at 1525 MHz. Calculate and plot the radiation pattern in linear-polar form.
7.3-7 A helix antenna has five turns and a pitch angle of 12°. It is operated such that its
circumference is one wavelength. (a) Use simple array theory techniques to derive and
accurately sketch the radiation pattern. (b) Calculate the half-power beamwidth, not based on
results from (a).
7.3-8 One turn of an axial mode helix radiates similarly to a one-wavelength loop antenna.
Explain why, then, that the helix antenna radiates circular polarization and the loop radiates
linear polarization.
7.4-1 Calculate the input impedance for infinite biconical antennas of the following cone half-
angles: 0.1°, 1°, 10°, 20°, 50°.

Fl(e) _ ej(ﬁL/Z)[fl+cos(97a)] sin(G _ a)
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7.4-2 Show that the radiated power of the infinite biconical antenna is

P = 4w/ pu/eHIn[cot(6),/2)]
and that the directivity is
D— 1
~ sin” 6 In[cot(6),/2)]

7.5-1 Construction project. Select a frequency for which you have laboratory equipment to
measure impedance (probably in the VHF or UHF range). Construct both an optimum open-
sleeve dipole and its ordinary dipole version. (Alternatively, monopoles may be constructed.)
Measure the input impedance of both antennas over a 2:1 frequency range about the center
frequency. (Alternatively, measure the VSWR.)

7.5-2 Use (7-50) and Figs. 6-5 and 6-6 to estimate the input impedance of the asymmetrically
fed dipole in Prob. 6.1-4.

7.6-1 Find the input impedance of a slot that is complementary to a half-wavelength long
ribbon dipole with impedance 73 + j42.5 ().

7.6-2 The far-field components for a short slot with uniform electric field and of length
Az < A along the z-axis are

V,Az . e 90"
Ey=— i in
P o j3 sin
V,Az e
Hy = Zjﬁe sin @

27

where V, is the excitation voltage across the center of the slot.

(a) Find the input radiation resistance.

(b) Verify that (7-51) is satisfied using the appropriate complementary antenna.
7.6-3 Frequency-independent antennas have constant HP with frequency. Explain this in terms
of the formula HP = KA/L.
7.7-1 What is the sense of CP radiated by the equiangular spiral antenna shown in Table 1-4?
7.7-2 Design an equiangular spiral antenna for operation over the band 450 to 900 MHz
7.7-3 Construction project. Construct the equiangular spiral antenna of the previous problem
using aluminum foil glued to cardboard. Test its performance with a receiver (perhaps a
television).
7.8-1 Design a self-complementary log-periodic toothed planar antenna for operation from
400 MHz to 2 GHz with a half-power beamwidth of 70°.
7.8-2 A log-periodic dipole array is to be designed to cover the frequency range 84 to
200 MHz and have 7.5-dB gain. Give the required element lengths and spacings for optimal
design.
7.8-3 Evaluate the dipole lengths and spacings for the LPDA of Example 7-3.
7.8-4 Design an optimum LPDA to operate from 470 MHz to 890 MHz with 9-dB gain. Add
one extra element to each end over that required by (7-84).
7.8-5 What is the physical length of the LPDA in Example 7-3?
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Array Antennas

8.1 INTRODUCTION

The topic of array antennas was introduced in Sec. 3.5 with several two-element arrays as
examples of simple radiating systems. Fig. 3-19 summarizes the range of pattern control
that is possible by changing the spacing and phasing of two-element arrays illustrated
using elements with the same excitation amplitude and isotropic patterns. Arrays are
popular because of the ability to shape the pattern through spacing and excitation
adjustment along with the unique capability of scanning the pattern in angular space by
dynamically adjusting the excitation phases electronically. Such an array is referred to as
a phased array. The traditional method of scanning a directive beam is to mechanically
steer an aperture antenna such as a reflector antenna. Thus, the problem of mechanically
slewing of one large antenna is traded for the feed network complexities associated with
properly exciting many small antennas in an array. In addition to avoiding the need for a
mechanical structure required to point a large antenna, a phased array can also scan a
beam at electronic speeds and can even have multiple simultaneous main beams.
Although a feed network is required to excite the array elements, today’s low-cost
electronics, computing, and digital signal processing hardware and software make elec-
tronic scanning affordable. Arrays have the additional advantage of supporting many
geometries, including non-planar surfaces to conform to existing contours such as the
skin of an aircraft. There are many applications for phased arrays, most notably in radar.

The first widely used array antenna was the Yagi-Uda array invented in 1926 (see
Sec. 6.3). The Yagi was followed by other fixed-phase arrays that were mechanically
steered. Phased arrays emerged during World War II using mechanical phase shifters.
With the invention of the ferrite phase shifter in the 1950s, full electronic scanning
became possible. Both array element advances and solid-state phase shifters allowed for
more affordable, compact phased arrays beginning in the 1960s. The recent innovation in
arrays is the active phased array in which each element has transmit/receive electronics
including phase adjustment.

Both arrays and aperture antennas are capable of high gain. Arrays can be analyzed
using simple mathematics by summing phasors, but reflector antenna analysis requires
integration over the aperture, as we will find out in the next chapter. In this chapter, we
continue the development of arrays, beginning with linear arrays of multiple isotropic
elements, uniform excitations, and equal spacings. The pattern of individual elements is
then included. Techniques for evaluating the directivity of linear arrays are presented,
followed by addressing nonuniform excitation of linear arrays and multidimensional
arrays. Implementation issues of mutual coupling and feeding techniques are treated.
Finally, more detail is presented on the types of elements used in practical arrays along
with the special topic of wide-bandwidth phased arrays.

271
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Figure 8-1 A typical linear array. The
symbols /@’ and /é/ indicate variable phase
shifters and attenuators. The output currents
are summed before entering the receiver.

Receiver

8.2 THE ARRAY FACTOR FOR LINEAR ARRAYS

The fundamental configuration for elements in an array is the linear array shown in
Fig. 8-1. Linear arrays are used widely in practice and their operating principles can be
used to understand more complex array geometries. The array of Fig. 8-1 has identical
elements and is operated as a receiving antenna. The pattern characteristics of an array
can be explained for operation as a transmitter or receiver, whichever is more convenient,
since antennas usually satisfy the conditions for reciprocity. The output of each element
can be controlled in amplitude and phase as indicated by the attenuators and phase
shifters in Fig. 8-1. Amplitude and phase control provide for custom shaping of the
radiation pattern and for scanning of the pattern in space.

The basic array antenna model consists of two parts, the pattern of one of the elements
by itself, the element pattern, and the pattern of the array with the actual elements
replaced by isotropic point sources, the array factor. The total pattern of the array is then
the product of the element pattern and array factor; this will be discussed in detail in
Sec. 8.4. We treat the array factor first.

The array factor corresponding to the linear array of Fig. 8-1 is found by replacing
each element by an isotropic radiator, but retaining the element locations and excitations
as shown in Fig. 8-2. The array is receiving a plane wave arriving at an angle 6 from the
line of the elements, and the planes of equal phase (i.e., wavefronts) are shown. Rays
perpendicular to the wavefronts indicate the direction of travel of the wave. With the
reference wavefront taken to be of zero phase, the distance to the nth element has a
corresponding phase delay (found by multiplying by ) of &,. That is, each element is
excited with phase &,, due to the spatial phase delay effect of the incoming plane wave.
The amplitudes of excitation are constant, taken to be unity, because a plane wave has
uniform amplitude. The resulting excitations of le%0, 1e/é1, . . . are shown for each
element in Fig. 8-2. The elements themselves do not weight the outputs since they are
isotropic radiators that respond equally to all incoming wave directions.

The array factor for the array of Fig. 8-1 is found from the array of Fig. §-2 that has
isotropic radiators for array elements in place of the actual elements. The array factor for
this receiving array is then the sum of the isotropic radiator receiving antenna responses
{e/%0, e/1, ...} weighted by the amplitude and phase shift represented by complex
currents {Io, I, ... } introduced in the transmission path connected to each element. The
array factor of the array shown in Fig. 8-2 is thus

AF = [ye/*0 + [1e/*1 4 Lel*2 4 ... (8-1)
where &, £;,... are the phases of an incoming plane wave at the element locations
designated 0,1, ... For convenience, these phases are usually relative to the coordinate

origin; that is, the phase of the wave arriving at the nth element leads the phase of the
wave arriving at the origin by &,
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Array factor

Figure 8-2 Equivalent configuration of the array in Fig. 8-1 for determining the array factor.
The elements of the array are replaced by isotropic point sources.

In Sec. 3.5, we presented examples that show how to sum the phasors in (8-1) for two-
element arrays of isotropic elements. For such simple cases, the major features of the
radiation pattern can be found by an inspection method where the phasors for each source
element are traced to the far field in principal directions and summed. We further illustrate
the inspection method with the following example.

EXAMPLE 8-1 Two Identical Isotropic Point Sources Spaced
One Wavelength Apart (see Fig. 8-3)

Two isotropic sources spaced one wavelength apart transmit signals of the same magnitude
and phase as shown in Fig. 8-3a. Fig. 8-3b shows some of the transmitted far-field rays.
Because of the in-phase condition, the fields arriving in the far field add perfectly (i.e., double)
in the £ x-directions (broadside directions) because of the equal path length to the far field. In
other words, since the rays started out in phase and experience the same propagation phase
shift, they arrive in phase. Off the ends of the array in the endfire directions, the phase of the
field from the more distant element to the same far-field distance lags that from the close
element by 360° due to the extra one wavelength of travel. Thus, the far-field phasors sum in
phase in the £ z-directions. So, the phase difference between the two far-field rays varies from
0° at broadside (# =90°) to 360° at endfire (6 = 0°,180°). Therefore, there is a direction
where the phase difference is 180°, corresponding to a half-wavelength path length difference,
and the phasors cancel. The path length difference as a function of observation angle for the
two-element array is d cos 6 (see Fig. 3-16d). For this example where d = 4, the angle for 1/2-
path difference can be found using A cos § = + /2, giving cos § = & 1/2 which has solutions
6 = 60°,120° for null locations. With these null locations and knowing that maxima occur in
multiples of 90°, the radiation pattern can be sketched as in Fig. 8-3c. The pattern magnitude is
plotted, but it should be noted that the endfire beams at 0° and 180° are negative-valued due to



274 Chapter 8 Array Antennas

|
Cancel T |TAdd Cancel

| /

|

|

\ . /<

|

| 60°
1 | '
° ° Z Add o< 11— se ———=z
A ——> - 7 Add

(a) Array configuration. : 60°
|
|
Cancel ! Cancel
Add

(b) Inspection method.

(c) Polar plot of array factor magnitude | (0) = | cos(7 cos6)l. (d) Three-dimensional plot.

Figure 8-3 Two isotropic point sources with identical amplitude and phase currents, and
spaced one wavelength apart (Example 8-1).

the 180° phase jump when passing through the null. The exact pattern expression is found
from the two-element array factor expression in (3-67) with d = A, which when normalized is

() = cos(m cos ) (8-2)

The three-dimensional plot of this expression is shown Fig. 8-3d. This example illustrates the
general result that multiple major lobes will appear in the pattern for an element spacing of
one wavelength (or greater), which can also be seen in Fig. 3-19.

We are now ready to develop more general array factor formulas. The expression in
(8-1) is general and can be applied to any geometry. First, we consider linear arrays with
elements equally spaced along the z-axis as shown in Fig. 8-4. The individual isotropic
elements respond equally in all directions to an incoming plane wave. But when the
outputs from each element are added in a receiver (weighted by complex currents /,), the
total array response depends on 6, which is the angle with respect to the line of elements
(the z-axis). The phase of the arriving wave is set to zero at the origin for convenience,
thus £, = 0. The incoming waves arriving at Element 1 travel a distance of d cos 6 less
than the wave arriving at the origin. The corresponding phase of waves at Element 1
relative to the origin is £, = (3d cos 6, the spatial phase delay. In fact, across the array the
phase at each element leads its immediate nearest neighbor on the left by the same
amount of 3d cos 6. Using this result in (8-1) gives

N—-1
AF = Iy + L1e/M 00 - [peiPdeost o = N7 gind cost (8-3)
n=0
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n=0

Figure 8-4 Equally spaced linear
array of isotropic point sources.

Now consider the array to be transmitting. If the current has a linear phase progression
(i.e., relative phase between adjacent elements is the same), we can separate the phase
explicitly as

I, = A,e/™ (8-4)

where the n 4 1th element leads the nth element in phase by a. Then (8-3) becomes

N-1
_ Jjn(Bd cos 0+«
AF = ;Ane ( ) (8-5)
Define
Y= fdcosf+ « (8-6)
Then
N—1
AF =" A, (8-7)
n=0

This array factor is a function of 1 and is a Fourier series. This form is convenient for
calculations, but we usually want polar plots in terms of the angle 6.

The nonlinear transformation from 1 to 6 given by (8-6) can be accomplished
graphically. Studying this graphical procedure adds understanding to the interaction of
the several array parameters.

As an example, consider two elements spaced one-half wavelength apart and with
identical currents as in Example 3-2. We found the normalized array factor in (3-69) to be
f(0) = cos[(m/2)cos 8]. In this case, ¢ from (8-6) is

1 = fBd cos + a = mcosd (8-8)

since d = A/2 and a = 0. Now f is expressed in terms of 1 as

f) = cos% (8-9)

This is a rather simple function to plot. To obtain a plot of |f| as a function of 6, first plot
[f ()| from (8-9) as shown in Fig. 8-5. Then draw a circle of radius ¢» = 7 below it as
shown, since (8-8) is a polar equation of a circle. For an arbitrary value of v, say, 1;, drop
a line straight down until it intersects the circle. The values of 8 = 0 and |f| = f; cor-
responding to ¢ = ¢, are indicated in the figure. Locating several points taken in this
fashion produces the desired pattern sketch. Note that as 6 ranges for O to 7, ¥ goes from
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Figure 8-5 Procedure for obtaining the polar plot of the array factor of two elements spaced
one-half wavelength apart with identical currents.
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Figure 8-6 Construction technique for finding the array factor as a function of polar angle 6.

7 to — in this case. The resulting polar plot is shown in Fig. 8-7b. It is the same as the
result obtained in Fig. 3-16.

Before proceeding with more specific examples, we consider a general array factor and
how a polar pattern is obtained from it. The magnitude of a typical array factor is plotted
as a function of ¢ in Fig. 8-6. Below it a circle is constructed with a radius equal to 3d
and its center located at 1) = «. The angle 8 is shown. It is very easy to use this plot. For a
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f)l = cos ]

o)

¥

1/10)]

Q‘/
1A Figure 8-7 Array factors for two-element

“ﬁ arrays with equal amplitude currents.
(a) Universal array factor. (b) Polar plot

for d = 1/2,0d = 7,a = 0 (Example 3-2).
(c) Polar plot of d = A/2,8d = m,a =7
(Example 3-3). (d) Polar plot d = 4/4,

Bd = /2, « = —7t/2 (Example 3-4).

given value of 0, locate the intersection of a radial line from the origin of the circle and
the perimeter, point a. The corresponding value of 1), at point b, is on a vertical line from
a. The array factor value corresponding to these values of ) and 6 is then point ¢, also on
the vertical line from a. Notice that the distance from the ) = 0 axis to a point, say, at a,
can be written as ¢ = a + (d cos 6§, which is (8-6).

To illustrate the procedure further, we will find the polar plots of the array factors for
some two-element arrays with uniform current amplitudes that were discussed earlier.
The array factor as a function of 1, from (8-7) with N = 2, is

AF = 1 4 o7 = I0/2) (g =101 4 gI(6/2)y Z 90/ o5 ¥ (8-10)
2

where Ag = A} = 1. Taking the magnitude eliminates the exponential factor and normal-
ization removes the factor of 2, giving

lf ()l =

cos%’ (8-11)

which also follows from (8-9). The array factor |[f(¢)] is the same for all two-element
arrays with the same current amplitudes and is plotted in Fig. 8-7a. Of course, ¥ changes
with element spacing and phasing. For example, if the spacing is a half-wavelength and
the phases of each element are zero (« = 0), the pattern is obtained as shown in Fig. 8-5
with the resulting pattern plotted in Fig. 8-7b. This is Example 3-2 discussed earlier.
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For Example 3-3, d = /2 and o = 7. The resulting polar plot of the array factor using
the procedures of Fig. 8-6 is shown in Fig. 8-7¢. The array factor for Example 3-4 with
d = 2/4 and « = —7/2 is shown in Fig. 8-7d.

By examining the general array factor expression in (8-7), some general properties can
be derived that aid in the construction of pattern plots. First, the array factor is periodic in
the variable i with period 27. This is easily shown as follows:

AF(’(/) + 27T) _ Z Anej11(v;+27r) — Z Anejnu)ejnbr _ Z Anejlm _ AF(’(/}) (8-12)

The array factor of a linear array along the z-axis is a function of € but not of ¢ (the
element pattern may be though). In other words, the array factor is a pattern that has
rotational symmetry about the line of the array. Therefore, its complete structure is
determined by its values for

0<f<m (8-13)

This is called the visible region. This corresponds to —1 < cosf < 1 or —f3d < (Bd
cosf < Bd or

a—pfd <y <a+fd (8-14)

Hence, the visible region in terms of # and ) is given by (8-13) and (8-14), respectively.
The element spacing of the array in terms of a wavelength, d/ A, determines the size of the
circle in Fig. 8-6 and thus how much of the array factor appears in the visible region. The
visible region in the variable v is of length 23d, as seen from (8-14). This is the diameter
of the circle in Fig. 8-6. Suppose that exactly one period appears in the visible region.
Since the period is 27, we have 27 = 28d = 2(2w/A)d or d/A =% Thus, exactly one
period of the array factor appears in the visible region when the element spacing is one-
half wavelength. Less than one period is visible if 28d < 2w, which corresponds to
d/2 < %— that is, for spacings less than one-half wavelength. For spacings greater than
one-half wavelength, more than one period will be visible. For one-wavelength spacings,
two periods will be visible. For spacings larger than a half-wavelength, there may be more
than one major lobe in the visible region, depending on the element phasings. Additional
major lobes that rise to an intensity equal to that of the main lobe are called grating lobes.
In the one-wavelength spaced, two-element array factor of Fig. 8-3c, there are grating
lobes at 6 = 0 and 180°, in addition to the desired lobe in the & = 90° direction. In most
situations, it is undesirable to have grating lobes. As a result, most arrays are designed so
the element spacings are less than one wavelength.

8.3 UNIFORMLY EXCITED, EQUALLY SPACED LINEAR ARRAYS

An array is usually comprised of identical elements positioned in a regular geometrical
arrangement. In fact, this is the definition adopted by the IEEE. However, arrays are
encountered in practice with unequal interelement spacings. Usually, a modifier (e.g.,
equally or unequally spaced) is included to be completely clear about the array geometry.
The examples presented in this chapter are for equally spaced arrays, and unequally
spaced arrays are treated in Sec. 8.8.

8.3.1 The Array Factor Expression

A very important special case of equally spaced linear arrays is that of the uniformly
excited array. This is an array whose element current amplitudes are identical, or

Ag=A  =Ay= - (8-15)
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In this section, we consider only element phasings of a linear form that is accounted for
by interelement phase shift . The array factor from (8-7) is then

N—1
AF =AY e =Ag(1 + e/ + - 4 VD) (8-16)

n=0

Only a few short steps are required to sum this geometric series. First, multiply (8-16) by
e’V to obtain

AF eV = Ag(e? + e/ 4 ... 4 /M) (8-17)

Subtracting this from (8-16) gives

AF(1 — e/) = Ap(1 — NY)
or

1 — eiNv
AF=-——% A, (8-18)

1—ei¥
This is rewritten in a more convenient form as follows:

ejN'z;‘; -1 esz;‘)/Z ejN@fﬂ/2 _ e—jNu“,v/Z
AF=A)———=A¢) — —
eV — 1 eV/2  ei/2 — o —jt/2

. (8-19)
— Agel(N-1¥/2 sin(Nv/2)

sin(1/2)

The phase factor ¢/(Y=1%/2 is not important unless the array output signal is further
combined with the output from another antenna. In fact, if the array were centered about
the origin, the phase factor would not be present since it represents the phase shift of the
array phase center relative to the origin. Neglecting the phase factor in (8-19) gives

AF — 4, S0Ve/2) (8-20)

sin(/2)
This expression is maximum for ¢ = 0 and the maximum value from (8-16) is
AF(1p = 0) = Ag(1 + 1 4+ -+ + 1) = AN (8-21)

Dividing this into (8-20) gives the normalized array factor

_ sin(Nv/2)

f) = Nsin(v/2)

UE, ESLA (8-22)

This is the normalized array factor for an N element, uniformly excited, equally spaced
linear array (UE, ESLA) that is centered about the coordinate origin. This function is
similar to a (sin u)/u function, with the major difference that the side lobes do not die off
without limit for increasing argument. In fact, the function (8-22) is periodic in 27, which
is true in general, as we showed in (8-12).
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A number of trends can be seen by examining array factor plots for various values of N
as shown in Fig. 8-8:

1. As N increases, the main lobe narrows.

2. As N increases, there are more side lobes in one period of £(¢)). In fact, the number
of full lobes (one main lobe and the side lobes) in one period of f(¢) equals N — 1.
Thus, there will be N — 2 side lobes are one main lobe in each period.

3. The minor lobes are of width 27t /N in the variable ¢ and the major lobes (main and
grating) are twice this width.

4. The side lobe peaks decrease with increasing N. A measure of the side lobe peaks
is the side lobe level that we have defined as

SLL — |maximum value of largest side lobe|

8-23
|maximum value of main lobe| (8-23)
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and it is often expressed in decibels. The side lobe level of the array factor for
N =51is —12dB and it is —13dB for N = 20. SLL approaches the value of a
uniform line source, —13.3 dB, as N is increased.

5. |[f(¢)| is symmetric about 7. It is left as an exercise to show this.

The radiation (field) polar plots in the variable 6 can be obtained from f(1)) as discussed
in Sec. 8.2. For example, consider the two-element case. Then (8-22) becomes

_ siny
~ 2sin(y/2)

This is a universal pattern function for all equal amplitude two-element arrays and is
plotted in Fig 8-7a. Note that by the techniques used in Sec. 8.2, we found that the array
factor for a two-element array was cos(t)/2); see (8-9). It can be shown that this is
identical to (8-24).

f(@) (8-24)

EXAMPLE 8-2  Four-Element Linear Array (see Fig. 8-9)

The universal array factor for a four-element, uniformly excited, equally spaced array is
plotted in Fig. 8-9b. Let us find the array factor plot for the special case of half-wavelength
spacing and 90° interelement phasing (i.e., @ = m/2). The array excitations are shown in

[ ] [ ] ° ° z
1 1e J®2) le /™ le/BT/2)
(a) <d—>
O
1.0 4 sin 5

\/

<

2

NI
NS

N
N|§l’

(b)

© 0, =120° \
c |
——>f—pd=1—>|
o=
2

Figure 8-9 Array factor for a four-element, uniformly excited, equally spaced phased array
(Example 8-2). (a) The array excitations. (b) Universal pattern for N = 4. (¢) Polar plot
for d = /2 and a = 7/2.
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Fig. 8-9a. The pattern plot can be sketched quickly by locating prominent features such as
maxima and zeros. Then vertical lines are dropped down from these points to the circle below.
From the intersection points with the circle, straight lines are drawn in to the center of the
circle. The perimeter of the circle has a pattern value of unity and the center a value of 0. For
linear polar plots such as this one, the magnitude of the pattern factor is linearly proportional
to the distance from the origin. For example, if the circle radius is 4 cm and the pattern value
to be plotted is 0.25, the pattern point is 1 cm from the origin along a radial line at the
appropriate angle . After locating the relative maxima and the zeros, a smooth curve is drawn,
joining these points. The polar plot calculated using (8-22) is shown in Fig. 8-9c. Note that a
polar plot can be made larger or smaller by expanding or contracting the construction circle.

8.3.2 Main Beam Scanning and Beamwidth

A maximum of an array factor occurs for 1) = 0. Let 6, be the corresponding value of 0
for which the array factor is maximum. Then from (8-6), we have 0 = [3d cos 6y + «, or

a = —0d cosb, (8-25)

This is the element-to-element phase shift in the excitation currents required to produce an
array factor main beam maximum in a direction 6, relative to the line along which the array
elements are disposed. Thus, if we want an array factor maximum in the § = 6, direction, the
required element currents from (8-4) with (8-25) are

In _ ejna' — e—jan cos by (8—26)

for a uniformly excited, equally spaced linear array. For the broadside case (6, = 90°),
« = 0. For the endfire case (6, = 0° or 180°), « = —(3d or 3d. In the example illustrated
in Fig. 8-9, a = /2 and d = 1/2 s0 6, = cos™'(—a/fd) = cos™' (—}) = 120°.

A helpful way to remember the influence of the phase is that the beam pointing
direction is toward the lagging element. In the example, each element lags its right
neighbor, so the beam steers to the left of the array broadside direction as shown in
Fig. 8-9c. This main beam scanning by phase control feature can be explicitly incorpo-
rated into ¢ by substituting (8-25) into (8-6), giving

1 = Bd(cos — cosb,) (8-27)

Scanning is discussed further in Sec. 8.9.

A measure of the width of the main beam of a uniformly excited, equally spaced linear
array is given by the beamwidth between first nulls, BWFN, which is illustrated in
Fig. 2-10a for a general pattern. The main beam nulls are where the array factor (8-22)
first goes to zero in a plane containing the linear array. The zeros of the numerator of
(8-22) occur for Niygy/2 = +nm. When the denominator also goes to zero (J¢py = +n7),
the pattern factor is unity, corresponding to the main beam (n = 0) and grating lobes. The
first nulls associated with the main beam occur for Nigy/2 = % For a broadside array
a = 0° and ¥ = Bd cos 0, so the angles 6 for the first nulls are found from

N2
7 == T 4 cos fpn (8-28)
27
or
O — cos! [+ (8-29)
FN — Nd

The BWEN is then
BWEN = |0 teft — OFN right (8-30)
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(LAY Ceost (1A i
cos (Nd) cos <+Nd>‘ (8-31)

For long arrays (length L = Nd >> 1), we can approximate (8-31) as follows:

T A T A 21 )
BWEN =~ '5 + Nd (5 — m) ‘ = vd near broadside (8-32)

For an endfire array (see Fig. 2-11c¢), the beamwidth between first nulls is twice that from
the main beam maximum to the first null. For long arrays it is approximately

BWEN =~ 2 endfire (8-33)

2
Nd

Half-power beamwidth (HP) is a more popular measure of the main beam size than
BWEN. Both depend on the array length Nd and main beam pointing angle 6,. For a long
(Nd > A) uniformly excited linear array, the HP is approximately [1]

A
HP =~ 0.886m cscl, near broadside (8-34)

HP ~ 2, /0.886$ endfire (8-35)

Comparing the formulas for HP and BWEN, we can see that HP is roughly one-half of the
corresponding BWEN value for long, uniformly excited linear arrays.

and

8.3.3 The Ordinary Endfire Array

In many applications, antennas are required to produce a single pencil beam. The array
factor for a broadside array produces a fan beam (such as in Fig. 8-3), although the proper
selection of array elements may yield a total pattern that has a single pencil beam.
Another way to achieve a single pencil beam is by the proper design of an endfire array.
We have said that an endfire condition results when 6, = 0° or 180°, which corresponds
to @« = —fd or +d. Such arrays for which o = +3d are referred to as ordinary endfire
arrays. If the spacing d is a half-wavelength, there will be two identical endfire lobes (see
Fig. 3-17). There are several ways to eliminate one of these lobes, thus leaving a single
pencil beam. Already mentioned was the use of a backing ground plane in Example 3-5.
For an array, the back lobe can be reduced by decreasing the spacing below a half-
wavelength. The visible region is 23d wide in the variable ), and to eliminate the unwanted
major lobe (grating lobe), we should reduce the visible region (and thus the spacing d)
below the half-wavelength spacing value of 27. Since the grating lobe half-width (maxi-
mum to null) is 27/N, so that 28d = 27 — 7/N. Dividing this by 23d gives the condition
on spacing, which is given below along with the associated condition on phasing for
ordinary endfire operation:

A 1
< = - -
d<3 (1 2N) (8-36a)

Ordinary endfire conditions
a = +06d (8-36b)
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An array satisfying these conditions produces a single endfire beam and no grating lobe with
apeak in the direction 8 = 0° for « = —[3d and in the direction § = 180° for & = (d, which
follows from (8-25). The example below, like many to follow in this chapter, uses five
elements because there are enough lobes to fully illustrate general pattern trends.

EXAMPLE 8-3 Five-Element Ordinary Endfire Linear Array (see Fig. 8-10)

From (8-36a) for a five-element ordinary endfire array, we must have d = (1/2)(1 — 1/10) =
0.45/. If we select d = 0.454 and the 6, = 180° endfire direction, the required element-to-
element phase shift from (8-36b) is @ = fd = (2m/2)(0.45) = 0.97. The pattern construction

1

0.5
(@) 0 T Y
|
|
d=045\
%
\7
(b) z
— o= O.9n—>|
d=05\
(c) ‘
—a=r—
d=05\
a =71
€) ‘
d=045) Figure 8-10 Five-element
= a=09x uniformly excited, equally spaced
— linear array (Example 8-3). (a)

Universal pattern plot. (b) Polar plot
for ordinary endfire case with

— d =0.452 and a = 0.97. (¢) and (d)
Plots for endfire case with d = 0.5/.
(e) 3D plot for case of (c).
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process is shown in Figs. 8-10a and b, and the three-dimensional pattern plot is shown in
Fig. 8-10e. Note there is a single main lobe. For comparison, if a spacing of a half-wavelength
had been used, two major lobes would appear as shown in Figs. 8-10c and d.

8.3.4 The Hansen-Woodyard Endfire Array

In the ordinary endfire case, the interelement excitation phase, « = £3d, exactly equals
the spatial phase delay of waves in the endfire direction. If the phase delay is increased
beyond that for ordinary endfire by an amount 6, the excess phase delay, the interelement
phase shift is

o = +(Bd + 6) (8-37)

with the + and — signs corresponding to beam peak directions of 6, = 180° and 0°,
respectively. This excitation moves the maximum of the universal array factor out of the
visible region (0° = § = 180°) as shown by example in Fig. 8-11, leading to a narrowing
of the main beam. A popular choice for the excess phase delay is 6 = w/N. Because the
phase delay is increased, the construction circle moves off the origin, which can lead to
the appearance of grating lobes or high side lobes. To avoid this, the circle radius is
decreased more than in the ordinary endfire case, corresponding to an element spacing d
that is smaller than a half-wavelength by twice that used in the ordinary endfire case.
These conditions on spacing and phasing are referred to as the Hansen-Woodyard endfire
conditions for endfire operation and are given by:

a<’ (1 _ N) (8-38)

- Hansen-Woodyard endfire conditions
a:iQM+—) (8-38b)

<— Ordinary endfire —=}

1.0

. \<— Hansen-Woodyard—s]
s endfire

=

. Y
0 04r 087 127 lér 27
L/(6)! 0 Figure 8-11 Single endfire beam for a
A . five-element Hansen—Woodyard increased
| = 0.947 —s<fd = 0.74% ' directivity array with a = 0.947 and
_)I( >| d = 0.374 (Example 8-4).
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where again the + and — signs are used with main beam peak directions of 6, = 180° and
0°, respectively. The original derivation by Hansen and Woodyard [2] assumed a con-
tinuous current distribution, but the result holds for an array of many closely spaced
elements. The value that yields maximum directivity is 6. = 2.92/N, which is close
to the Hansen-Woodyard value of 7/N used in (8-39b). Array directivity is discussed
further in Sec. 8.5.

The pattern of an endfire array with a non-zero 6 value has the pattern shape of (8-22)
but is not normalized to unity maximum due to the peak of the universal array factor
being invisible. Using (8-37) in (8-6) gives the modified expression for @ of
Bd(cos6 — 1) — 4. Solving this for the pattern maximum at 6, = 0° or 180° gives
1, =—06 or 6, and the pattern from (8-22) is sin(N§/2)/Nsin(6/2). Using this to
renormalize the general array factor to include non-zero 6 gives

Nsin{ = |sin| —
. (6) . (Nzﬁ)
= sin(N7§>Nsin (%) (539

The consequence of increased directivity for Hansen-Woodyard type arrays is higher side
lobes, as illustrated in the following example.

EXAMPLE 8-4 Five-Element Hansen-Woodyard Endfire Linear Array (see Fig. 8-11)

From (8-38a) for a five-element Hansen-Woodyard endfire array, we must have d < (1/2)
(1 —1/5) = 0.4A.Choosingd = 0.371and the §, = 180° endfire direction, the required element-
to-element phase shift from (8-38b) is o = 3d + 7/N = 0.747 4+ 0.27 = 0.947.The pattern
shown in Fig. 8-11 has a single main beam that is narrower than for the ordinary endfire case in
Example 8-3 (also using five elements), but the side lobes are higher. Nevertheless, the array
exhibits increased directivity, as we will examine in more detail in Sec. 8.5.

It is helpful to summarize the endfire array design process. First, select the number of
elements, using enough to achieve the required directivity. Next, choose an element
spacing that is less than a half-wavelength; for example, satisfying (8-36a) or (8-38a) for
ordinary or Handsen-Woodyard endfire cases. Finally, evaluate the interelement phase
shift o using (8-36D) or (8-38b) for ordinary or Handsen-Woodyard endfire cases.

8.4 THE COMPLETE ARRAY PATTERN AND PATTERN
MULTIPLICATION

Our treatment of arrays so far has assumed that all elements in the array are isotropic
point sources. Actual arrays, of course, employ real elements that do not have an isotropic
pattern. In the remainder of this chapter, we include element effects, starting in this
section with the principle of pattern multiplication which gives the complete array pattern
as the product of the element pattern and the array factor.

When the elements of an array are placed along a line and the currents in each element
also flow in the direction of that line, the array is said to be collinear. As a simple
example of a collinear array, suppose we have N short dipoles as shown in Fig. 8-12. The
elements are equally spaced a distance d apart and have currents Iy, I}, I, ..., Iy_|.
The total current is the sum of the z-directed short dipole currents and thus is z-directed,
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Figure 8-12 A collinear array of short
dipoles.

as is the vector potential. The vector potential intet?’ral in (2-103) reduces to a sum over
the element currents (modeled as ideal dipoles) as

—iBr
AZ iy 4] Az []0 +]1€j6d cos +Ize_iﬂ2d cos @ 4. +IN71€jﬂ(N71>d c059:|
viva
T (8-40)
_ JjBnd cos @
=L e Azz_:lne
n=0
in the far field. Then from (2-106),
e —jpBr N-1 )
Ey = jwu - Az sinﬂZIne/ﬂ"d cos? (8-41)

n=0

From this expression, we can identify sin 6 as the pattern of a single element by itself,
called the element pattern. The remaining factor

N—1
AF = " [,/ cos? (8-42)
n=0

is the array factor of (8-3). The array factor is a sum of fields from isotropic point sources
located at the center of each array element and is found from the element currents
(amplitudes and phases) and their locations. On the other hand, the element pattern is that
factor of the radiation pattern determined by the individual properties of an element based
on its current distribution and orientation in space. We shall see that this factoring process
holds in general if the elements have the same pattern and are similarly oriented.

We now consider a slightly more complicated case. Suppose for the sake of expla-
nation, we have N identical general, line-source elements forming a collinear array along

!'This result could also be obtained by writing the z-directed current density as
J.=6() 60 8(Z)+1 6(Z —d)+L §(Z —2d)+ - Iy 6(Z —(N—1) d)] Az
and substituting this into (2-102), giving

or i}
A= “e4m, Az/ lo 6(Z)+ 1 6(Z —d)+--]el0a7

from which (8-40) follows.
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the z-axis. The nth element is centered at z = z, and has a current distribution i,(z’). We
are now relaxing the equal spacing constraint. The total current along the z-axis is

1(Z)=") i) (8-43)

The vector potential is then

e ~I0r (= -l N B cos
_ § . jBZ'cosO 3.1 ~
AZ o IUJ 47Tr [OC n= " (Z )e Z dz (8 44)

The far-field electric field from this and (2-106) is

—jpr N—1
Ep = jwp G 2 E,(0) (8-45)
where
00 o
E,(6) =sin0 / in(2)e? sy (8-46)

is the pattern of the nth element.

If the array possesses no symmetry, (8-45) cannot be simplified. But if the array
elements are similar, a great deal of simplification is possible. By similar we mean that
the currents of each antenna element are in the same direction, of the same length, and
have the same distribution (although there may be different current amplitudes and phases
for each element). Then the patterns of (8-46) will be similar; that is, they will have the
same spatial variation but may have different amplitudes and phases. In the example at
hand, the currents are all z-directed. Now assume that each element is of length /, has a
normalized current distribution over its length of i(z’), and an input current of [,. Then

in(Z) = Li(Z — z,) (8-47)

where z, is the position of the nth element center along the z-axis. Substituting this into
(8-46) gives

Zn"rl/z

E,(0) =sin0 I, / i(€ — z,)el cos0 dg¢ (8-48)
n—/2

where ¢ replaced 7. Let 7 = £ — z,,; then (8-48) becomes

2
E,(6) =sin@ In/ i(T)ejﬂ(TJrzn)cogedT
—t)2
_ 6/2 1 Iy
= Sin 9 / i(T)e']‘ﬁT cos dT Ine]“dz"’cose (8-49)
—l/2

To maintain consistent notation, we replace 7 by 7, yielding

l/2 » y
E,(0) = sin6 / i(z’)e“’zlcosgdz’] 1, e/%ncos? (8-50)
—0/2
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The pattern for each element of an array of similar elements given by (8-50) is a product
of the pattern of the current distribution, and the amplitude and phase of excitation /,,, and
the last factor represents the spatial phase due to the displacement from the origin.
Substituting (8-50) into (8-45) gives

o —if7 02 » Nolo
Ey = jwu i |ﬁil’1 9/[/21.(2/)@/& cosﬁdz/] ;Inejﬂzn cos @ (8-51)
The factor
0/2
sin 0/[/2l-(zl)ejﬁz/ cos dZI (8-52)

when normalized is the element pattern g,(6) of any element in the array of similar
elements. The sum

N—1
AF =Y [,e/fmcost (8-53)
n=0

is the unnormalized array factor.

In going from (8-45) to (8-51), it was necessary to assume that the elements of the
array were similar. When this is true, the electric field can be written as a product of an
element pattern, as in (8-52), and an array factor, as in (8-53). Note that the array factor is
the pattern of a linear array of N point sources located at positions {z,} on the z-axis. If
the elements are equally spaced, z,, = nd and (8-53) reduces to (8-42). If further, they are
uniformly excited, the array reduces to (8-20). This result is not restricted to collinear
elements but can be applied to any array of similar elements. This is discussed next.

The process of factoring the pattern of an array into an element pattern and an array
factor is referred to as the principle of pattern multiplication. 1t is stated as follows: The
electric field pattern of an array consisting of similar elements is the product of the pattern
of one of the elements (the element pattern) and the pattern of an array of isotropic point
sources with the same locations, relative amplitudes, and phases as the original array (the
array factor).

In Sec. 2.4, we wrote the normalized electric field pattern of a single antenna as a
product of a normalized element factor g and a normalized pattern factor f. For array
antennas, we expand this concept and call the pattern of one element in the array an
element pattern g,. It, in turn, is composed of an element factor that is the pattern of an
infinitesimal piece of current on the array element (i.e., an ideal dipole) and a pattern
factor that is the pattern due to its current distribution as in (8-52). The complete (nor-
malized) pattern of an array antenna is

F(0,¢) = 84(0,0)f(0,9) (8-54)

where g,(0, ¢) is the normalized pattern of a single element antenna of the array (the
array element pattern, or element pattern) and f(6, ¢) is the familiar normalized array
factor.

EXAMPLE 8-5 Two Collinear, Half-Wavelength-Spaced Short Dipoles (see Fig. 8-13)

To illustrate pattern multiplication, consider two collinear short dipoles spaced a half-
wavelength apart and equally excited. The element pattern is sin 6 for an element along the
z-axis and the array factor was found in (3-69) to be cos[(7/2)cos ). The total pattern is then
sin @ cos[(m/2)cos ). The patterns are illustrated in Fig. 8-13. The 3D pattern, which has been



290 Chapter 8 Array Antennas

0
A
o e B
Iy=1 I =1
(@)
Element Array Total
pattern factor pattern
X ° g = _ z
sin6 % cos (% cos0) = sinfcos (%‘ cos0)

() (©)
Figure 8-13 Array of two half-wavelength spaced, equal amplitude, equal phase, collinear
short dipoles (Example 8-5). (a) The array. (b) The pattern. (¢) The 3D pattern (rotated).

rotated slightly to see inside, illustrates the omnidirectional shape. The half-power beamwidth
of the array factor is 60° and is 51° for the complete pattern. So, the complete pattern is
essentially a slightly narrower version of the array factor.

Collinear arrays are in widespread use in base stations for land mobile communications.
Half-wave dipoles spaced more than a half-wavelength apart are popular elements. The array
axis is oriented vertically, producing an omnidirectional pattern in the horizontal plane as
required for point-to-multipoint communications. Lengthening the array by adding elements
narrows the beamwidth in the elevation plane, increasing the directivity and extending the
usable range to a mobile unit. Base station antennas are treated further in Sec. 12.2.

Arrays that have parallel elements, as illustrated in Fig. 8-14, have more complicated
pattern expressions because the axis of symmetry of the array (the z-axis) is no longer
aligned with the axis of symmetry of the elements (the x-axis), as for a collinear array. So
the pattern will be a function of both 6 and ¢ rather than just 6. The element pattern
for the line source element parallel to the x-axis is found from an expression analogous
to (8-52):

0/2 "
sin~y / i(x')edP s Yy (8-55)
—t/2

Figure 8-14 A linear array of parallel line
y sources.
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where + is the spherical polar angle from the x-axis with 0 = vy = 180°. y is expressed in
terms of 6 and ¢ through the relations [H.3: Kraus, 3rd ed., Ch. 16]:

cosy=sinfcos¢ and siny= /1 — sin*fcos¢p (8-56)

The array factor of (8-53) also applies to this case of parallel elements because the
elements are still along the z-axis.

EXAMPLE 8-6 Two Parallel, Half-Wavelength Spaced Short Dipoles (see Fig. 8-15)

The pattern of the short dipole elements parallel the x-axis is sin y analogous to its sin € pattern
when parallel to the z-axis. Using (8-56), the element pattern expressed in 6 and ¢ is

siny = /1 — sin? § cos2 ¢. The array factor is the same as for the previous example because the
element locations are the same. The complete pattern is the product of the element pattern and
array factor as shown in Figs. 8-15b and c. The fact that the axes of symmetry for the element and
the array are orthogonal leads to different principal plane patterns and to the complicated 3D
pattern of Fig. 8-15d, which has the axes tilted to show the broad null in the z-direction and the
narrow null in the x-direction. While such a pattern has few applications, it is presented here
to illustrate how an element pattern can have a major influence on the array pattern and for
additional practice in visualizing array patterns.

EXAMPLE 8-7 Five-Element Endfire Array of Parallel Half-Wave Dipoles

To illustrate parallel element arrays further, suppose the element antennas of Fig. 8-14 are half-
wave dipoles. Also suppose there are five elements arranged and excited for ordinary endfire as
in Example 8-3. The complete pattern is the product of the single half-wave dipole element
pattern and the array factor found from five isotropic sources. The element pattern for a half-
wave dipole element along the x-axis is

_ cos[(m/2) cos ]

8a(7) — (8-57)
which is (3-4) with 6 replaced by ~. Using (8-56), this becomes
cos|[(m/2) sin @ cos
8a(0. ¢) = [(r/2) ¢ (8-58)

/1 —sin®cos? ¢

The array factor is (8-22) with N =5, or

fW) = @ (8-59)

 Ssin ew)

For this example, & = 0.97 and d = 0.454 so ¢ = Bd cosf + a = 0.97 cos @ + 0.97, and
(8-39) is

sin(2.257 cos 6 + 2.257)

10) =3 sin(0.457 cos 0 + 0.457) (8-60)

The total pattern of the array in terms of € and ¢ is then the product of (8-58) and (8-60):
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Figure 8-15 Array of two half-wavelength spaced, equal amplitude, equal phase parallel

short dipoles (Example 8-6). (a) The array. (b) The xz-plane pattern. (c) The yz-plane pattern.
(d) The three-dimensional pattern.

_cos[(m/2)sin 0 cos ¢] sin(2.257 cos O + 2.257) (8-61)
/1 — sin2f cos? ¢ 5sin(0.457 cos§ + 0.457)

The polar plot of this pattern is easily obtained by multiplying the plot in Fig. 3-5b, where the
axis of symmetry is now the x-axis instead of the z-axis, times the polar plot of Fig. 8-10b. This
is a polar plot similar to the array factor plot except that the endfire lobes are slightly narrower,
and there is a pattern zero in the v = 0° direction caused by the element pattern.

F(6,9)
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8.5 DIRECTIVITY OF UNIFORMLY EXCITED, EQUALLY SPACED
LINEAR ARRAYS

The directivity of an antenna is solely determined by its radiation pattern in all space sur-
rounding the antenna. The techniques of the previous section for determining the pattern of
an array have prepared us to develop, in this section, exact and approximate formulas for the
directivity of uniformly excited, equally spaced linear arrays (UE, ESLA). As expected,
array gain equals array directivity multiplied by the array radiation efficiency. To derive
directivity expressions, we use D = 47/Qy, first finding the beam solid angle as

mf/ (0, 6)d /|gae¢|v< )P de (8-62)

where g,(0, ¢) and f(6) are the normalized element pattern and linear array factor and
dQ) =sin0dido.

We begin by assuming the elements are equally spaced, uniformly excited, and iso-
tropic. This assumption leads to approximate results for situations where the element
pattern is much broader than the array factor and the main beams of both are aligned. The
appropriate array factor from (8-22) is

2

2 sin(Nv/2) -
7= Nsin(¢/2) (8-63)
1 2 &
=5 + N7 Z:l (N —m) cosmy (8-64)

where (8-64) is another form for (8-63). This identity can be shown to be true for N = 2 since
from (8-64), |f (¥))|* = 1 + L cost) = cos?(1/2) as in (8-9). With the simple expression in
(8-64), it is easier to perform the integration in (8-62) in terms of the variable . Using
8a(0,9) = 1,9 = Bd cos 0 + «, and sin 0df = —(1/3d)d) in (8-62) gives

27 T —fd+a
on = [ "o [(ro)Psing an—2a [ v<w>|2( M)dw

2 Bd+a

Substituting (8-64) in the above yields

2,/_{_ Bd+o 2 N—1 Bd+a
Qu = / ay+— N—m / cosmyy d
A Bd [N J —pd+a v N? mZ::l ( ) —Bd+a v &

B 2 _1 w Bd+a NZ: sm mw Bd+o
pd _N —Bd+a N =1 m | _gita
o | 2 HN- ,

= ﬁ_z —(28d) + el Z n [sinm(Bd + o) — sinm(—Fd + «)]

L m=1

47T

= N Z 72 cos ma sin mf3d (8-66)

where (D-6) was used in the last step.
The directivity is now found from its basic definition of D = 47/Q4 with (8-66) as
[H.8.2: Ma. p. 23].
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2

Nsin(6/2)
D= N1 UE, ESLA of istropic elements ~ (8-67)
L, 2 iN—ms,n sdcos
—+-=5 ) ——=si
N N2 G m ma

The numerator of this expression is the pattern normalization factor from (8-39), which is
required to normalize the pattern to unity peak in the visible region in cases where an
additional phase of § beyond that for ordinary endfire is used; see (8-37). The formula
applies for any number of elements N, any spacing d, and any interelement phasing «, but
is restricted to isotropic elements. Fig. 8-16 plots this formula for various numbers of
elements as a function of element spacing for the broadside case with a and é zero. Tai
[1] presented a family of such plots. All of the directivity curves fall off steeply as the
spacing approaches one wavelength. This effect is due to the emergence of grating lobes
in the visible region. See Fig. 8-3 as an example where full grating lobes are visible for
one-wavelength spacing. Eq. (8-67) reduces to a simple result for elements spaced a
multiple of a half-wavelength apart:

A
D =N  for isotropic elements and d = ny (8-68)

These values can be located on the graph in Fig. 8-16 for the broadside case, but (8-68)
applies for any scan angle.

It is obvious from Fig. 8-16 that maximum directivity is achieved with a broadside UE,
ESLA for a spacing of just under a wavelength, with the peak directivity becoming closer
to a wavelength for larger numbers of elements. Arrays are often designed to have an
element spacing near a wavelength to keep the number of elements as low as possible to
limit the cost and complexity of the antenna and associated feed network. A simple
formula for the directivity of a broadside array of uniformly excited isotropic elements
follows directly from the uniform line source case in (5-19):

L Nd
D~ 2; = 27 broadside, UELA (8-69)

where we used the array length of L = Nd. This straight line approximation, shown in
Fig. 8-16 for the case of 10 elements, is an excellent fit to the exact result up to almost
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Figure 8-16 Directivity as a function
| of element spacing for a broadside
P A T array of isotropic elements for several
0 0.5 1.0 L5 2.0 element numbers N computed using

i (8-67).
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Figure 8-17 Comparison of direc-
tivities for two 10-element equally
spaced, uniformly excited endfire
arrays: ordinary endfire (dotted
curve) and Hansen—Woodyard

/ endfire (solid curve) calculated

0 ! ! ! ! ! ! ! ! ! using (8-67). Also shown are
straight line approximations using
/A (8-70) and (8-71).

Directivity (D)

one-wavelength spacing. Note that (8-69) is exact for d = 1/2 because it equals N, as it
should be based on (8-68).

The directivity of endfire arrays has trends similar to broadside arrays as illustrated by
the graph in Fig. 8-17 which shows directivity versus element spacing for the case of 10
isotropic elements. Plotted are curves for both ordinary endfire and Hansen-Woodyard
cases with phases given by (8-36b) and (8-38b), respectively. The results, again computed
using (8-67), show that directivity increases with increasing element spacing until
d = A/2 is approached when a grating lobe begins to appear in the endfire direction
opposite the main beam. Line-source theory results in (5-20) lead to the approximation

L Nd
D=4 7= 4 7

This straight-line approximation shown in Fig. 8-17 for 10 elements is an excellent fit.
There also is a straight-line approximate formula for the Hansen-Woodyard endfire case:

ordinary endfire, UELA (8-70)

D~ 7.2% = 7.2N7d Hansen-Woodyard endfire, UELA (8-71)
Constant values other than 7.2 can be found in the literature. But because the Hansen-
Woodyard directivity curve does not follow a straight line as closely as does the ordinary
endfire directivity curve, any linear fit would not be as accurate as the ordinary endfire
straight line approximation in (8-70), which is within a few percent of the exact result. It
is obvious from the Fig. 8-17 that more directivity is achieved with the Hansen-Woodyard
array than with an ordinary endfire array of the same number of elements. In fact, the
increase based on the ratio of (8-71) to (8-70) is 7.2/4 = 1.82 = 2.6 dB. As an example,
consider five-element endfire arrays similar to those in Examples 8-3 and 8-4. Exact
directivity values for the ordinary and Hansen-Woodyard endfire cases from (8-67) are
5.88 and 9.41, respectively, while approximations (8-70) and (8-71) give 6.0 and 10.8.
The higher directivity associated with the Hansen-Woodyard array is due to the
increased progressive phase (i.e., 6 > 0), which causes the peak of the main beam peak to
move into the invisible region and narrows the visible main beam, reducing the beam solid
angle and increasing directivity. It should be noted that the Hansen-Woodyard endfire array
provides the highest directivity in most cases but not all. For spacings of isotropic elements
much below a half-wavelength, the directivity can be increased somewhat by increasing
the phase shift per element over that called for with Hansen-Woodyard operation. [2]
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Figure 8-18 Variation of directivity with scan angle for five-element uniformly excited arrays
of various element spacings. The elements are isotropic. Values were calculated using (8-67).

If the uniform excitation constraint is relaxed, it turns out that only a slight increase in
directivity is possible, unless spacing is under a half-wavelength is permitted. [1] Non-
uniformly excited arrays are discussed more fully in the next section.

Broadside and endfire represent the extreme beam scan directions. Fig. 8-18 plots
directivity values at all scan angles for a uniform amplitude, five-element linear array of
isotropic elements for various spacings. The d = 0.5 1 curve is a straight line equal to 5,
which comes from (8-68), and demonstrates that directivity is independent of scan angle
for d = ni/2. The beamwidths calculated using (8-34) and (8-35) for broadside and
endfire are 20.3° and 68.2°, respectively. While the beamwidth is much narrower for the
broadside case, the pattern is an omnidirectional doughnut pattern in three dimensions
(see Fig. 3-16 for a similar pattern). At endfire, there are two opposing broad, unidi-
rectional beams as shown in Fig. 8-10d. It turns out that the beam solid angles, 2, for the
two vastly different patterns are the same, giving the same directivity. For the four cases
shown in Fig. 8-18, the largest directivity in the broadside direction of 8, = 90° is for the
widest spacing of d = 0.6 1. As seen from Fig. 8-16, directivity continues to rise for
spacings up to almost d =0.91 in the N =5 case. Fig. 8-18 shows that directivity
remains constant over a wide range of scan angles around broadside; this will be
explained in Sec. 8.9. The greatest directivity in the endfire scan cases (6, = 0°, 180°)
occurs for the largest spacing that satisfies the single main beam criterion of (8-36a),
which is d = 0.45/ as noted in Example 8-3. For the four cases considered, the largest
spacing satisfying this single endfire beam condition is 0.44 and, thus, has the greatest
directivity at endfire as can be noted from Fig. 8-18.

There are only a few expressions available similar to (8-67) for the directivity of arrays
with real elements (i.e., not isotropic) and directivity is usually found by integration using
(2-142) in (2-144). The often-used formula that holds for uniformly excited linear arrays
with elements that can be isotropic, collinear short dipoles, or parallel short dipoles is
sin(N§/2 |
Nsin(6/2)

D= (8-72)

o Nl
;lv_o + N ; mﬂ‘;n (a1 sin mBd + a; cos mBd) cos ma

where ay,a;, and a, are given in Table 8-1 for the element types. [3, 4] This formula
reduces to (8-67) for isotropic elements. Directivity-versus-spacing plots based on this
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Table 8-1 Parameters for Use in Computing the Directivity of Uniform Current Amplitude,
Equally Spaced Linear Arrays; see (8-67)

Element Type 2.(6,0)* ay a a
Isotropic 1 1 1 0
2 2 -2
Collinear short dipoles (Fig. 8-12) sin? § - —
e 3 (mpd)  mbd
Parallel short dipoles (Fig. 8-14) 1 — sin® Acos? ¢ in’ 2 ! !
. 8- — sin“ fcos = sin = - —
T3 (mBd)> mpd

formula are similar to Fig. 8-16 but the directivity values will, of course, be somewhat
larger; see [1] for such plots. As an example, (8-72) yields D = 12.2 for an array of 10
collinear short dipoles spaced 0.6 4 apart, whereas the same array but with isotropic
elements has D = 11.9 from (8-67) or Fig. 8-16. In general, the directivity of long arrays
(L> 1) is primarily controlled by the array factor if the element pattern has low
directivity and its major lobe is aligned with that of the array factor. In such cases,
formulas based on isotropic elements like (8-69) to (8-71) can be used. Returning to the
10-element array of collinear short dipoles spaced 0.6 4 apart, (8-69) gives D = 12, which
is close to the exact value of D = 12.2.

The optimum (i.e., maximum directivity) array in most cases has uniform element
amplitudes and linear phase shifts. For spacings under 1/2, the Hansen-Woodyard endfire
array is close to optimum. Above A/2 spacings, uniform amplitude, in-phase excitations
are close to maximum with the spacing for peak directivity just under a wavelength and
closer to a wavelength for larger numbers of elements. More is said on this topic in the
next section.

There are several ways to estimate directivity for the purpose of quick approximate
calculation. An approximate directivity formula for a UE, ESLA based on half-power
beamwidth can be derived by substituting (5-19) into (5-12), giving

1.77 101.5°
~ ——rad =
HP HPg,

(8-73)

For example, an ES, UELA of 10, half-wave spaced isotropic elements has HPg., = 20.3°
and (8-73) gives D = 5, which happens to be exactly correct from (8-68). For the example
of 10 collinear short dipoles spaced 0.6/ apart, the beamwidth is 8.44° and then (8-73)
gives 12.0 which is close to the correct value of 12.2. The formula also can be used with
any omnidirectional antenna, but the following formula is more appropriate [5]:

101.5°

" HPge — 0.0027 HP,,

(8-74)

For example, a half-wave dipole which has a beamwidth of 78°, so (8-74) yields 1.65,
which is close to the correct value of 1.64. The example of 10 collinear short dipoles
spaced 0.6/ apart with a beamwidth of 8.44° has D = 12.3 from (8-74), and the correct
value is 12.2.

The following simple formula can be found in the literature:

D~ DeD,' (8-75)

where D = directivity of the array, D, = directivity of one element in the array, and
D; = directivity of the array with isotropic elements (i.e., directivity of the array factor).
Application of this approximation is primarily to broadside, single main beam pattern
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Figure 8-19 Array directivity is the ratio of the maximum radiation intensity of the array
compared to that for an isotropic element with the same input power. (a) Reference isotropic
antenna. (b) Array with the same total input power divided equally among the elements.

antennas (that is, grating lobes would not be accounted for). This formula is often presented
without restriction, but, in fact, it must be used with caution, especially for linear antennas.
[6] An alternate form of this formula that also can be found in the literature is D ~ D,N.
This form assumes the directivity of the array of isotropic elements equals the number of
elements, D; = N, which is only true for spacings equal to multiples of a half-wavelength
(and for uniform current amplitudes), thus ignoring the effect spacing has on pattern and
directivity. As an example, (8-75) applied to 10 collinear short dipoles spaced a half
wavelength apart gives D = D,N = 1.5 - 10 = 15, which is way above the correct answer
of 10.3. The directivity by (8-75) for 10 collinear half-wave dipoles spaced 0.754 apart is
D =D,D; =1.64-14.5 = 23.8, which again is much higher than the correct result
obtained by integration of D = 15.2. On the other hand, (8-73) and (8-74) applied to this
array, which has a pattern with HP = 6.8°, give good results with directivity values of 14.9
and D = 15.2, respectively.

It is important to note that array directivity represents the increase in the radiation
intensity in the direction of maximum radiation over that of a single element. Consider a
single isotropic element and an array of N equally excited isotopic elements as shown in
Fig. 8-19. The input power to the array is assumed to divide equally among the array
elements, so the element powers are 1/N of the input power and the element currents are
1/+/N of the input current. The radiation intensity U, for the isotropic element is pro-
portional to its input power, which in turn is proportional to the input current squared 2.
The maximum radiation intensity Up,x of the array in Fig. 8-19b is a factor of D greater
than that for a single isotropic element with the same input power.

8.6 NONUNIFORMLY EXCITED, EQUALLY SPACED LINEAR ARRAYS

We have seen that the main beam of an endfire array can be narrowed by changing the
phase from that which is required for the ordinary endfire case. We can also shape
the beam and control the level of the side lobes by adjusting the current amplitudes in an
array. General synthesis procedures for achieving a specified pattern are presented in
Chap. 10. In this section, a few simple techniques for controlling side lobe levels and
beamwidth are introduced. Several examples are given that reveal the relationship
between the array current distribution and the radiation pattern. The directivity for arrays
with nonuniform excitation are also examined.

The array factor of (8-7) can be written as a polynomial in terms of Z = /¥’ as follows:

N—-1 N—1
AF =Y A =% "4,2" (8-76)
n=0 n=0

where the current amplitudes A, are real and can be different for each n. It is a simple
matter to investigate element current distributions using a computer to perform the array
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factor summation. We present the results of several such calculations. The influence of the
element current amplitudes will become apparent because we use the same five-element,
broadside linear array with a half-wavelength element spacing throughout this section.
The pattern of a uniform array with all current amplitudes equal is plotted in linear,
polar form in Fig. 8-20a, and the element currents are shown in Fig. 8-21a. If the element

180° 180°

(a) Uniform. (b) Triangular.

D =3.66
HP =30.3°
SLL = — dB

5 1.00

|

180°

(c¢) Binomial. (d) Dolph-Chebyshev, —20 dB SLL.

D=423
HP =26.4°
SLL =-30dB

75 1.00

180°

(e) Dolph-Chebyshev, -30 dB SLL.

Figure 8-20 Patterns of several uniform phase (6, = 90°), equally spaced (d = 1/2) five-element linear
arrays with various amplitude distributions. The currents are plotted in Fig. 8-21. (@) Uniform currents,
1:1:1:1:1. (b) Triangular current amplitude distribution, 1:2:3:2:1. (¢) Binomial current amplitude distri-
bution, 1:4:6:4:1. (d) Dolph—Chebyshev current amplitude distribution, 1:1.61:1.94:1.61:1, for a side lobe
level of —20 dB. See Example 8-5. (e) Dolph—Chebyshev current amplitude distribution,
1:2.41:3.14:2.41:1, with a side lobe level of —30 dB.
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Figure 8-21 Current distributions corresponding to the patterns of Fig. 8-20. The current
phases are zero (o = 0). Currents are normalized to unity at the array center.

current amplitudes form a triangle as shown in Fig. 8-21b, the radiation pattern of
Fig. 8-20b results. Notice that the side lobes are considerably smaller than those of the
uniformly illuminated array, but at the expense of increased beamwidth. This increased
beamwidth (20.8-26.0°) is responsible for reduced directivity (from 5 to 4.26).

The side lobe reduction introduced by the triangular amplitude taper suggests that
perhaps an amplitude distribution exists such that all side lobes are completely elimi-
nated. Indeed, this is possible if the ratios of the currents are equal to the coefficients of
the binomial series. To see how this comes about, first consider a two-element array with
equal amplitudes and spacing d. The array factor from (8-76) is AF = 1 + ¢/* and can be
written in terms of z = e/¥ as

AF=1+Z (8-77)

If the spacing for this broadside array is less than, or at most equal to, a half-wavelength,
the array factor will have no side lobes (see Fig. 3-16). Now consider an array formed by
taking the product of two array factors of this type:

AF=(1+2)(14+2)=1+2Z2+7° (8-78)

This corresponds to a three-element array with the current amplitudes in the ratio 1:2: 1.
Since this array is simply the square of one that had no side lobes, the three-element array
also has no side lobes. This process can also be viewed as arraying of two of the two-
element arrays such that the centers of each subarray are spaced d apart. This leads to a
coincidence of two elements in the middle of the total array, thus giving a current of 2.
The total array factor is the product of the “element pattern,” which is a two-element
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subarray pattern, and the array factor that is again a two-element, equal amplitude array.
Thus, the total array factor is the square of one subarray pattern. Continuing this process
for an N element array, we obtain

AF = (14 2)M! (8-79)

which is a binomial series; see (F-4). For N = 5,

AF = (1+2)" =1+44Z+67% +42° + 7* (8-80)

Therefore, the ratios of the current amplitudes are 1:4:6:4: 1. This current distribution
is shown in Fig. 8-21¢ and the resulting pattern is shown in Fig. 8-20c. This pattern is
broader than either the uniform or triangular distribution cases and has a lower directivity,
but it has no side lobes.

From these five-element array examples, a trend is apparent: As the current amplitude
is tapered more from the center to the edge of an array, the side lobes decrease and the
beamwidth of the main beam increases. Many applications where interference/jamming
concerns are important require low side lobes, but at the cost of reduced directivity due to
the increased beamwidth. The tradeoff between beamwidth and side lobe level is a
principle encountered frequently in antenna design that applies to both arrays and con-
tinuous distributions, and to slices containing the normal to two-dimensional apertures as
well. An example is line sources with uniform and cosine tapered currents shown in
Figs. 5-5a and 5-8a. The peak side lobe levels of the tapered distribution are 9.7 dB lower
(23—13.3) than the uniform case, but with a beamwidth that is a factor of 1.34 wider
(1.19/0.886), based on the data in Table 5-2.

The beamwidth/side lobe level tradeoff can be optimized. In other words, it is possible
to determine the element current amplitudes such that the beamwidth is minimum for a
specified side lobe level, or conversely to specify the beamwidth and obtain the lowest
possible side lobe level. This array is referred to as a Dolph—Chebyshev array and it
provides a pattern with all side lobes of the same level. The Dolph—Chebyshev array
synthesis procedure is explained in detail in Sec. 10.4.1. For a five-element array with an
element spacing of a half-wavelength and a specified side lobe level of —20dB, the
Dolph—Chebyshev current distribution is plotted in Fig. 8-21d and the corresponding
pattern is shown in Fig. 8-20d. If the side lobe level for the Dolph—Chebyshev array is
specified to be —30 dB, the distribution is that of Fig. 8-21e and the corresponding pattern
is shown in Fig. 8-20e. Note that the main beam is slightly broader than in the previous
case where the side lobe level was 10 dB higher.

The discussion of nonuniformly excited arrays thus far was for amplitudes that are
tapered toward the ends of the linear array. If the amplitude distribution becomes larger at
the ends of the array (called an inverse taper), we expect the opposite effect; that is, the
side lobe level increases and the beamwidth decreases. Suppose, for example, that we
invert the triangular distribution such that the amplitudes are 3:2:1:2: 3. The resulting
pattern shown in Fig. 8-22 demonstrates the expected decrease in beamwidth and increase
in side lobe level. Although the directivity for the inverse triangular tapered current is
greater than that for the triangular taper of Fib. 8-20b, it is still not as large as that
produced by the uniform distribution.

The directivity values were given for each of the examples in this section. We close
this section by developing the directivity expression. With little additional complexity, we
expand the treatment to include unequal element spacings as well as nonuniform exci-
tation. The element positions along the z-axis are z, and the element current amplitudes
are A,. If the element phases are linear with distance, then «,, = —f3z, cos 0,,, where 6, is
the angle of the pattern maximum; the applications of this type of phasing are discussed
in Sec. 8.9.1. The array factor of (8-53) is then appropriate and when normalized is
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(a) The array factor. (b) The current distribution, 3:2:1:2:3.

Figure 8-22 The inverse triangular tapered, five-element linear array with d = /2 and
6, =90°.

N—1 . .
Z A,,e Jjan g JBzn cos O

£(0) = "=— (8-81)
> An
n=0

The appropriate beam solid angle expression is

Q=27 / If(0)*sin 6 db
0

) N—1 N—1 ) T
=3 S Ao / e/Hem=zp)eoshsin 9 g (8-82)
<Z Ak> m=0 p= 0
k=0
Evaluating the integral in the above expression and applying the result to D = 47/Q4
yields
N=1  \?
(5)
k=0
_ . (8-83)
A : sin[B(zm — 2p)]
Z Z AmA ej((lm*ap)ip
m=0 p=0 r ﬂ(zm - ZP)
where a,, = —fz, cos 6, and the elements can have any positions z,, and current ampli-
tudes A,. This general result simplifies for a broadside, equally spaced array to
N=1 \?
(5)
k=0
— o, = O, n — nd 8-84
TN sinl(m—p)fd] : (854
Z Z AmAﬁid
m=0 p=0 (m - p)ﬁ

As another special cases, when the spacings are a multiple of a half-wavelength, (8-83)
reduces to
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e (8-85)

Note that this is independent of scan angle 6,, as indicated in Fig. 8-18 for d = 1/2. Also,
if the amplitudes are uniform, (8-85) yields D = N as given by (8-68). For a further
example, consider the triangular excitation with the pattern of Fig. 8-20b. The directivity
value from (8-85) is [2(1)+ 2(2) +3)*/[2(1)* +2(2)* + (3)*] = 4.26. Eq. (8-85) is a
very instructive formula because it shows that directivity is a measure of the coherent
radiation from the linear array. The numerator is proportional to the square of the fotal
coherent field, whereas the denominator is proportional to the sum of the squares of the
field from each of the elements.

There is no closed-form expression for directivity that includes element pattern effects
in an array with weighted excitations that is analogous to (8-72), which is for uniformly
illuminated linear arrays of simple element types. Instead directivity is found by inte-
grating the pattern to find Q4 and using D = 47/$,4. This is a relatively easy task with a
math applications computer package.

Directivity can be increased without limit through close element spacings with extreme
amplitude and phase changes across the array. As mentioned in Sec. 5.5, there are penalties
with using superdirective antennas and they are not practical except for modest increases
in directivity over that achieved with uniform excitation. For equally spaced, collinear
arrays of half-wave dipoles that can have nonuniform amplitude excitations, the maximum
directivity is only slightly larger than for uniform excitation up to a spacing of 0.7 Z and is
nearly identical to it for greater spacings. Hansen [H.8.11: Hansen] provides more details
on superdirective arrays and superdirectivity in general.

8.7 MUTUAL COUPLING IN ARRAYS

Arrays so far have been treated as having non interacting elements and as being perfectly
matched in impedance to the feed network. This allows the following further assumptions:
(i) The element terminal currents are proportional to their incident signals, (ii) The relative
current distributions across each element are identical (although they can be of different
levels proportional to the excitations), and (iii) Pattern multiplication is valid. As might
be expected, in a real array the elements interact with each other which alters the currents
(and thus impedances). This interaction, called mutual coupling, changes the current
magnitude, phase, and distribution on each element from their free-space values. As a
consequence, the total array pattern is altered from the no-coupling case. In this section, we
discuss the effects of mutual coupling on impedance and pattern, followed by methods to
evaluate array element impedance and the array pattern in the presence of mutual coupling.

First, we present names and definitions for several terms used in the field of array
antennas mainly following the classic work by Hannan [8], but other names appear in the
literature for the same quantities. A passive array uses a single generator® followed by
power dividers and phase adjustment devices. An active array has a separate generator at
each element, which is the most common array model. The input impedance of an ele-
ment that has been removed from the array and is isolated from all objects is called
isolated element impedance or simply antenna impedance. Of course, the practical case is
a fully active array with all elements excited to produce the desired beam shape, scan
angle, and so on. The impedance of an element in its array environment with all elements

2 Arrays are usually described for the transmit case, but the results apply to receiving arrays as well.
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active is referred to as the active impedance, driving impedance or simply input impedance.’
The active impedance for the elements will vary with position in the array and the excitations,
including phasing for scan. Active impedance is difficult to measure because of the
requirement for the array to be fully active, although simulations can be made for these
conditions. In practice, element impedance behavior is characterized by exciting the
one element and passively terminating all others, typically with nominal generator
impedance or a reference load such as 50€2. This is often called passive impedance. In
most situations, passive impedance closely approximates active impedance because the
coupling environment is identical and the terminating impedance conditions are nearly
identical. Thus, it is more common to use the term active impedance in place of passive
impedance and we will adopt this approach. To distinguish cases of fully active arrays,
we use the term ‘“‘active impedance in a fully active array.”

8.7.1 Impedance Effects of Mutual Coupling

The three mechanisms responsible for mutual coupling are illustrated in Fig. 8-23a. First
is direct space coupling between array elements. Second, indirect coupling can occur by
scattering from nearby objects such as a support tower. Third, the feed network that
interconnects elements in the array provides a path for coupling. In many practical arrays,
feed network coupling can be minimized through proper impedance matching at each
element. This permits each element in the array to be modeled with independent gen-
erators as in Fig. 8-23b, where the mth element has an applied generator voltage and
terminal impedance given by V& and Z&. The voltage and current at the element term-
inals, V,, and I,,,, include all coupling effects. An array of N elements is then treated as an
N port network using conventional circuit analysis, giving

e A

1] AL g M)

| Feed network

9

(a) Mechanisms for coupling between elements of an array.

Vm
‘m Im
Vi . .
Figure 8-23 Mutual coupling in
(b) Model for mth element in an array. a fully excited array antenna.

3 Some authors have used the term scan impedance in place of active impedance.
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Vi=Zul +Zph + -+ Zixly

Vo =Zi Iy + 2ol + - - - + Zondy
(8-86)

Vv = Zinly +ZonD + - - - + Znnly

where V,, and [, are the impressed current and voltage in the nth element, and Z,, is the
self-impedance of the nth element when all other elements are open-circuited. The mutual
impedance Zn, (= Zym by reciprocity) between the two terminal pairs of elements m and
n is the open circuit voltage produced at the first terminal pair divided by the current
supplied to the second when all other terminals are open-circuited; that is,

Vin
Zim = —2 (8-87)

I lizo  for all i excepti=n

For example, Z;, = Z,; = V,/I; with port 2 open circuited.

Mutual impedance is, in general, difficult to compute or measure. However, wide
availability of commercial simulation codes based on moment methods discussed
in Chap. 14 have made the evaluation of mutual impedance values for wire antennas
relatively easy. Before showing simulation results, we discuss how mutual impedance
between two antennas is measured, and the results are easily generalized for the deter-
mination of mutual impedance between any two elements of an arbitrary array, Zy,.
An antenna when isolated in free space with voltage V| and current /; has an input
impedance of

Vv
Zi :I—l single isolated element (8-88)
1

If a second antenna is brought into proximity with the first, then radiation from the first
antenna induces currents on the second, which in turn radiates and also influences the
current on the first antenna. The second antenna can either be excited or unexcited (par-
asitic), but in any case it has terminal current /. Then the total voltage at the first antenna is

Vi=2Zul +Zph (8-89)
Similarly, the voltage at the terminals of the second antenna is expressed by
V2 = Zz][] + Z2212 (8-90)

Note that (8-86) is a generalization of (8-89) and (8-90).
Now suppose the second antenna has a load impedance Z5 across its terminals
(V5 = 0) such that V, = —Z35I,. We can write (8-90) as

— Zglz =Znl +Znl, (8-91)

Solving for I, and using Z,; = Z;,, we obtain

—Znl —Zil
L= 21 1g _ 12 1g (8-92)
In+7Z5; Zp+Z
Substituting this into (8-89) and dividing by /;, we find that
14 Zn)’
Aozi=7 - (Z12) (8-93)
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o Zi—Zn Ip—Zp[—o
'% > ﬁ
12 . .
Z Z Figure 8-24 Network representation of the
o I o coupling between two antennas.

This expresses the input impedance in terms of the two self-impedances (Z;; and Z,), the
mutual impedance Z;,, and the load Z§ at the unexcited terminals of antenna 2.

The above discussion suggests the equivalent circuit of Fig. 8-24 for the coupling
between two resonant antennas. For a single isolated antenna (i.e., antenna 2 very far
away), Z;p =0, and (8-93) gives the input impedance equal to the self-impedance,
Z) = Z;;. If antenna 2 is open-circuited, then Z§ = oo and (8-93) gives Z; = Z,. = Z;;.
Open circuiting implies that the current all along antenna 2 is reduced to zero. This occurs
for antennas such as half-wave dipoles, where resonant behavior is eliminated by open
circuiting. In other antennas (such as full-wave dipoles), even with an open circuit there
will be current induced on the antenna. In this case, the second antenna should be
removed.

The general procedure for determining mutual impedance from open-circuit and short-
circuit measurements involves the following steps. [H.6: Hansen, Vol. II, pp. 157-160]:

1. Open circuit (or remove) antenna 2. Measure Z,. = Z;; at the terminals to antenna
1. For identical antennas, Z,, = Z;;.

2. Short circuit antenna 2. Measure Z. at the terminals to antenna 1.

3. Compute Z;,, using

Z12 = Zoc(Zoc - Zsc) (8—94)
This follows from (8-93) with Z§ =0.

The proper sign must be chosen with (8-94). This is aided by examining variations
with spacing in the limit of small spacing and maintaining continuity through zero
crossings [9]. Good agreement between simulations are experimental results based on this
method is reported in [9].

Mutual impedance is computed by placing a generator on the input of one antenna,
finding the voltage appearing at the input terminals of the second antenna, and then taking
the ratio of the voltage to the current. Results of simulations using a moment method code
based on principles in Chap. 14 for two free-space resonated half-wave dipoles that are
oriented parallel to each other as a function of separation distance is plotted in Fig. 8-25.
Similar results are presented in Fig. 8-26 for dipoles that are collinear. The mutual
impedance values decrease with increasing separation distance in both dipole orientation
cases. The general trends for mutual coupling in arrays are as follows [H.6: Rudge et al.,
Vol. 11, Sec. 10.3]:

a. The magnitude of mutual impedance decreases with spacing distance d, in many
cases decaying as 1/d* [H.8.2: Hansen, “Phased Array Antennas,” 2nd ed., p. 225].

b. The far field pattern is an indicator of coupling between elements, although the
coupling mechanism is a near-field, not far-field, effect. Coupling is proportional to
the element pattern level in the array plane (or surface). And, elements with a
narrow pattern will have lower coupling than a elements with a broad beam.

c. Elements with polarizations (i.e., electric field orientations) that are parallel couple
more than when collinear.

d. Larger elements have smaller coupling.
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Figure 8-25 The mutual impedance between two resonant parallel dipoles as a function of
their spacing relative to a wavelength. (a) The real part. (b) The imaginary part.
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Figure 8-26 The mutual impedance between two resonant collinear parallel dipoles as a function of their
spacing relative to a wavelength. (a) The real part. (b) The imaginary part.

Figs. 8-25 and 8-26 demonstrate these trends. Trend (a) is clear, and trends (b) and (c) are
evident when comparing the parallel and collinear dipole results.

A second way to quantify coupled arrays in addition to the mutual impedance
approach is to use the scattering parameter method that is commonly used in radio-
frequency circuit analysis. For an N-element array, the scattering approach consists of
incident voltage wave with an N X 1 column matrix [a] and reflected voltage wave N x 1
column matrix [b] that are related by an N x N square scattering matrix [S] through the
matrix equation [b] = [S][a]. The voltage wave matrix and scattering matrix entries (called
scattering parameters or scattering coefficients) are complex valued, and carry magnitude
and phase information. The scattering parameter S,,, is the ratio of the output voltage
wave amplitude at port m (b,,) due to the input voltage wave amplitude at port n (ay,)
with all other ports not excited. The scattering parameters are popular because they relate
directly to measurements, and network analyzers output the values. The scattering matrix
diagonal entries are the reflection coefficients at each port, so

(8-95)
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Just as with the impedance matrix, the scattering matrix is symmetric for a reciprocal
device and Sy, = Smn. The off-diagonal entries represent the coupling between ports. So
the coupling between ports m and n in dB, Cyy, is

Cn = 2010g |Sn| ~ [dB] (8-96)

The scattering matrix entries can be found from the impedance matrix entries, Zy,. For
element one of a two-element array with all connecting transmission lines of charac-
teristic impedance Z,:

Zi — Zo)(Zon + Z,) — Z2
5, = G =2l 1 2,) ~ 2y (8-97)
(Zn+2,)(Znn+ 2,) — Zt,

27,712
Zn+2,)(Zn+Z,) - 7%

Sa=1 (8-98)

We can perform some simple reality checks on these equations. For no mutual coupling
(Z12=0), (8-97) gives S11 =Ty = (Z11 — Z,)/(Z11 + Z,), which is the conventional one-
port reflection coefficient formula. Also, for no mutual coupling (8-98) yields Sj, = 0, as
should be the case.

To illustrate how mutual coupling values are used to calculate coupling, consider the
two-element array of parallel half-wave dipoles with a spacing of 0.6 4. Fig. 8-25 gives
Z1p = —23 — j17) and using a matched condition with Z;; = Z, = 70(2, (8-98) in (8-96)
yields a coupling level of C;; = —13.7dB. As we indicated earlier, coupling levels
vary widely as dipole spacing and orientation are changed. Microstrip elements on a
common substrate have coupling levels that decrease monotonically from —15 to —40 dB
as element spacing is increased from about 0.5 to 1.5/ in the H-plane and from —20
to —30dB in the E-plane. [H.8.4: Bancroft, p. 175] Prob. 8.7-4 addresses mutual
impedance calculation using simulations.

The input impedance of an element in the array can now be computed using the mutual
impedance values. For the mth element, the input impedance is found using (8-86) as

I 1
+ Zm2 _2 + -+ ZmN _N (8'99)

Zl = ml 7
n ml Im Im Im

Vm Il
In

This is the input impedance in the presence of all elements; i.e., the active impedance in a
fully excited array. All coupling effects are included via the mutual impedances
found from numerical simulations or from measurements using (8-94). The formula
clearly shows the dependence of the input impedance on not only the mutual impedances,
but also on the terminal currents of each element. Of practical significance is that input
impedance is affected by the phase of the terminal currents as it is adjusted to phase-
scan the pattern. Thus, the input impedance of all elements in an array will change
with scan angle.

8.7.2 Array Pattern Evaluation Including Mutual Coupling

In addition to the element impedances, mutual coupling influences the radiation properties
of an array as will be discussed in this section. Complete analysis using simulations or
measuring the parameters of each embedded element antenna can be used for full char-
acterization of the array, but this is tedious and rarely done. Instead, approximate techni-
ques for including mutual coupling effects are employed, as we will present. Arrays can be
modeled using all mutual impedances explicitly, or by absorbing coupling effects into the
currents (isolated-element pattern approach) or into the element pattern (active-element
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pattern approach), which is the approach we take here. [H.6: Hansen, Vol. II, Chap. 3;
H.8.2: Mailloux, 2nd ed., Sec. 2.1].

In the isolated-element pattern approach, all coupling effects in the total array pattern
are accounted for in the excitations:

N
Fun(6,0) = &i(0,0) Y _ Lne’™" (8-100)
m=1

where &, is the total phase contribution (usually referenced to the center of the array) due
to spatial phase delay. It is the classical array pattern approach of Sec. 8.4 consisting of
the product of an isolated-element pattern g;(0, @) and an array factor. Without coupling
effects, the currents {I,} vary in proportion to the excitation voltages. Coupling effects
are included using the simple circuit model of the mth element in Fig. 8-23b:

Vi

Iy ==
m Z’gn + Zm

(8-101)

This is called “free excitation” because the element terminal voltage will change with scan
angle. Instead of a constant-voltage feed, itis a constant-incident (available) power feed as is
the case in Fig. 8-19. For an infinite array of identical elements in a uniform grid where all
elements have same coupling, each element “sees” the same environment and the active
impedances are identical, so that all {Z,, } equal Z,. Then the currents are proportional to the
voltages across the element terminals:

VE
Iy=—" "V, (8-102)
78 + 7,

This situation applies to large, equally spaced arrays. It must be pointed out that the
common implementation of (8-100) for finite arrays uses the approximation of (8-102),
thereby ignoring terminal current variations due to mutual coupling and only including
generator voltage variations. It is difficult to obtain accurate current information so that
(8-100) can be evaluated, and the active-element pattern method is usually employed; this
method is discussed next.

In the active-element pattern approach, all coupling effects are accounted for through
the active element. The active-element pattern gl (0, $) is obtained by exciting only the
nth element and loading all other elements with the generator impedance Z8. The active-
element pattern arises from direct radiation from the nth element combined with fields
reradiated from the other elements, which in turn receive their power through spatial
coupling from the element n. The array pattern in this formulation is

N
Fun(0,6) =) & (6 ¢)L,e™ (8-103)
n=1

Here, the currents {I,} are proportional to excitation voltages {V,} as in (8-102). All
mutual coupling effects are incorporated into the active-element patterns g7, (6, ¢), which
depend on the element characteristics and the array geometry. To represent the possibility
of gain variations, the active-element pattern levels are relative to a reference element
near the center of the array.

It would be tedious to measure active-element patterns for each element in an array.
Fortunately, this is usually not necessary. For a large array of identical elements in an
equally spaced array, each element sees the same environment of nearest neighbors,
except for the edge elements. The appropriate approximation is to factor (8-103) using an
average active-element pattern, g,.(0, ®), which is the normalized pattern for a typical
central element in the array:
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N
Fun(g, <Z>) = gae(e, <Z>) Zlnejfn (8-104)

n=1

The advantage of this approach is that the summation in this equation is the array factor
based on simple theory without mutual coupling. All coupling effects are contained in the
average active-element pattern, which is found by a single pattern measurement of a
central element in a large array.

The normalized form of (8-104) gives the important approximate result:

F(@, ¢) = gae(e’ (b)f(e’ ¢) (8'105)

where
gac(0, @) = average active-element pattern
f(0,¢) = array factor
F(6, ¢) = array pattern

This is of the same form as the pattern multiplication formula of (8-54), but mutual
coupling effects are included. This approximation is widely used in practice. The average
active-element pattern also plays an important role in array construction. The pattern of a
single active element surrounded by several passively terminated elements is measured
and evaluated before the fully active large array is built and tested. If the active-element
pattern is not well formed, the full array will not be either. It has been shown that the
active input impedance can be obtained from the active-element pattern data. [10]

The isolated-element pattern will differ from the active-element patterns of the
elements in the array. But, for a sufficiently large array, the average-element pattern is
representative of the majority of the active-element patterns in the array. How large an
array has to be before (8-105) can be applied is an important question that is addressed
through guidelines and examples. As array size becomes large (ideally, an infinite number
of elements), the active-element patterns for the individual elements converge toward
being identical and being equal to the average-active element pattern. Elements near the
edge of a finite array have patterns that deviate from the pattern of central elements,
which should be close to the average-element pattern. This is illustrated by the patterns in
Fig. 8-27 that shows the active element patterns for each element in an array of eight
microstrip patch antennas spaced 0.57 4 apart. The polar-dB patterns shown for selected
elements were measured for that element excited and all others match loaded. The pat-
terns for elements 2 through 7 (only pattern 5 is shown) are nearly identical and are
symmetric. The edge element patterns (1 and 8) are distorted due to the asymmetric array
environment and due to the finite ground plane edge effects. Note that most pattern
distortion is on the side away from the array. Similar results have been reported for
dipoles in front of a ground plane. [H.3: Milligan, Sec. 12.5; H.8.2: Haupt, Sec. 6.4] The
topic of a representative element pattern in a finite array is revisited in Sec. 8.9.1.

1 2 3

Figure 8-27 Measured active-element patterns for three elements, an interior element (5) and
the end elements (1 and 8), of a linear array of eight microstrip patch elements spaced 0.574
apart.
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The full array pattern is, of course, affected by mutual coupling within the array.
Arrays are modeled with voltage generator excitations based on a desired set of terminal
currents. In the absence of mutual coupling, the terminal currents are proportional to the
excitation voltages, (8-102) applies, and the desired pattern is realized. With coupling
present the pattern is distorted, but it often turns out that the terminal currents can deviate
rather far from the desired excitations and the pattern is not greatly affected. A linear
array of 12 half-wave spaced, parallel, half-wave dipoles with excitation voltages
designed to steer the beam 45° off broadside has a pattern in Fig. 14-27 (dashed curve)
that does not differ much from the ideal no-coupling excitation case (solid curve). The
beam is steered correctly as well. Although the element currents and impedances are not
close to the desired values (see Table 14-1), the integrating effect of the pattern tends to
smooth out the variations; also see [11]. In addition to pattern, the gain and polarization of
the total array pattern are affected by mutual coupling. Guidelines similar to those used
for impedance in Sec. 8.7.1 also apply to radiation from arrays.

Techniques are available to compensate for mutual coupling effects. Mutual coupling
does not change the current distribution on elements in the array but does change the
complex terminal currents. Compensation schemes essentially anticipate how the terminal
currents will be altered by mutual coupling and change the excitation voltages to produce
the desired currents. [H.3: Milligan, Sec. 3.11; 12] There are also physical means to
reduce mutual coupling directly such as inserting conducting baffles (i.e., fences) between
elements. [H.8.3: Haupt, Sec. 6.8].

8.8 MULTIDIMENSIONAL ARRAYS

Linear arrays have a number of limitations. For instance, they can be phase-scanned in
only a plane containing the line of the elements’ centers. The beamwidth in a plane
perpendicular to the line of element centers is determined by the element beamwidth in
that plane. This usually limits the realizable gain. Thus, multidimensional arrays are used
for applications requiring a pencil beam, high gain, or main beam scanning in any
direction. With advances in fabrication and integrated feed electronics, the costs of large
multidimensional arrays are affordable in many situations. Multidimensional arrays are
classified by three characteristics: The geometric shape of the surface on which the ele-
ment centers are located, the perimeter of the array, and the grid geometry of the element
centers. The surface on which elements are placed can be linear, circular, planar, etc. The
perimeter of planar arrays is usually circular, rectangular, or square in shape. Fig. 8-28
illustrates a planar array with a rectangular perimeter. The array grid (or lattice) can have
equal or unequal row and column spacings. A planar array with equal element spacings of
d, and d,, in the principal planes such as in Fig. 8-28 is referred to as having a rectangular
grid. If d, = d,, the grid is said to be square. A triangular grid is also widely used. When
the array conforms to a complicated surface such as the fuselage of an aircraft, the array is
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said to be conformal. In this section, we present techniques for analyzing arrays of arbi-
trary geometry as well as a few important special case geometries.

The pattern multiplication principles developed in Sec. 8.4 for linear arrays apply to
arrays of any geometry as long as the elements are similar. That is, if the elements are
identical and oriented in the same direction, the total array pattern is factorable as in
(8-105), which includes mutual coupling effects. This is the usual situation and permits us
to confine attention to the array factor f(6, ¢) when studying multidimensional arrays. In
this section, we develop the array factor for an arbitrary geometry.

The elements for an arbitrary three-dimensional array are located with position vectors
from the origin to the mnth element:

rtlnn = xinni+y:nny+zinni (8'106)
The array factor is then
N M o
AF(0,¢) = Z Zlmne](ﬂr'rmn*'“mn) (8-107)
n=1 m=1

which, when normalized, is f(6, ¢). This equation is general but is directly applicable to
the common situation of an array on a surface. The double summation is useful in
geometries that employ “rows” and “columns.” The phase term oy, is that portion of the
excitation current phase used to scan the main beam and is shown explicitly. A common
geometry for phased arrays is planar. The array factor for a planar array in the xy-plane, as
in Fig. 8-28, follows from (8-107) as

N M
AF(0,¢) = > " Inpe/me/tmn (8-108)
n=1 m=1
where
Emn = OF * Fhn = BIx,, sinf cos ¢ + ¥/ sin 6 sin ¢]
Omn = —B[x,, sinb, cos ¢, + ¥y, sin G, sin ¢,]

60,, », = main beam pointing direction

This formulation is a generalization of that for a linear array. Note that the z-axis is
normal to the plane of the array, whereas in our treatment of linear arrays the z-axis
is along the array. If all rows parallel to the x-axis, have the same current distribution, and
if all columns have identical current distributions, then the current is separable (e.g.,
Iy = Iimlyn) and (8-108) reduces to

M N
AF(0,¢) = Lime/5m -y " I pe/om (8-109)
m=1 n=1
where the phase of the current for beam steering is not shown explicitly and

En = Bx,,n sin 6 cos ¢ and Egn = ﬁy; sin @ sin ¢

This is a product of two linear array factors associated with the row and column current
distributions. The patterns in the principal planes (¢ = 0°,90° and called the cardinal
planes) are those of the corresponding linear arrays (row, column). Planar arrays normally
have separable current distributions, so linear array analysis can be applied directly to find
the principal plane patterns.

For planes off the principal planes, called the intercardinal planes, the pattern is the
product of the row and column linear array patterns if the current distribution is separable.
In the 45°-plane, the side lobes will be very low because they are a product of the side
lobe levels in the principal planes; Fig. 9-7 illustrates this point using a continuous planar
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aperture distribution. A technique for finding the pattern of a planar array in any cut-plane
is the projection method, or method of collapsed distributions, for finding the array factor.
The element locations are projected onto the cut-plane along with the current weighting
for the elements along the projection line. The projection line contains the elements in the
equivalent linear array. The weightings for coincident projections are added together. The
current distribution in the original array need not be separable and the grid need not be
regular. For an example of the projection method, a 4 x 4 planar array of elements
spaced 0.54 apart and uniformly excited has an equivalent array in the 45°-plane of
seven elements spaced 0.354/ apart with the following weightings: 1:2:3:4:3:2:1.
Prob. 8.8-5 shows that pattern of the projected linear array is identical to the planar array
pattern. See [H.3: Elliott, Sec. 6.10] for more examples. The method can be used for a
variety of geometries, such as finding the equivalent linear array for a circular array.

Planar arrays are used to create a highly directive beam, often with scan capability as
discussed in the next section. Here we present directivity calculation methods. First
consider a cell of an array, which is the area surrounding an element. The maximum
possible directivity for one cell based on (4-23) and using the physical area of a cell as the
maximum effective aperture, A¢y, is

47

Dwaxcen = PE — Acell (8-110)

This formula assumes radiation into the half-space on one side of the array face. It pro-
vides an upper bound on the directivity of one element embedded in an array. For a half-
wavelength spaced square-grid planar array, the cell area is Acen = dydy, = (1/2)(1/2) =
2 /4 and (8-110) yields Dyjaxcenn = 7. Finite arrays of dlpoles ina /2 x /2 square grid
and backed by a ground plane have a maximum element gain (see Sec. 8.9.1) somewhat
above or below the maximum cell area directivity from (8-110) of 3.14, depending on the
number of elements and ground plane distance. [13]. The directivity of a full array is found
from a similar formula using the physical area of the full array, A,:

4
DMaxArray = /I_ZAP = '/TDny (8-111)

which is also given in (9-67) for aperture antennas. The second part of this formula comes
from using A, = L.L, and introducing the directivities of uniform line sources in the x and
y directions of a planar array in the xy-plane from (5-19): D, = 2L, /A and D, = 2L, /A.

This formula also can be found based on (8-75) as Dwaxarmay = Max{D D;} =
DyaxcenN = (47/ 4 )ACenN (4m/ 22 )JA, where N is the total number of elements in the
array. Forman [14] gives the range of spacing values in a square grid array for which
(8-111) equals the correct directivity for a few element types, but the ranges are small
and (8-111) should used only as a guideline. In general, the directivity of planar arrays
increases with element spacing similar to that for linear arrays until grating lobes begin to
appear and directivity decreases. King and Wong [15] note this effect, and that directivity
becomes asymptotic to ND,, where D, is the directivity for actual element, for spacing
values around 14 depending on the element pattern. Formulas are available in the
literature [14] for calculating the directivity of planar arrays with simple element types,
although they tend to be complicated and have restrictions on their application. But such
formulas are useful for checking computer programs based on pattern integration to
find directivity. Forman found that (8-111) is close to the actual array directivity for an
element pattern of cos’ #; the following example demonstrates this.

EXAMPLE 8-8 Directivity of Planar Arrays

In this example, we examine the exact and approximate methods for calculating the directivity
of a square-grid (5 x 5) planar array in the xy-plane. The 25 elements have the pattern
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8a(0) = cos®? @ (for § < 90° and zero otherwise). We consider two approximate directivity
formulas. The first, which was mentioned in association with (8-75) for linear arrays, depends
only on the element type and not the spacing:

DApraxArray =ND,=25-4=100=20dB (8_1 ]2)

where the element directivity was obtained by pattern integration. The second approximation
is that of (8-111):

DMaxArray == 4—721.Ap == 4—7; (N,\dv)(]v}dy) == 47‘(’]\7é ﬁ (8-1 13)

i i A

First consider spacings of d = d, = d, = 0.5 A. The maximum directivity from (8-113)is 19 dB.
Evaluating the directivity by pattern integration gives 18.3 dB for isotropic elements and
18.98 dB for square-root cosine element patterns. Increasing the spacing to d = 0.8 4 increases
the directivity from (8-113) to 23 dB and the directivity by numerical integration to 21.6 and
22.4 dB for isotropic and square-root cosine element patterns, respectively. From these calcu-
lations we see that (8-112) is not reliable, and (8-113) and its general form (8-111) provide a
good upper bound directivity prediction for the square-root cosine element pattern array.

To produce radiation in only one hemisphere, arrays are often operated with a conducting
ground plane backing the elements. The same principle applies to the single element case
illustrated in Fig. 3-20. For example, a linear array backed by a ground plane can be analyzed
by removing the ground plane and introducing images of the elements, forming a planar
array; Probs. 8.8-2 and -3 are arrays of this type. The patterns of planar arrays can be found
using sequential linear array analysis if sufficient symmetry exists. One row is considered as
an “element” and its array pattern is multiplied by that of a column, considered as a linear
array; Prob. 8.8-4 is an example. Grids other than rectangular are used. The triangular grid
can offer similar pattern performance but requiring fewer elements; Prob. 8.8-6 compares a
square grid to a triangular one of the same array area.

There are many applications for non-planar arrays such as a conformal array that con-
forms to an aircraft surface, to the superstructure of a ship, or to the skin of missile. The
techniques used in this section can be used to find the radiation pattern for conformal arrays.

Directivity usually must be found by numerical integration. More examples and details
on analysis techniques are available in [H.8.2: Haupt, Chap. 5] and [H.8.2: Visser, Chap. 10].
An interesting array configuration is one that uses linearly polarized elements to produce
circularly polarized radiation. The planar array is made of 2 x 2 subarrays of four linearly
polarized elements with angular orientations of 0°, 90°, 180°, and 270°, and phased in the
same way. This array is preferred over one using circularly polarized elements because
circularly polarized elements require more complicated feed hardware, leading to more loss,
weight, and cost.

The largest antennas found in practice are arrays and are used to achieve high
directivity or narrow beamwidth. Arrays are preferred to a single large continuous
aperture antenna, such as a reflector, because of its large physical size and corresponding
weight, complexity, and cost. Radio astronomy applications have several very large arrays
in use or in the planning stages made up of thousands of elements and some have element
separations of many kilometers. There are also many radars employing arrays, as will be
discussed in the next section.

8.9 PHASED ARRAYS AND ARRAY FEEDING TECHNIQUES

It is often required that the antenna main beam pointing direction be varied with time,
which is referred to as scanning. Scanning can be accomplished mechanically or elec-
tronically. Mechanical scan is achieved by slewing the entire antenna, which can be any
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type of antenna but most often is a reflector antenna or a fixed-phase array. However,
mechanical scan requires a positioning system that can be large and costly, and
mechanical scan is often too slow. The alternative is to use a phased array, which is an
array whose phase (or time delay) at each element is controlled to steer the pattern in
angular space. Phased arrays offer the advantage of electronic-speed, inertia-less scanning
with the ability to track multiple targets (users) simultaneously. In general, the magnitude
and phases of elements can be controlled for low side lobes or to shape the main beam.
Phased arrays find applications in radar, sensing, and communications. In radar, targets
can be tracked to obtain their angular coordinates for surveillance. In communications,
the array radiation pattern can be adjusted for varying traffic conditions such as mobile
users changing location. In this section, we review electronic scanning principles along
with practical constraints. This is followed by the topics of feed networks and associated
enabling technologies, and operational phased arrays—past, present, and future.

8.9.1 Scan Principles

The simple formulas developed in Sec. 8.3.2 for calculating the linear phase taper across
an array required to steer the pattern main beam to a desired angle holds for all linear
arrays and is easily extended to other array geometries. The element phases are adjusted
to form a phase front that is planar and oriented to steer the main beam in a direction
normal to the formed planar wavefront.

The array factor for a linear array in (8-53) can be generalized to include element
phases with a linear portion {«;,} and a nonlinear portion {6, }, and to include arbitrarily
positioned elements:

N—1 N—1
AF(6) = Zlnejﬁn — ZAnej(anJrén)eJﬁn (8-114)
n=0 n=0

The spatial phase for the nth element located on the z-axis at z, is

&y = Bz cos O (8-115)

The current for the nth element has magnitude A, and phase «, + §,. The phases {«,}
vary linearly with position in the array and determine the main beam maximum dir-
ection from

a, = — 3z, cos b, (8-116)

and are referred to as linear phase, or uniform progressive phase. For an equally spaced
array, z, = nd and «, = na where o« = —d cos 6, as in (8-25). Nonlinear phases {6, }
can be used for pattern shaping (see Chap. 10).

As the pattern of an array is scanned off broadside, the main beam widens. This effect
is called beam broadening. We illustrate this for a linear array of five isotropic elements
spaced 0.41 apart. Fig. 8-29 shows a series of patterns for increasing off-broadside scan
angles. Notice the increase in the beamwidth of the main beam with scan off broadside.
The full pattern for this array is obtained by rotating the pattern about the z-axis. Two
examples of three-dimensional patterns are shown in Figs. 8-29b and 8-29f. As the main
beam is scanned away from broadside, the increase in beam solid angle of the main beam
is just about compensated for by the reduced solid angle of the total pattern (formed by
rotation of the pattern about the array axis). Thus, directivity of the array factor remains
relatively constant, with scan for spacings less than a half-wavelength and for scan angles
not close to endfire; see Fig. 8-18. For spacings slightly greater than a half-wavelength, a
grating lobe begins to appear for scan angles near endfire and the directivity decreases;
again, refer to Fig. 8-18. Since isotropic elements were assumed, these remarks apply to
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Figure 8-29 Example of phase-scanned patterns for a five-element linear array along the
z-axis with isotropic elements equally spaced at d = 0.4/ and with uniform current
magnitudes for various main beam pointing angles 6,.

array factors. When the element pattern effects are included for the case of a directive,
broadside element pattern, directivity will decrease with scan angle.

As we noted in Sec. 8.2, for half-wavelength spacings there is exactly one period of the
array factor in the visible region and no grating lobe will be visible, except for endfire
operation that produces two endfire beams. For spacings larger than a half-wavelength,
part or all of a grating lobe may be visible depending on scan angle. For one wavelength
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spacing or more, there will be visible grating lobes. When spacings of several wave-
lengths are used, many grating lobes are visible (see Fig. 8-3 for a simple example) and
the array is called an interferometer. Each major lobe has a narrow beamwidth but there
are many of them. Large element spacings, however, permit electrically large elements
with relatively narrow beamwidth patterns that act to decrease the size of the grating
lobes. In normal applications, grating lobes limit the performance of phased arrays and
are to be avoided. Grating lobe peaks will be not appear in the visible region if element
spacings are restricted as follows:

A
d< TT costy] to avoid grating lobes (8-117)

where 6, is the main beam pointing angle with respect to the line of the array corre-
sponding to the largest scan angle off broadside. This relation is derived by solving (8-27)
for the first grating lobe at 1) = 27, where # = 0°. For broadside operation, 6, = 90° and
(8-117) gives d < A. If scanning to endfire (6, = 0, 180°) is desired, then d < A/2. This
result is based on an omnidirectional element pattern in the plane of scan. Larger spacings
are permitted for directive element patterns since they diminish the effect of grating lobes.

The principles required of scanning multidimensional arrays were covered in the
previous section. The expression for determining the phases of the mnth elements
located at positions (x],, yi.., Zm,) Needed to steer the beam peak of the array factor to
the angle (6,,®,) is given in (8-108). For planar arrays, the orientation of the array that
provides the most convenient mathematical formulation is for element centers located
in the xy-plane. This makes the direction broadside to the array the z-direction, and then
the angle 6 is the angle off broadside. In contrast, for linear arrays we placed elements
along the z-axis, making 6 the angle relative to endfire, not broadside. In the remainder
of this chapter, the z-axis is normal to the array, and scan angle refers to the angle the
beam peak is scanned away from broadside.

The complete pattern of a phased array is found by multiplying the array factor by the
element pattern as in (8-54). The important subtlety in pattern multiplication is that while
the array factor scans with phase change the element pattern remains fixed. As a phased
array is steered, the peak of the total array pattern follows the element pattern shape.
Fig. 8-30 shows a linear array operated for a broadside beam and for scan to 30° off
broadside. The array is four 0.7-4 spaced elements that have uniform current magnitudes
and phases as required to steer the array factor. The element pattern (dashed curve), cos? 6,
is unaffected by the scan angle, which has several effects on the total array pattern (solid
curve). First, the peak of the main beam is reduced by the level of the element pattern at
the angle of interest. In this case, the scanned beam peak is reduced to 0.77, for a 2.3-dB
scan loss. Second, the beam peak direction does not go to the desired angle of 30°
off broadside. Instead, the actual scan angle is a few degrees less than desired. The final
effect on the scanned pattern is the altering of the whole pattern from the array factor
shape. But this distortion can actually be an improvement. In the example in Fig. 8-30b,
the side lobe at # = —50° is a remnant of a full grating lobe the array factor has at —68°. So
the element pattern acts to greatly reduce grating lobes in scanned patterns. These are
general trends in array scanning. Mutual coupling effects can be included for scanned
patterns using (8-105), where the mutual coupling effects are included in the average
active-element pattern. The array grid of planar arrays controls the grating lobes. The
scan performance of a rectangular-grid array behaves like the projected linear array in
the scan plane.

The pattern and the element impedances of phased arrays vary with scan angle because
the mutual coupling changes. The input impedance influence is evident in (8-99) because
as the phases of the currents {I,} are changed to scan the beam the summation of mutual
impedances weighted by the currents changes. The most serious effect is scan blindness,
which is manifested by a dramatic reduction in radiated power due to high reflection
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Figure 8-30 The total array pattern (solid curve) for a four-element linear array that has 0.7 4
spacings, uniform excitation magnitudes, and excitation phases for (a) broadside operation and
(b) scanned 30° off broadside. The element pattern (dashed curve) is cos?d. Note that the
element pattern remains stationary during scan.

when the array is scanned to a blindness angle. In the transmitting case, when the feed
network is configured to steer the beam to a blind scan angle there is power reflected back
into the transmitter, which can cause damage. If I',,(6,,¢,) is the active reflection
coefficient of the mth element in a fully excited phased array, the power delivered to that
element is

Pu(0o:@,) = Pinc[1 = Tn(6,,,)’] (8-118)

where (4-41) was used and P;,. is the incident power. From this we can find the gain of the
mth element operating in presence of the other elements [16], called an element-gain
pattern:
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Gig (0o, ¢,) = Gi(0o, 6,) [1 - \Fm(eo,ﬂéo)lz} (8-119)

where G;(6,, ¢,) is the gain pattern of an isolated element, that is, G; |F(6,¢)|*. It is a
realized gain because impedance mismatch effects due to mutual coupling are included,
although feed network impedance matches are not. It is proportional to the active element
pattern, so (8-119) is essentially an active element-gain pattern. In an infinite array, all
element patterns are identical. In a large array with small edge effects (to be discussed
shortly), the element-gain patterns of all elements except those near the edge are nearly
identical and an average element-gain pattern (developed similarly to the pattern
expression of (8-105)) can be used in (8-119) to give:

GG (0o, 8,) = Gi(0.8,) |1 — T (6,.0,) [ (8-120)

where I'(6,, ¢,) is the reflection coefficient of a central element in the array. Usually an
array is nearly matched at broadside, so I'(0,0) = 0, and impedance mismatch increases
with scan angle.

In an infinite array, a complete mismatch occurs at the blindness angle, if it exists,
when |I'(6,, ¢,)| = 1. Then (8-120) shows that the average element-gain pattern goes to
zero. In finite arrays, the blindness effect does not yield complete mismatch, but there can
still be significant mismatch in large arrays. Scan blindness is associated with surface
wave-like phenomena and usually occurs for spacing values less than a wavelength and at
a scan angle less than that for which grating lobes occur in (8-117), and thus is often the
factor limiting the scan range of a phased array. Scan blindness varies with the scan plane.
In planar arrays of dipoles mismatches are larger for scan in the E-plane than in the
H-plane. This is illustrated in Fig. 14-28, which plots the input impedance of a central
element in a planar array of dipoles as a function of scan angle. The real part of the input
impedance approaches zero in the E-plane, but not in the H-plane. In the E-plane, the
dipole creates an electric field component perpendicular to the ground plane that can set
up a surface wave, whereas in the H-plane the electric field from the dipole traveling
along the array face is parallel to the ground plane and is shorted out. For arrays printed
on a dielectric substrate, the blindness angle moves toward broadside as dielectric
thickness is increased. [13] If the feed network resides on a common dielectric substrate,
an additional blindness effect, called “feed blindness,” can occur which has behavior
opposite that of surface-wave blindness. The feed blindness scan angle moves toward
endfire rather than broadside as dielectric loading increases. [17] The best way to avoid
scan blindness effects is to use small element spacing, typically under a half-wavelength.
Blindness effects can also be reduced by using subarrays, which are clusters of neigh-
boring elements fed with the same excitation. [18] But subarraying introduces additional
grating lobes.

Reducing the mutual coupling will help reduce blindness effects. Adding conducting
fences between elements helps, as mentioned in Sec. 8.7.2. Placing elements in cavities has
been used to reduce surface waves and improve blindness. [19] For more details on scan
blindness and its mitigation see [H.6: Hansen, Vol. II]. Pozar [13] recommends using array
designs that limit the maximum scan angle to about 10° less than the scan blindness angle.

Techniques are available for analyzing infinite arrays that take advantage of the
unending periodicity. [H.6: Hansen, Vol. II, Chap. 3; Haupt: H.8.2, Sec. 6.5] An infinite
array with a regular grid presents the same operating environment to each element. So the
active element patterns, reflection coefficient, and input impedance for each element
are identical. The pattern of the full infinite array is in theory an impulse function (giving
infinite directivity) which traces out the element pattern as scan angle is varied. Infinite
array analysis is useful in determining element performance of the central elements of
a finite array of the same type. As with linear arrays discussed in Sec. 8.7.2, the patterns
of elements near the edge of an array differ from that for centrally located elements.
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As array size increases, the array pattern becomes more accurately predicted from the
pattern multiplication formula of (8-105) using the average active-element pattern and
array factor. The array size for which this formula is acceptable depends on the element
type, array geometry, and other factors. An experimental study with microstrip elements
found that a 7 x 7 array is sufficiently large. [20] For a planar array of half-wave spaced
printed dipoles, an array size of 19 x 19 was found to be large enough for the active
reflection coefficient to behave similar to being in an infinite array. [13] This is consistent
with the general guideline of 104 per side. [H.8.2: Mailloux, 2nd ed., p. 71].

Array size is usually driven by the requirements on resolution (width of the main
beam) or gain (directivity reduced by efficiencies), which is also affected by element
spacing. It is desirable to have wide element spacing (approaching a wavelength), which
reduces the number of elements and the associated costs for elements and the feed net-
work. However, the maximum scan angle limits how far apart elements can be in order to
avoid grating lobes as given by (8-117) and to avoid scan blindness.

8.9.2 Feed Networks and Array Technology

As mentioned in Sec. 8.1, phased arrays offer the unique advantages of electronic-speed
beam scanning without mechanical motion. Additional unique features are the capability
of tracking multiple targets (or users) that are in different directions, dynamic pattern
control, and graceful degradation as elements fail. In addition, beam nulls can be formed
to cancel jamming signals (or interference). Design for low radar cross section (see
Sec. 4.6) is possible by redirecting an enemy jamming signal away from the direction
back toward the threat. The many attractive features of arrays come with the penalty that
each element of an array must have a transmission path to the receiver (or transmitter). In
addition, a phased array requires hardware and software to control the phase of the
elements. The usual choice that is faced when deciding on a high-gain antenna is between
a reflector with a simple feed system but with a large steering mechanism and a phased
array with low-weight electronic scanning but a large feed network.

The possible array feed network architectures are shown in Fig. 8-31. The parallel and
series feeds follow directly from circuit concepts. The parallel feed shown in Fig. 8-31a is
the network form that we have assumed thus far and is the most common. It is also called
a corporate feed that looks like the organizational diagram of a corporation. It has the
desirable characteristic of equal line length to each element, making the network sym-
metric that helps with balancing mutual coupling effects. Most important, the signal
phase and amplitude to each element is naturally identical, as often used in practice. The
equal line lengths also make the network frequency independent, and thus wide band-
width. The series feed of Fig. 8-31b offers advantages of simple construction a compact
structure. A waveguide slot array is a popular series-fed array; example slots are shown in
Fig. 8-35b. A disadvantage of the series feed is that the common feed line attenuates the
signal to successive elements, causing loss and complicating the design. Series-fed arrays
offer the possibility of frequency scanning by changing frequency which changes the
electrical line length between elements, and thus the phase. One realization of a series
feed is the “serpentine” waveguide feed which is a waveguide bent into a serpentine
similar to the shape in Fig. 8-31/ with radiating elements, usually dipoles, with probes
tapped into the waveguide. Phase shifters can be inserted into the connecting series
transmission lines or in the individual element feed lines. A series feed introduces dis-
persion that distorts short pulses and limits bandwidth.

The preceding feeds are sometimes referred to as “constrained” feeds because of the
physical constraint of continuous connectivity from the feed to the elements. In contrast,
the space feed uses a primary antenna illuminating a separate unit (sometimes called an
“active lens”) consisting of pickup elements connected to a secondary radiating array
face, as illustrated in Fig. 8-31c¢ for the transmitting case. Typically only used for large
phased arrays, the space feed array takes advantage of the free space environment
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Figure 8-31 Types of array feed networks.

between the primary feed and the pickup array, leading to size, weight, and cost reduction
compared to a fully connected feed network. The amplitude distribution of the array is
determined by the primary feed pattern and the pickup array element placements. The
phase introduced by the different path lengths from the primary feed to each pickup
element is compensated for by the phase shifters on the radiating elements, which also are
used for beam scanning. Just as with a reflector antenna, there is spillover loss associated
with the primary feed power missing the pickup array. It is common to taper the
amplitude distribution across the secondary radiating array to reduce side lobes by
“thinning” the array by not connecting some elements. The elements are not removed but
are dummy loaded to present a regular impedance environment to the active elements.
This is called density tapering. The primary feed is often configured with a central feed
antenna, usually a horn, surrounded by two pairs of horns, one pair in each plane, for
producing difference patterns with a null on axis for direction finding in the vertical and
horizontal planes. A related feed method is the reflectarray, which has a primary feed
illuminating an array which receives, processes, and transmits a formed beam back in the
direction of the feed, appearing to reflect the signal. [H.6: Ant. Eng. Hdbk., 4th ed., Chap.
35] Scanning is possible by including phase shift functionality into the array.

The three feed architectures were illustrated as linear arrays, but the concept is easily
extended to multidimensional arrays. The corporate feed network will become very large
for arrays with many elements. The space feed is an alternative, but the hybrid feed of
Fig. 8-31d is more commonly used. It is shown as a parallel-series hybrid with the rows
fed in parallel and the columns series fed. By inserting phase shifters in the legs of the
parallel feed the pattern can be steered in the azimuth plane (left-right as shown).
The parallel-parallel hybrid feed facilitates the use of subarrays that have the same
amplitude and/or phase in each element of the subarray.

Physical construction of the feed network and its associated components behind the
array face is in one of two forms, brick or tile. [H.8.2: Mailloux, 2nd ed., p. 46] In brick
construction, the complete feed hardware modules for one element (or a few elements),
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often including the element itself and all in a monolithic or hybrid integrated circuit, is
placed perpendicular to the array face. A brick can be as small as a single module
connected to a single element. 7ile construction consists of several parallel layers with
each layer containing the same components performing the same function. For example,
there could be separate layers for the elements, phase shifters, and amplifiers. Tiles are
more compact than bricks but may have thermal management issues.

Beam scanning is implemented using one of the following methods. The term “phase
shifter” often includes any of these means for changing the phase. For more details see
[H.8.2: Mailloux, 2nd ed., Sec. 1.3], [H.6: Balanis, Ed., Chap. 25].

Phase shift — The use of phase shifter devices to adjust element phases for beam
scanning is the most popular method. Phase can be changed by altering the per-
meability using a ferrite phase shifter or by changing permittivity (dielectric con-
stant) such as with a ferroelectric phase shifter. Phase shifters are narrow band.

Time delay — Phase shift in time-delay devices is accomplished by adjusting line
length, usually by switching in various sections of transmission line.

Hybrid (usually phase-time delay) — Time-delay lines are generally larger than
conventional phase shifters, so in applications where time delay is required, time
delay and phase shift are combined. This will reduce the spreading of a pulse when
the beam is scanned compared to a phase-only feed. [21].

Frequency scanning — Phase is changed by changing frequency, which changes the
electrical length of the interconnecting lines and is used with series feeds. Fre-
quency scanned arrays are found in practice, mostly in radars rather than com-
munications where frequency is usually required to be fixed. An example of a
series-fed array is a waveguide with slots milled in one wall that act as radiating
elements.

Beam switching — Beam scanning could be accomplished by switching between
separate antennas pointed in different directions, but the system would be large and
complex. Instead, a beamforming network (BFN) is used to form multiple beams. A
BFN that forms N beams has N input ports, one for each beam. By addinga 1 x N
switch to the input, beams can be selected by controlling the switch.

Digital beamforming — Beamforming can be achieved in the digital domain by
sampling the RF signal at the element level and routing to a digital processor unit
for complex weighting (i.e., amplitude and phase control) and summing to form the
beam. Multiple simultaneous beams and adaptive features such as interference
rejection are possible as well.

Most phase-shifter technologies can be realized in digital as well as analog (allowing
adjustment to any phase value) form. An M-bit digital phase shifter provides phase
increments in multiples of 360/2" degrees. For example, a 3-bit phase shifter has phase
states of 0°, 45°, 90°, 135°, 180°, 225°, 270°, and 315°. These settings are the cumulative
phases of the three bits in series in all possible on/off states where the “off” states are 0°
and the “on” states are 45°, 90°, and 180°. Arrays in practice typically use from 3 to 7 bits
of phase shift. Quantization effects result from using the nearest digital phase state rather
than the exact phase, with the main issue being an increase in side lobes. [H.6: Rudge,
Vol. 2, Sec. 9.2.4] Similar high-side lobe problems develop when using subarrays with the
same phase supplied to all elements in the subarray. [H.8.2: Mailloux, 2nd ed., Sec. 7.3]
Also, digital phase shifters will place beams at discrete locations rather than directly
toward a user as is possible with analog phase steering. Hybrid use of both digital
and analog phase shifters may provide an optimum feed network. [H.6: Balanis, Ed.,
Sec. 25.5.3]

Delay line phase shifting can be realized by electromechanical adjustment of a “line
stretcher,” variable length transmission line. However, most time delay phase shifting is
done by switching in (or bypassing) fixed-length sections of line. The phase shift in time
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delay devices is proportional to frequency just as in a transmission line, leading to
wide bandwidth. The frequency proportionality follows from (8-116), where the phase
shift for the nth element of a linear array on the z-axis is o, = —(27/c)fnd cos 6,. A
delay line with this phase will give a beam peak in the direction 6, for all frequencies.
Time delay is preferred in pulse radar to preserve the pulse shape as the scan angle is
changed.

So far we have modeled arrays using unspecified phase shifters and will now discuss
how they are implemented. [H.8.2: Mailloux, 2nd ed., Sec. 1.3] Although intrinsically
analog, ferrite phase shifters are usually configured as digital phase shifters. Ferrite phase
shifters operate by changing the permeability of ferrite material that the wave propagates
through. They are often constructed in waveguide and can handle high power levels
needed in phased array radars. Due to their large size and weight, they are not often used
in space applications and large airborne systems. Diode phase shifters can also be analog
or digital. Analog diode phase shifters are realized with Schottky barrier or varactor
diodes. Digital diode phase shifters operate by using diodes (PIN, Gallium-Arsenide-
based devices, and others) to switch delay lines. Also, MEMS (micro-electromechanical
systems) switches are used to switch in fixed sections of line length to give the proper
number of bits of phase. In addition to the foregoing through-line devices, phase shifting
is also realized in devices configured for reflection from a shorted load. Ferroelectric
phase shifters operate by changing the material permittivity via an applied DC
voltage. When fully developed they will find wide acceptance because of their desirable
characteristics of low weight and low power draw due to being voltage actuated, unlike
MEMS-based units. Photonic technology is also employed in array feed networks. [H.8.2:
Hansen, 2nd ed., Sec. 6.4] Using open optical beams or fiber optic cables to distribute
signals reduces the size and weight of the network compared to conventional metallic
feeds. Immunity to RF interference is an added advantage. However, the required con-
verters between optical and RF frequencies are lossy and non-reciprocal.

Beamforming networks are constructed using conventional network techniques or
using quasi-optical lenses. [H.8.2: Hansen, 2nd ed., Chap. 10] Conventional constrained
networks can be as simple as a series of power dividers that include phase shifters if
scanning is required. For example, in Fig. 8-31a two-way power dividers are located at
the tee junctions, or one four-way power divider could be used. A power divider based
network, however, becomes excessively large for more than a moderate number of ele-
ments in the array. One of the most popular conventional-network BFNs is the Butler
matrix, which was introduced in 1961. [22] Compact Butler matrix units are available
commercially and find application in smart antennas to be discussed in Sec. 12.4. The
Butler matrix essentially performs a fast Fourier transform, radiating a set of beams that
are orthogonal so that the signals into one port only appear in the beam associated with
that port. A Butler matrix connects a 2" element array to » input ports that are inputs to
the beams. Fig. 8-32 shows a functional diagram of a four-beam Butler matrix.
Operation is illustrated for Beam 2 using the highlighted portion of Fig. 8-32. The signal
passes through two quadrature hybrid power dividers, denoted “H,” each with two input
ports on the bottom and two output ports on the top that have equal power outputs that are
in-phase (90° out of phase) from the same-side (opposite-side) input ports. Fixed phase
shifters of —45° are also used. The resulting outputs of the matrix have equal amplitude
and a progressive 45° interelement phase shift. The patterns are shown for half-wave-
length element spacing and a sin f element pattern (array along the z-axis). In the iso-
tropic element case, the direction of one beam peak is in the null direction for the other
beams, which is the orthogonality property. This is approximately true for the array of
Fig. 8-32. The beam peaks are 14.5° and 48.6° off broadside for the isotropic element
case and 13.5° and 41° for the sinf element pattern. The beam crossover points at
angles 0° and 30° off broadside are 3.7 dB below the beam peaks, which is the same for
the sin 0 element case, except the crossover level is lower at 30° off broadside. Higher-
order Butler matrix BFNs behave similarly: An 8 x 8 matrix for eight beams with a
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Figure 8-32 Functional diagram of a four-
beam Butler matrix beamformer. “H” repre-
sents a quadrature hybrid power divider; the
input ports are on the bottom, and the two
output ports on the top have equal power
outputs that are in-phase (90° out of phase)
with the same-side (opposite-side) input port.
The patterns shown are for half-wave spaced
elements with sin § patterns (array on the
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crossover level of —3.9dB. [H.8.3: Milligan, 2nd ed., p. 595] A BFN can be used in a
multiple beam array, taking advantage of the orthogonal beam property where simulta-
neous beams can be processed separately for multiple user (target) tracking or beams can
be combined and weighted for special beam shaping.

A second BFN is the Blass matrix, which uses transmission lines of the proper lengths
to produce time-delay phasing and directional couplers to produce multiple beams.
Although not as compact as the Butler matrix, it is inherently wideband. [H.8.2: Mailloux,
2nd ed., Sec. 8.1.3] Quasi-optical beamformers find use in applications calling for wide
bandwidth, where the Butler matrix falls short; however, they are generally bulky and
heavy. Here we mention two prominent examples, and a more detailed treatment is found
in [H.8.2: Hansen, 2nd ed., Sec. 10.2.2]. The Luneberg lens is a spherical dielectric
with relative permittivity that decreases from 2 at the center to unity at the surface. This
yields the unique property that an incident signal (implemented with a small horn
antenna) on the surface produces an output beam directly opposite. Multiple feeds produce
multiple radiated beams. Functioning in similar fashion to the Luneberg lens is the Rotman
lens, constructed with parallel plate waveguide, stripline, or microstrip media. Finally,
we mention parasitic beamforming, in which only a few elements in an array are active
while others are passive but have controlled loads. [H.9.1: Thiel and Smith] For example,
an active monopole with parasitic monopoles on each side can be beam-steered 180°
by switching between two parasitic monopole states of first having the left one shorted and
the right one open loaded, and second reversing these load conditions.

The most flexible array is a fully distributed array (also called an active aperture) in
which all RF functions (phase shift, up conversion, amplification in the transmit chain,
and low noise amplifier and down conversion in the receive chain) are present for each
element. This architecture is used in digital beamforming, which is the application of
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digital technology to array antenna technology.* A digital beamforming array consists of
array elements followed by transceivers that down convert and digitize signals that then
stream into a digital signal processor unit. This unit supplies amplitude and phase weights
to each element, which permits beam shaping, beam steering, multiple beamforming, and
adaptive beamforming (which is used in smart antennas, discussed in Sec. 12.4). These
features are possible because the digital signal processor unit has all array element output
information available, in contrast to a conventional analog beamformer that outputs a
weighted sum of the element signals.

Feed network construction usually employs the same technology as the element uses.
For example, microstrip elements are fed by microstrip feed lines, and horn or open-
ended waveguide elements are connected to waveguide phase shifters. For small arrays,
coaxial cables are often sufficient for the feed. Modern phased arrays make use of
transmit-receive (T/R) modules that provide full duplex (simultaneous transmit and
receive functions). The critical components in T/R modules are a low-noise amplifier on
receive and a power amplifier in the transmit path, both usually constructed in MMIC
(monolithic microwave integrated circuits). [H.8.2: Fourikis, Sec. 4.6] In digital beam-
formers, analog-to-digital converters are also included.

8.9.3 Operational Array Examples and the Future of Arrays

Radars made early use of arrays. The SCR-270 radar was a fixed-phase array in an 8 x 4
element configuration (horizontal X vertical) that was mechanically rotated in azimuth
and operated at about 110 MHz. One of SCR-270 radars detected the planes approaching
Hawaii in December 1941, but there was no military response, resulting in the attack on
Pearl Harbor. Prompted by military preparedness concerns, phased array development
programs started in the 1930s, resulting in the first phased array in 1937. Since that time
there have been many technology developments that expanded capability, improved
performance, and lowered cost, including RF electronics (transmit/receive active devi-
ces), feed network components (power dividers, phase shifters, etc.), signal processing
units, and antenna elements (discussed in the next section). Further history of phased
arrays can be found in [H.8.2: Visser, Chap. 2].

Now we consider some examples of operational arrays; more examples are found in
[H.8.2: Fourikis, Chap. 1]. Arrays are used for land, sea, air, and space applications. Here
we present two arrays in some detail. The first is a small flat-plate array, the AN PPS-18
radar, and the second is the large airborne AWACS phased array. The PPS-18 is mounted
with the array face vertical and rotated mechanically to locate moving personnel by
Doppler radar techniques. Azimuth angle is read off the mechanical positioner, and the
range in steps of 25m is determined out to 3km from radar return delay time. The
antenna consists of 256 bow-tie elements built up from 2 x 2 subarrays fed in parallel.
Fig. 8-33 shows the top of the substrate along the other halves of two elements on the
bottom of the substrate. The operating band is 9 to 9.5GHz (f, = 9.25GHz and
Ae = 3.24cm) so the element spacing of 2cm in both dimensions is d = 0.61 4., The
array area is A, =32 -32 = 1,024cm?. Using the stated beamwidth in both principal
planes of 6° in (4-57) gives Gypp = 26 00 /36 = 28.6dB, which compares to the
specified gain of 27 dB. From G = e,p(47/A7)A, in (9-78), the aperture efficiency is
found to be g, = 41%.

The Airborne Warning and Control System (AWACS) is an impressive example of an
airborne phased array that has been in operation since 1977. The antenna is inside a
rotating radome mounted on top of a U.S. Air Force E-3 (Boeing 707) airplane, shown
in Fig. 8-34a. The array is the waveguide slot array with over 4,000 slots shown in

* Sometimes feed networks that use digital phase shifters are also referred to as digital beamformers.



326 Chapter 8 Array Antennas

Other half of printed bow-ties are on bottom of substrate

[ PR
il
H R

auladiaclur

Feed
point —p =

Figure 8-33 The upper right quadrant of the AN/PPS-18 Doppler radar flat-plate array. The
full array has 256 bow-tie elements. The other half of the bow-tie elements (shown as dotted
for two) are on the bottom of the substrate.

Fig. 8-34b; slot arrays are discussed in the next section. It is a hybrid parallel-series array
of the type in Fig. 8-31d. The waveguides with series-fed slots go out in both horizontal
directions from the center feed. In the vertical direction, the 28 waveguides are fed in
parallel, each with a phase shifter for scanning in elevation. The entire array rotates 10
revolutions per minute for azimuth coverage. Side lobes below —40dB are needed to
distinguish low-flying aircraft targets from clutter as far as 400 km away.

In the field of antennas, the future is probably most promising for arrays. Array
technology is evolving toward integration of transmit/receive modules and associated
controllers, which, when affordable, enable many applications. Traditionally an antenna
has been treated as a stand-alone device, but antennas are evolving into subsystems. This
is especially true for digital arrays where, in fact, it is hard to even identify where the
antenna is because many of its functions are embedded in software and digital processing.
Arrays offer the opportunity for combining several separate functions in a single antenna
using a multifunctional antenna. For example, the many antennas protruding from a
vehicle will be replaced by one multifunctional array conforming to the surface of the
vehicle. A complete multifunctional antenna performs tasks of communications over
several bands and waveforms, as well as radar, sensing, and countermeasure tasks.
Antennas of the future will be fully distributed digital beamforming arrays that are
wideband covering more than 10: 1 bandwidth and will support multiple polarizations. To
make this possible, the enabling technologies must continue to develop by lowering the
size and cost of components. There is a need for fabricating feed hardware, including
several radiating elements, into a single transceiver-antenna element unit affordably. Also
needed are commercial products of ferroelectric phase shifters and of MEMS switches for
reconfigurable arrays. Photonic feed networks may find wider use also. As arrays develop
in this fashion, reflector antennas and complex analog arrays will give way to digital
beamforming arrays.
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(a) The Boeing 707 showing the radome containing the antenna.
(Courtesy of The Boeing Company. Used with permission.)

(b) The waveguide slot phased array antenna.
(Courtesy of Northrop Grumman Corporation. Used with permission.)

Figure 8-34 The AWACS surveillance system.

8.10 ELEMENTS FOR ARRAYS

Array elements are selected based on the application for the array. An array can be a
fixed-phase array, also called a flat-plate array, or a phased array. Fixed-phase arrays do
not have a means to adjust the phase to the elements and thus have a pattern that is fixed
in space. They are often used as replacements for reflector antennas and offer the
advantage of a thinner, more appealing appearance. Flat-plate arrays are used in many
parts of the world for reception of television programming via satellite or terrestrial
signals. Some military radars use flat-plate arrays that are mechanically steered in the
azimuth plane (i.e., parallel to the ground), such as in Fig. 8-33. Fixed-phase arrays also
permit the use of narrow beam elements of moderate gain such as helix, Yagi-Uda, and
horn antennas. These elements, of course, are not appropriate for use in a flat-plate array
because they are long, making the array a deep structure. Wide element spacing is
possible because grating lobe effects are minimized by the broadside-only operation and
the narrow element pattern. Widely spaced element arrays allow the use of fewer ele-
ments for lower weight and cost. They are often used in mechanical-tracking satellite
Earth terminals. As material costs decrease, flat-plate arrays will find more applications.
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Phased array elements must support the desired angular range of electronic scan. Most
importantly the element pattern needs to be wide enough to avoid significant gain loss
with scan angle; the scan loss effect is illustrated by example in Fig. 8-30. Secondly,
the element spacing should be small enough to avoid grating lobes as guided by the limit
in (8-117). Third, impedance match will vary with scan angle, and the array element
and array geometry should be selected to avoid scan blindness, which was discussed in
Sec. 8.9.1. These considerations generally lead to the guideline that increasing scan angle
requires closer element spacing. This, in turn, requires the elements to be smaller in size
in order to fit into a decreasing cell area for the grid. For wide bandwidth applications, to
be discussed in the next section, we will see that element spacing, and thus element size,
must be reduced as bandwidth is increased. Therefore, there is considerable emphasis on
using a compact element, at least in the dimensions of the array grid (x- and y-directions
for the planar array of Fig. 8-28). In the remaining dimension (z-direction for our planar
array example), the element can be large if the application permits. The depth of an
element may not be important for fixed antennas on land and sea platforms, where size
and weight are less important than for air and space vehicles. The requirement for a low
profile (i.e., shallow depth) will further limit the choices of element type. Before dis-
cussing specific element types, we review general goals for element performance; more
details on phased array specifications and evaluation are found in [H.6: Lo and Lee, Eds.,
Chap. 18].

For scanning in any plane, an element pattern that is rotationally symmetric
(i.e., balanced) is desired. This prompts the concept of an ideal element pattern. The
directivity expression in (8-110) indicates that one cell of a planar array in the xy-plane
has directivity proportional to its area, Acey. Directivity as a function of angle varies as
the projection of the cell area cos f viewed from angle 6 off broadside as reasoned by
Hannan [8]. This is similar to the element pattern for a linear current segment along the
z-axis, which is siné from (2-116) and is the projection factor for the length of the
segment viewed from angle 6. The corresponding field pattern for the cell area is cos'/2 6,
which is called the ideal element pattern as proposed by Wheeler [23]. The average active
element-gain pattern including impedance mismatch created by mutual coupling is given
by (8-120) as G;(6, $)[1 — |['(6, $)|*], which is the gain variation with angle of an element
with all other elements terminated in matched loads. The angular variation of the isolated
element-gain pattern (normalized pattern) is approximated as cos 8, which is the square of
the ideal element pattern to make it a power pattern. The maximum directivity of a cell
in the array in (8-110) extends to gain as a function of angle by including the
angular variation and impedance mismatch just mentioned, giving the ideal element-gain
pattern:

4
GEG, ideal (0, ¢) = /1—7; Acen [1 —|I'(0, ¢)|2} cos (8-121)

If the array is infinitely large, the element patterns will be identical and often well
approximated by (8-121). In finite arrays, of course, element patterns vary with location
in the array. But for sufficiently large finite arrays, the full array gain is often approxi-
mated by multiplying by the number of elements, as discussed in Sec. 8.8. An approx-
imation for the gain of the full array as a function of scan angle with all elements excited
adding in-phase in direction (6, ¢) is to assume that the equal power supplied to all N
elements adds, giving Gamay (0, ¢) =N Ggg,igeal (0, ¢). This does not include array
pattern effects, just gain variation with scan angle. It follows from the discussion in
Sec. 8.8 for directivity approximations and is discussed further in [H.6: Hansen, Vol. II,
p. 303].

A perfect element would be impedance matched for all angles (1 — |T'(6, ¢)|* = 1). The
peak gain at 6 = 0 in (8-121) of a planar array of half-spaced elements (d = d, = d,, =
4/2) would be Guaxgie = 47(4/2)? /72 = 7 =5dB. Thus, a perfect element has a
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Table 8-2 Elements for Array Antennas

Element Examples Advantages; Disadvantages

Dipole-based elements, backed by a ground plane

Dipole Fig. 3-20 Wide beam, simple structure;
Fig. 8-35a narrow band
Bow-tie Fig. 7-32 Wide beam, simple structure, broadband
Microstrip elements Sec. 11.2 Wide beam, low-profile; narrow
band in basic form
Slot elements Fig. 8-35b High-power applications;
Fig. 8-34b many are narrow band
Aperture elements
Open-ended Fig. 9-9 Compact, moderate bandwidth; bulky structure
waveguide
Horn antenna Fig. 9-11 Moderate bandwidth, fewer array elements;
limited scan due to wide spacing
Tapered slot antennas Fig. 8-35¢ Wide beam, broadband; not low-profile
and d
Low-profile, broadband Fig. 8-38 Broadband, low-profile
elements Sec. 8-11

unidirectional cos'/? @ pattern and 5dB gain.” As explained in Sec. 8.9.1, a wide beam
pattern such as cos!/2 @ is appropriate for wide-scanning phased arrays. Scanning such a
pattern 60° off broadside gives a gain loss of (cos!/?45° = 0.841) of only 1.5 dB. When
designing large arrays that are capable of wide scan angles off broadside, it is recom-
mended to select elements with wide beams and to perform tests with a small array before
proceeding to full-scale hardware. [H.8.2: Milligan, 2nd ed., p. 128] In general, the desired
element pattern depends on the array application. For fixed-beam arrays, a narrow-beam
element pattern together with wider element spacing will lead to fewer elements in the
array and lower cost.

Table 8-2 provides a list of commonly used array elements, along with references to
places in the book where example realizations of the element are found. All of the major
element categories have or will be discussed. The same is true for the subcategories,
except for a few. Also noted in the table for each element are the features that are
advantages or limitations. All the elements are suitable for fixed-phase arrays, but some
have limited use in phased arrays, as noted in the table. In the remainder of this section,
we comment on the listed elements. Elements for unidirectional beam arrays rather than
bidirectional beams are assumed.

Dipoles and their variations to improve bandwidth are very popular array elements
because of their wide beamwidth and easily matched input impedance, as well as their
simple structure. They are used both for fixed-phase, broadside beam operation and for
phased arrays capable of wide-angle scan off broadside. Dipoles, including drooping
dipoles, are usually backed by a ground plane to produce a unidirectional pattern.
Properties of dipoles in free space are given in Table 3-2 and in Sec. 6.1, where it was
noted that about 16% bandwidth can be obtained with a wire dipole. A half-wave dipole
backed by a ground plane a quarter-wavelength away produces a unidirectional as shown
in Fig. 3-20. An integrated balun and mechanical support attached to the ground plane
are shown in Fig. 6-40b. A printed form of the dipole with balun is shown in Fig. 8-35a.

5 Note that the directivity of the cos!/2 @ pattern from integration gives 6 dB because the classic formula of
(8-121) is approximate.
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(a) Printed dipole antenna. (b) Waveguide slot elements.
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(c) Linearly tapered slot antenna. (d) Exponentially tapered slot antenna.

Figure 8-35 Selected elements for array antennas.

The dipole is etched on to a printed circuit board together with a capacitively coupled
loop, microstrip feed line, and is capable of 40% bandwidth. [H.8.2: Mailloux, 2nd ed.,
p- 236] Often the printed dipole is an integral part of a transceiver module. By lowering
the ends of the dipole toward the ground plane, a drooping dipole is formed that can have
48% bandwidth. [H.8.2: Haupt, p. 271] Bandwidth can be increased to as high as 68%
[24] by expanding the printed dipole into a bow-tie antenna; see Fig. 7-32. A bow-tie
antenna array complete with feed network can be fabricated onto a single substrate as
illustrated in Fig. 8-33. Monopole elements based on counterpart dipoles are used for
fixed-phase endfire arrays and for phased arrays that scan off endfire.

Perhaps the best choice for a low-profile element is the microstrip antenna; see
Sec. 11.2. It is ideally suited for printed circuit construction and has a fractional wave-
length thickness. Its main disadvantage is that in its basic form, it has a bandwidth of only
a few percent. Microstrip arrays are discussed in Sec. 11.3.

Another low-profile element is a slot antenna, which is a narrow slot in a ground
plane as shown in Fig. 16-23. The slot is a complementary structure to the strip dipole of
Fig. 6-8, where the air is replaced by metal and the metal is replaced by air to form the
slot antenna. This complementary feature makes the strip dipole and slot antenna elec-
tromagnetic duals (see Sec. 3.4.1), so that the radiated electric and magnetic fields behave
the same with their roles reversed. That is, any plane containing the long axis is an
E-plane for the strip dipole but is the H-plane for the slot antenna. So, in Fig. 16-23, the
xz-plane is the E-plane, whereas if the slot were replaced by metal forming a strip dipole,
the yz-plane would be an E-plane. The patterns of a resonant half-wavelength slot in
a finite ground plane are shown in Fig. 16-26. Practical single slot antennas are backed by
a cavity to give a unidirectional pattern. Slot arrays are usually constructed with rect-
angular waveguides forming a waveguide slot array antenna as shown in Fig. 8-35b,
often fabricated by milling slots in the waveguide. The array is series fed, giving a
compact feed network. The slots are always designed to be resonant slots, but the array
itself can be a traveling-wave (or non-resonant) or standing-wave (or resonant) array,
which are terminated in a dummy load or a short, respectively. Traveling-wave arrays can
be frequency scanned, whereas standing-wave arrays are used for broadside beams. Slots
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are placed in the waveguide walls to interrupt the currents flowing in the walls, creating
an electric potential across the narrow dimension of the slot causing it to radiate. Thus,
the narrow wall of the slot determines the polarization; this was noted previously by it
being the E-plane. The location, orientation, and length of the slots all enter into the
design of a slot array, which can be complicated; see [H.6: Ant. Eng. Hdbk.,4thed., Chap. 9]
for design procedures. The slots can be longitudinal (i.e., parallel to the waveguide axis
as shown in A of Fig. 8-35b) in the waveguide broadwall, inclined (rotated) in the
broadwall (B of Fig. 8-35b), or inclined in the narrow wall (C of Fig. 8-35b)—also called
an edge slot. The amplitude of excitation of each slot in the array is determined by the
offset from the center axis for longitudinal slots and the amount of angular rotation for the
inclined slots. Excitation phase is determined by which side of the center axis the lon-
gitudinal slots are placed and the direction of rotation for inclined slots, as well as the slot
length. Waveguide slot arrays have good efficiency and are an excellent choice for high-
power applications, but usually are narrow band (less that 5%). An example is the AWACS
array of Fig. 8-35b, which is a traveling-wave array with 160 narrow wall slots in the
longest row.

Aperture elements such as horn antennas (see Sec. 9.4) are used only for limited scan
arrays with large element spacings that can accommodate the large aperture size of a
horn. An exception is an array of open-ended waveguides (see Sec. 9.2.2), which have
fractional wavelength dimensions. The open-ended waveguide radiator of Example 9-3 is
0.7 4 by 0.3 . Being waveguide based, the element has moderate bandwidth (40% or
more), but the physical structure can be large and heavy. Many types of directive elements
can be used in limited scan arrays such as Yagi-Uda, helix, and others.

The tapered slot antenna (TSA),6 also sometimes referred to as a notch antenna
(or flared notch antenna), produces a useful endfire pattern over a bandwidth of 10: 1 or
more. It has moderate gain (7 to 10 dB) and balanced E- and H-plane beamwidths, making
it a good array element candidate. [H.8.4: Lee and Chen, Chap. 9] There are several forms
the TSA can have, but the linearly tapered slot antenna (LTSA) of Fig. 8-35¢ and the
exponentially tapered slot antenna (ETSA) of Fig. 8-35d are two popular ones. They are
constructed by etching a slot into a metal film, usually on a low-¢, substrate. As a recent
antenna innovation, the full understanding of its operation is incomplete, but basic prin-
ciples are clear as we now discuss. The length L varies from about more than one wave-
length up to many wavelengths over the operating band. The low frequency limit is
determined by the slot width, W, which must be greater than 4, /2. The feed region dictates
the high-frequency limit. The TSA’s traveling-wave behavior is responsible for its broad
bandwidth. For operation near mid-band, the wave is bound in a transmission mode in the
small-gap slot region near the feed, and when the wave reaches a region where the slot has
widened to around a half-wavelength the power is converted to a radiation mode. TSAs are
often fed using a microstrip-to-slotline transition at the slot line input. The LTSA is similar
in geometry to the two-dimensional TEM (transverse electromagnetic) horn that is a planar
version of a waveguide horn like the one in Fig. 9-115. [H.8.2: Hansen, 2nd ed., p. 149]
However, TSAs function more like a frequency independent antenna instead of an aperture
antenna.

The LTSA has sides that expand linearly. With a flare angle ~ in the range of 15 to 20°,
it has nearly equal E- and H-plane beamwidths around 30°, even though the antenna is
larger in the E-plane (the plane of the paper is the E-plane in Fig. 8-35¢ and d). [25] The
ETSA has sides conforming to an exponentially flaring curve and is also called a Vivaldi
antenna, a name coined in 1979 [26].

When TSAs are used as elements in an array there are unexpected benefits associated
with the mutual coupling, which is explored further in the next section. The element
performs best with a smaller size than when used as a single antenna. [27] The length can

®The term slot in this context does not imply there is radiation through a slot as in Fig. 16-23.
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be reduced to under a wavelength and the width to under a half wavelength. This result
allows closely spaced elements, which makes wide bandwidth possible. An experimental
study of a dual-linearly polarized array (formed with orthogonal TSA element pairs) in a
9 x 8 grid demonstrated performance over a 5.9: 1 bandwidth. The element spacing (in
both planes of the planar array) varied from about 0.1 A, to 0.6 Ay over the band. [28]
Simulations with the array showed that scanning out to 45° in all scan planes is
achievable. [29] The high-frequency performance of TSA arrays is limited by narrow-
band resonances introduced by the mutual coupling, but they can be reduced by adding
plated-through vias. [28]

Additional elements are introduced in the next section that are low-profile as well as
being suitable for broadband arrays.

8.11 WIDEBAND PHASED ARRAYS

In Sec. 7.1 we defined a broadband antenna as one with a bandwidth of about 2:1 or
greater. Broadband behavior is more difficult to achieve with an array than with a single
element. In this section, we address arrays that operate over a significant bandwidth,
typically around 2 : 1 or more, and refer to such an array as a wideband array. The
distinction between the terms broadband and wideband are minimal, but it is common to
use wideband with arrays with large bandwidth, so we adopt that convention. In this
section, we first discuss fundamental principles for wideband array operation and then
present types of wideband arrays that are of low-profile geometry. Multiband antennas
that have multiple narrow operating bands spanning a wide frequency range are not
included in this section, but instead we address arrays that operate over a continuous
wide bandwidth. In some cases the array needs to support instantaneous bandwidth (see
Sec. 7.1) over the band, such as with an UWB application discussed in Sec. 7.10.

A conventional wideband array with a periodic grid requires elements that span the
same wide bandwidth. As discussed in Sec. 8.9.1, the element spacing d is limited by
the appearance of grating lobes and other effects such as blind spots with (8-117) being
the guideline. The spacing limit must be satisfied over the operating band and will
give the largest physical distance value at the lowest operating frequency, f;. Of course,
the maximum physical extent of the element, D, in a row or column of the array must not
exceed the spacing, so D < d. As an example, for a 50° scan angle off broadside
(A0 =50° 6, =40°), (8-117) gives d < 0.57 2 and then the maximum extent of the
element is D = 0.57 A. It turns out that this physical size limitation is usually more
difficult to satisfy than finding an element with sufficient bandwidth. The array band-
width limitation can be quantified using the graph in Fig. 8-36 which compares popular
broadband antennas used as elements in phased arrays. [30] The maximum lateral extent
(diameter) of the Archimedean and equiangular spirals is about D = 0.5 4, and for the
sinuous antenna is about D = 0.4 4, based on principles in Sec. 7.7. The Foursquare
antenna of Fig. 8-38, to be discussed, has a maximum lateral extent of D = 0.35 A;. The
minimum element spacing is obtained by equating to the element extent, d = D, which
corresponds to zero separation between elements edges. As frequency is increased from
the low end of the operating band where 4 = 4;, the spacing normalized by wavelength
increases as given by d/A = (d/A.)(f /f.), which is used to plot the straight lines in Fig.
8-36. For example, at f/f;, =2 the spiral antennas have a minimum spacing of
d/A=(d/2)(f/fr) = 0.5 -2 = 1. The maximum scan angle off broadside A6 found from
the grating lobe appearance limit of (8-117) is shown on the right ordinate of Fig. §-36. For
the preceding scan limit example, it is seen that A@ = 50° on the right ordinate corresponds
to d/A = 0.57 on the left ordinate. The plot is used to find candidate elements for an array
of a given bandwidth. We illustrate for an array with a 50% bandwidth, which is a ratio
bandwidth of B, = fy/f;, = 1.67. Drawing a vertical line from 1.67 on the ordinate
intersects the three curves at 0.58, 0.67, and 0.84 for the element types. The corresponding
maximum scan angles read from the right ordinate are 46°, 30°, and 11°. That is, the
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Figure 8-36 Minimum element spacing normalized to a wavelength versus normalized fre-
quency for various broadband element types based on the physical extent of the elements. The
right ordinate shows the maximum scan angle. (From [3] © 2000. Reprinted with permission
from Microwave Journal.)

Foursquare array can scan to 46° at the upper frequency while the spiral arrays can only
scan to 11° without a grating lobe appearing. Thus, we see that as the bandwidth
requirement is increased for an array, the more compact the element must be in addition to
covering the array bandwidth. For most applications, an extremely broadband element is
unnecessary. Having a compact element is usually the most important factor.

For broadside operation there is no bandwidth limitation due to array size or feed
network architecture. Of course, in all wideband arrays the element and feed network
components (phase shifters, power dividers, etc.) must be wideband. However, when a
phased array is scanned off broadside the main beam will steer to the intended scan angle
of 6, only at the center frequency f.. This effect is illustrated for simplicity with a linear
array along the z-axis. The phase shifters are selected to produce an array factor peak at
angle 6, at f,, and then the phase terms in (8-5) are zero, or 0 = 3.d cos 6, + a. When
frequency is changed to f, the peak shifts to angle 6, or 0 = 3d cos # + a. Solving these
two equations gives

6 =cos™! (J;C cos 00) (8-122)

This equation gives the angle for the peak of the beam of a linear array along the z-axis at
frequency f with the phase shifters set to give a beam peak at angle 6, at frequency f.. For
f =/, (8-122) gives § = 6, as expected. As frequency deviates more from the center
frequency, the beam peak direction correspondingly deviates (“squints”) more from the
desired pointing direction §,. The beam peak angle is closer to (farther from) broadside
compared to the center frequency direction for frequencies above (below) the center
frequency. Frequency dependent scan can be avoided by using time delay, as discussed in
Sec. 8.9.2. See [H.8.2: Mallioux, 2nd ed., p. 31] for more details on bandwidth effects on
phased arrays.
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Recent innovations in arrays have led to array architectures that avoid the compact
element size requirement of conventional uniform grid arrays, including reconfigurable
arrays, aperiodic-grid arrays, variable element size arrays, and tightly coupled arrays. A
reconfigurable array is altered dynamically to change its frequency band and, thus, does
not fit the topic of this section. Reconfigurable arrays, discussed in Sec. 12.5, are usually
implemented by activating switches internal to the elements to change their frequency
range, often with MEMS switches. An aperiodic-grid array (i.e., an unequally spaced
array) avoids the appearance of full grating lobes of a conventional periodic grid array
because grating lobe formation requires a periodic geometry. Aperiodic arrays are more
difficult to design because the mutual coupling environment is not repeatable across the
array, leading to varying element impedances and patterns.

A special type of aperiodic-grid array employing different size elements is called an
interlaced-element array, with one form being the wideband array with variable element
sizes (WAVES array). [31] An example of a basic unit used to make large WAVES arrays
shown in Fig. 8-37a consists of eight elements with two sizes of spiral antennas to cover
two octaves (4 : 1) of bandwidth. The small spirals have diameter Dg and the large spirals
have diameter D; which are twice as large as the small spirals (D, = 2Ds). The large
elements operate over the full band of two octaves of f to f2(= 2f;) and f> to fa(= 2f2).
The small elements are operational only over the upper octave from f; to f4. The patterns of
the large spiral are shown in Fig. 7-29. At the lowest operating frequency fj, the element
spacings in the principal directions are a half-wavelength, so § = S, = S, = 4;/2. At the
top of the first octave f> = 2f; the electrical spacing is S = 1,, which will lead to grating
lobes. At f, the small elements become operational, lowering the spacing between the
active elements to 4, /2. Increasing frequency further to fu = 2f, the spacing once again
becomes one wavelength, 44. The patterns for the array were computed using simple array
theory and were measured for an experimental model operating from 2.5 to 8 GHz. [31]
Representative patterns are shown in Fig. 8-37b and ¢ for the low end of the band at
2.5 GHz with the four large elements active where the spacing is a half wavelength, and for
the top end of the band at 10 GHz with all eight elements active where the spacing is one
wavelength. Note that the pattern for one-wavelength spacing is acceptable because the
element pattern of the spiral (see Fig. 7-29) diminishes the grating lobe effect, but smaller
spacings would be needed in low-side lobe or wide-angle scanning arrays. The WAVES
concept has been extended to at least three octaves of bandwidth (8: 1) by distorting the
large elements to make room for the smaller elements [32] or by using multiple layers of
radiating elements, one layer for each octave. [33]

A recent innovation in wideband phased arrays is the tightly coupled array. While
conventional array design seeks to reduce mutual coupling, it turns out that there are
advantages to tightly packed elements that have high coupling. The unexpected benefit is
that the bandwidth of an embedded element antenna is larger than when isolated. As with
any array, the factor limiting bandwidth is the ground plane. But the second surprise
benefit for tightly coupled arrays is that the elements can be placed close to the ground
plane, often under 1/10 at the lowest operating frequency of the array. A related concept
is that of a connected array, where the elements are conductively connected; examples are
connected dipoles joined at the ends [34] and tapered slot elements joined on the sides
[35]. The types of tightly coupled arrays are the Foursquare array, the current sheet array,
the fragmented array, and the long slot array.

Perhaps the first successful tightly coupled array was developed at Virginia Tech in the
1990s. [36] Related geometries for isolated elements have evolved, such as the Fourpoint
antenna shown in Fig. 12-7a which offers dual polarization and balanced patterns over
2.7:1 bandwidth (see Fig. 12-7b), covering common wireless bands in one compact
antenna, and is an excellent choice for base stations. [37] The Foursquare element has
four squares excited with a balanced feed for each opposing pair of squares, giving
simultaneous dual linear polarizations. A 2 x 2 illustrative array is shown in Fig. 8-38.
[38] The inactive squares can be thought of as sleeves for the active squares, thus
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(a) Geometry for an eight-element, two-octave
concept demonstration array.

calculated

...... measured

10.0 GHz

Figure 8-37 An eight-
element example wideband
array with variable element
sizes (WAVES array). (From
[31] © 1990. Reprinted with
(c) Pattern at 10 GHz with eight large elements active. permission from IET.)

widening bandwidth of an element as explained in Sec. 7.5. In an array, the neighboring
elements support current associated with radiation from an element through coupling
across the narrow gap between elements. [38] The original Foursquare arrays had a
bandwidth of about 2: 1. [38] The elements were about a quarter wavelength on each side
and a tenth wavelength above the ground plane at the low end of the band. Subsequent
research has shown 3.5:1 bandwidth is possible. [39]

The current sheet array (CSA), whose name comes from Wheeler’s current sheet [23],
is an array of electrically small collinear dipoles in each principal plane and backed by a
ground plane less than a tenth of a wavelength away at the low end of the band. The
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Figure 8-38 The Foursquare antenna used in a 2 x 2 tightly coupled array. [38]

largest element spacing is a half-wavelength at the high end of the band, just like the
Foursquare array. The element ends are joined with capacitors to increase coupling.
Experiments at Harris Corp. demonstrated a 9:1 bandwidth. [40] Additional details are
available in [H.8.2: Munk, Chap. 6] and [H.6: Balanis, Ed., Sec. 12.2].

The fragmented array is designed using a genetic algorithm routine to form pixilated
features. Bandwidths close to 10: 1 are possible with simple ground planes. [H.6: Balanis,
Ed., Sec. 12.4] The long slot array is a low-profile array of about /;/8 thickness and 4: 1
bandwidth with a ground plane. [41] Array bandwidth is usually limited by the presence of a
ground plane. Ground plane options include good conductors (i.e., metals), absorbing
materials, or artificial materials, or a combination of these. For conducting ground planes,
the conventional requirement of quarter-wavelength spacing away from the radiating ele-
ments limits the bandwidth to about 25% with conventional arrays. We have seen that tightly
coupled arrays with conducting ground planes are capable of much wider bandwidths, a
decade or so. Even greater bandwidths are possible by including absorbing materials such as
resistive sheets or ferrite materials, but the associated loss reduces the gain. Artificial
materials are artificial in the sense that they are not naturally occurring but are engineered
using common materials in textured structures to create special electromagnetic properties.
Such materials have origins in frequency selective surfaces that are constructed to pass
certain frequency bands and reflect others for use in reflector antenna and radome appli-
cations. An example is an artificial magnetic conductor (AMC), which is the dual of a PEC.
Anelectric antenna (such as a dipole) can be spaced arbitrarily close to a AMC ground plane.
Similarly, a magnetic antenna (such as a loop) can be spaced arbitrarily close to a PEC
ground plane. Close ground plane spacing enables antennas that are physically much thinner
at VHF frequencies (and below) than conventional quarter-wave ground plane spaced
antennas. See [H.6: Ant. Eng. Hdbk., 4th ed., Chap. 34] and [H.6: Balanis, Ed., Chap. 15] for
more details.

In closing, we mention that there are wideband arrays that cover multiple frequency
bands by using different types of elements for each band. In this shared-aperture array
approach, the elements of one frequency band are interleaved with elements of different
frequency bands. Such an array is often used to support multiple functions (communica-
tions, radar, sensing, position location, etc.) and thus is called multifunctional wideband
array.
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PROBLEMS

8.2-1 Consider an array of two elements spaced one wavelength apart with currents that are
equal in amplitude and 180° out-of-phase.

(a) Use the inspection method to rough sketch the polar plot of the array factor.

(b) Derive the exact array factor as a function of 6 if the elements are on the z-axis.

(c) For what angles of 6 is this array factor maximum?

(d) What is the expression for the normalized array factor |f(6)|?

(e) Show that (8-9) reduces to your answer in (d).
8.2-2 Use the techniques of Fig. 8-6 to obtain a polar plot of the array factor of the array given
in Prob. 8.2-1.
8.2-3 Use the techniques of Fig. 8-6 to obtain a polar plot of the array factor of a two-
element, one wavelength spaced array with equal amplitude and equal phase currents
(Example 8-1).
8.2-4 Usually, the interelement spacing of an array is about one-half wavelength. Spacings
much greater than this produce major lobes in undesired directions. To illustrate this point, use
the techniques of Fig. 8-6 to sketch the array factor for a two-element array with equal
amplitude, in-phase elements in polar form for the following spacings: (a) d = 31/4 and
(b) d = 2. Examples 3-2 and 8-1 and this problem show the effects of spacing on an array of
fixed excitation.
8.2-5 (a) Using the array factor for a two-element broadside array (o = 0) with equal current
amplitude point source elements, show that the directivity expression is

2
~ 1+ (sinBd)/Bd

Hint: Change from variable 6 to ¢ = (3d cos 6.

(b) Plot this expression as a function of d from zero to two wavelengths.

8.3-1 Prove that the array factor magnitude |f(¢)| for a uniformly excited, equally spaced
linear array is symmetric about i = 7.

8.3-2 Show that the array factor expressions (8-9) and (8-24) for a two-element uniformly
excited array are identical.

8.3-3 Drive (8-33)

8.3-4 The expression for the half-power beamwidth of the array factor for a broadside, uni-
formly excited, equally spaced, linear array can be approximated as

A
Nd

D

HP ~ k

for Nd > /. Determine k for N = 10 and 20, and compare to (8-34)

8.3-5 In this problem, the effect of phasings and spacings on a simple array are illustrated.
Consider an equally spaced five-element array with uniform current amplitudes. Sketch the
array factors for:
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(a) d = /2, broadside case (6, = 90°)

(b) d = A, broadside case

(¢) d = 22, broadside case

(d d=41/2, 6, =45°

(e) d=2/2, 6, =0° endfire case
The five plots can be obtained from one universal pattern plot as discussed in Sec. 8.3. For the last
two cases, determine the interelement phase shift o required to steer the main beam as specified.
8.3-6 Repeat Prob. 8.3-5 using a computer code.
8.3-7 Design a five-element uniformly excited, equally spaced linear array for:

(a) Main beam maximum at broadside

(b) Main beam maximum at 45° from broadside (6, = 45°)
In each case, select the element spacing and linear phasing such that the beamwidth is as small
as possible and also so that no part of a grating lobe appears in the visible region. Sketch the
polar plots of the patterns.
8.3-8 Design and plot the array factor for an ordinary endfire, five-element, uniformly excited
linear array with spacings d = 0.35/. Use 6, = 180° and find «.
8.3-9 Design a linear array of four isotropic elements for a single ordinary endfire beam using
the maximum spacing. Plot the polar pattern.
8.3-10 Design a linear array of five isotropic elements for Hansen—Woodyard increased
directivity with d = 0.351. Plot the polar pattern. (Note the differences in the results from
Example 8-4.)
8.3-11 Design a linear array of 10 isotropic elements for Hansen—Woodyard increased
directivity with d = 0.4/. Plot the polar pattern.
8.3-12 Show that the array factor for a uniformly excited, equally spaced linear array
approaches the pattern factor of a uniform line source (i.e., neglect the element factor) in the
limit of small array element spacings.
8.3-13 Derive the pattern normalization factor used in (8-39). Consider both endfire directions
(i.e., 8, = 0 and 180°).
8.4-1 Two collinear half-wave dipoles are spaced a half-wavelength apart (but not quite
touching) and have the same amplitude and phase terminal currents. Calculate and plot the
element pattern, array factor, and array pattern.
8.4-2 Repeat Prob. 8.4-1 for one-wavelength spacing.
8.4-3 Two parallel half-wave dipoles are spaced a one wavelength apart and have the same
amplitude and phase terminal currents. Calculate and plot the full array pattern in the two
principal planes.
8.4-4 A linear array of three quarter-wavelength-long, vertical monopoles is operated against
an infinite, perfectly conducting ground plane. Let the element feeds be along the z-axis, the
ground plane in the yz-plane, and the monopoles in the x-direction.

(a) Design the array as a Hansen—Woodyard increased directivity endfire array; that is,

determine the element spacings and phasings (choose d = 0.31).
(b) Use the universal array factor plot for three uniformly excited elements to obtain a polar
plot of the array factor for this problem.

(c) Write the expression for the complete pattern.

(d) Plot the complete far-field patterns in the xz-plane and yz-plane.
8.4-5 Three collinear half-wave dipoles are spaced 0.9 4 apart and have the same amplitude
and phase terminal currents. (a) Use the graphical techniques of Sec. 8.2 to sketch array factor.
Then sketch the element and array patterns. (b) Use the computer to calculate and plot the
array pattern.
8.4-6 An array of four small loop antennas oriented with the loops in the yz-plane are spaced
0.4/ apart along the z-axis, have uniform amplitudes, and are phased for ordinary endfire. Plot
the full array pattern in the two principal planes.
8.4-7 Suppose a truck uses a Citizens Band radio to communicate at 27 MHz. The antenna
system is two quarter-wave monopoles parallel to the x-axis (assumed to operate above a
perfect ground plane) mounted on mirrors 2.78 m apart along the z-axis and fed with equal
amplitude and phase. Use simple array theory to obtain sketches of the array patterns in the
three principal planes.
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8.4-8 Design problem. Design a broadside linear array of four parallel half-wave dipoles for as
narrow a beamwidth as possible and with no level outside the main beam above —8 dB relative
to the main beam peak. The excitations are uniform. (a) Determine the required element
spacing. (b) Sketch the polar pattern in the H-plane.
8.4-9 Plot the principal plane full array patterns for the endfire array of Prob. 8.3-8 with
parallel half-wave dipoles elements. Find the half-power beamwidths.
8.5-1 Calculate the directivities in decibels for the following broadside arrays of point
sources:

(@ N=2,d=41/2.

(b)y N=10, d = 2/2.

(c) N=15,d= /.
8.5-2 Evaluate (8-67) for d = 31/8 and N = 10 for:

(a) Broadside, and compare the result to that of (8-69),

(b) Ordinary endfire, and compare the result to that of (8-70).
8.5-3 Evaluate (8-67) and plot D versus d/A for N = 10 and ordinary endfire operation. Your
results should look like the curve in Fig. 8-17.
8.5-4 The approximate directivity formula of (8-69) for long, broadside linear arrays of iso-
tropic elements can be checked in the following two ways using HP ~ 0.886 /L from (8-34):

(a) Use D = 47/Qy to derive an equation of the form D = ¢L/) by approximating €24 as

27HP; find c.
(b) Begin with (8-74) to derive an equation of the form D = ¢L//; find c.

8.5-5 Develop a computer code to evaluate directivity using (8-67).

(a) Plot the D versus d/A curve for a broadside array with eight isotropic elements; compare

to the curve in Fig. 8-16.
(b) Plot the D versus d/) curve for a broadside array of eight collinear short dipole
elements.

8.5-6 Show that D = N for an ordinary endfire linear array of uniformly excited isotropic
elements when d = 4/4.
8.5-7 Evaluate the directivity of a broadside array of 12 collinear short dipole elements spaced
0.7/ apart in the following ways:

(a) Use (8-67).

(b) Use (8-69).
Determine the value of HP and use in the following to calculate directivity:

(c) Eq. (8-73).

(d) Eq. (8-74).
8.5-8 Calculate the directivity for the array of Example 8-5. How much more directivity is
there compared to that of a single short dipole, in dB?
8.5-9 Calculate and plot the directivity of an array of 10 collinear short dipoles for spacings of
0.1 to 1.0 4. Also, plot the curves for the approximate formulas (8-69) and (8-75).
8.5-10 A five-element array of five parallel short dipoles spaced 0.3 4 apart is designed for
Hansen—Woodyard endfire operation. Evaluate the directivity and compare to the directivities
for the same array with isotropic elements and a similar ordinary endfire array of isotropic
elements.
8.5-11 Design problem. Base station communication antennas are often constructed using a
collinear array of half-wave dipoles oriented vertically to produce an omnidirectional pattern
in the horizontal plane. The objective in this problem is to maximize gain by selecting the
proper element spacing. Assuming uniform amplitude and phase excitation, design a maxi-
mum-directivity four-element array for the middle of the cellular telephone band (824 to
894 MHz). Show solution details. Give the values of spacing d in wavelengths and directivity
D in decibels at midband and at the band edges. Plot the vertical-plane pattern in polar-linear
form. Sketch the array, showing its physical length along, with a feed network.
8.5-12 The approximate array directivity formula D ~ D_.D; of (8-75) is attractive because of
its simplicity, but can yield inaccurate results in many cases as this problem shows. Evaluate
the directivity of the following arrays of short dipoles using the exact formula of (8-72).
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(a) N=4, broadside, collinear short dipoles, d = A/2.

(b) N=4, endfire, parallel short dipoles, d = A/2.

(c) N=3, broadside, collinear short dipoles, d = A/2.

(d) N=3, endfire, parallel short dipoles, d = /2.

Then compare results to (8-75) for cases to which (8-75) is applicable.
8.5-13 Array directivity computation.

(a) Write a computer program to evaluate the directivity of an array by direct integration.
Validate the code by comparing to values obtained using (8-72) for an array of four
collinear dipoles that are spaced a half-wavelength apart.

(b) Use the direct-integration directivity code to evaluate the directivity of arrays of col-
linear half-wave dipoles of 2, 3 and 4 elements spaced a half wavelength apart and
uniformly excited. Compare to directivity of the same arrays with isotropic elements.

8.6-1 Calculate and plot the polar pattern for the five-element array with the triangular dis-
tribution in Fig. 8-21b. Find the half-power beamwidth in degrees and side lobe level in dB.
8.6-2 Calculate and plot the polar pattern for a five-element array with a triangular distribution
similar to Fig. 8-21b, but with collinear half-wave dipole elements. Compare values of half-
power beamwidth in degrees, side lobe level in dB, and directivity to the isotropic element case.
8.6-3 Prove that (8-83) follows from (8-82).

8.6-4 Prove that (8-85) follows from (8-83).

8.6-5 Verity the directivity values given in Figs. 8-20c¢ through 8-20e, and in Fig. 8-22.
8.6-6 Binomial array. For a linear array of N isotropic elements spaced a half-wavelength
apart and that have binomial current weightings:

(a) Derive the normalized array factor expression in terms of 6.

(b) Derive an expression for the directivity. The result will only be a function of N.

(c) Evaluate the directivity expression derived in (b) for five elements.

8.7-1 Two antennas have the following self- and mutual impedances:

Z11 =70,0°, Zy =100 ,.45°, Zi; =60, —-10°

(a) Find the input impedance to antenna 1, if antenna 2 is short-circuited.
(b) Find the voltage induced at the open-circuited terminals of antenna 2 when the voltage
applied to antenna 1is 1/.0° V.

8.7-2 Derive (8-94), making use of Fig. 8-24.
8.7-3 For the parallel dipoles of Fig. 8-25 and d = 0.6 4, calculate the coupling level between
the dipoles in dB.
8.7-4 Mutual impedance calculation. (a) Mutual impedance is calculated using simulation
data in (8-87) for the case of antenna 1 excited and antenna 2 open circuited to find
Zi2 = V»/1,. Evaluate Z,, for parallel half-wave dipoles of the type in Fig. 8-25 and spaced
0.2 /4 apart. (b) Mutual impedance can also be calculated using the following formula:

Zl,in - Zl,oul

Zp = 3

where Z; j, and Z,  are the input impedances for antenna 1 for the two cases of two sources on
the two dipoles that are in phase and then out of phase. Derive this formula. (c) Repeat the mutual
impedance calculation in (a) but using the formula in (b) and appropriate simulations.

8.8-1 A planar array of four isotropic elements is arranged in the xy-plane with the following
positions and currents: (1/4,4/4), +1; (—A/4,1/4),+1,(=2/4, — A/4),—1;(A/4, — A/4),—1.
Use simple array modeling techniques to obtain sketches of the xz- and yz-plane patterns.

8.8-2 A four-element linear array of parallel, in-phase, half-wave dipoles is located A/4 in front of a
large planar reflector in the xy-plane. Assume the reflector to be a perfect ground plane. If the dipoles
are parallel to the x-axis and spaced 4/2 apart, plot the complete pattern in the xy- and yz planes.
8.8-3 A two-element array of vertical short dipoles is operated a quarter-wavelength above a
perfect ground plane as shown. The elements are a half-wavelength apart and are excited with
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equal amplitude and opposite phase. Obtain polar plots for the radiation pattern of this radi-
ating system in the xz- and yz-planes.

A2

8.8-4 A two-dimensional, uniformly excited array of isotropic elements as shown below is to
be analyzed. Use the principle of pattern multiplication with a pair of elements oriented
vertically as an “array” and the four elements in a row as an “element.” Plot the patterns in the
xz-, yz- and xy-planes.

0
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8.8-5 A planar array in the xy-plane has four isotropic elements in x- and y-directions with
0.5/-spacings. Plot the radiation pattern (linear, polar plot) in the 45° plane. Then use the
projection technique to find the equivalent linear array and then obtain the 45°-plane pattern.
Compare the patterns.
8.8-6 Square and triangular grid planar arrays. This problem compares square-grid and
triangular-grid planar arrays in the xy-plane of the same area. The square-grid array has 25 iso-
tropic elements consisting of five rows of five elements each with 0.54-spacings. The triangular
grid has 16 isotropic elements consisting of four rows of four elements each with 0.625 A4
between all adjacent elements. Sketch the array geometries. Plot the radiation pattern (linear,
polar plot) in the 45° plane for both arrays and comment on the results.
8.8-7 Verify the directivity values in Example 8-8 using numerical pattern integration for
d=0.54.
8.8-8 Project. Research the topic and prepare a report on the antenna aspects of one of the
following technical programs. Include calculations of as many antenna parameter values as
you can. (a) The Square Kilometer Array (www.skatelescope.org). (b) The Long Wavelength
Array (Iwa.nrl.navy.mil). (c) The High Frequency Active Auroral Research Program (www
.haarp.alaska.edu). (d) The Low Band Antenna (www.lofar.org). () The Widefield Array
(www.mwatelescope.org). (f) A Wullenweber array.
8.9-1 Plot the full array pattern for 0° and 30° scan angles off broadside for the array of
Fig. 8-30. Also plot the array factor for 30 degrees scan to see the grating lobe reduction effect
of the element pattern.
8.9-2 The four-port Butler matrix beamformer of Fig. 8-32 is used to drive four isotropic
elements. (a) Write the interelement excitation phases for all four beams. (b) Plot all four beam
patterns on one polar pattern plot. (c) Give the values of the beam peak locations and crossover
levels. (d) Calculate the beam peak directions for Beam 1 and 2 using beam scanning
principles.
8.9-3 For the AN/PPS-18 radar example of Fig. 8-33, find the aperture efficiency based on a
specified gain of 27 dB.
8.9-4 Derive an expression for the line length of a delay-line phase shifter to steer the beam of
a linear array to angle 6, starting with the required phase for element n of o, = —(27/c)f nd
cosd,.
8.9-5 Project. Investigate quantization lobes due to digital phase shifting.


http://www.skatelescope.org
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8.9-6 Project. Investigate and report on how the Butler and Blass beamforming networks
operate.

8.9-7 Compute the pattern of Beams 1 and 2 in Fig. 8-32 for the Butler matrix BFN and
determine the value and angle where beams crossover.

8.10-1 Find the element spacing in wavelengths, d//, that gives a maximum element gain
value of 6dB for a planar array with d = d, = d,.

8.11-1 This problem examines frequency effects on beam steering with a linear phased array.
(a) Derive (8-122). Now consider an array with the phase shifters set to steer the beam 30° off
broadside at 2 GHz. Find the angle off broadside of the beam peak at (b) 1.6 GHz, and
(c) 2.4 GHz.

8.11-2 A phased array is required to have a bandwidth of 40% and 45° scan to off broadside.
Find which antenna types in Fig. 8-36 are possible choices as elements.
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Aperture Antennas

As summarized in Table 1-4, there are four types of antennas: electrically small, resonant,
broadband, and aperture. The first three have been discussed earlier. The basic electrically
small antennas are treated in Secs. 3.1 and 3.4. Resonant antennas are covered in Secs. 3.2,
3.3, and Chap. 5. The discussion of broadband antennas is in Chap. 7. In this chapter, we
treat the fourth and final antenna type, the aperture antenna. Part of the structure of an
aperture antenna is an aperture, or opening, through which electromagnetic waves flow. An
aperture antenna operating as a receiver “collects” waves via the aperture. Analogies in
acoustics are the megaphone and the parabolic microphone, which uses a parabolic
reflector to focus sound waves on a microphone at the focal point. Also, the pupil of the
human eye is an aperture for optical frequency electromagnetic waves. At radio fre-
quencies, horns and reflectors are examples of aperture antennas; see Table 1-4. Aperture
antennas are in common use at UHF frequencies and above. They are the antenna of choice
in applications requiring very high gain. A distinguishing feature of large aperture
antennas is the increase in gain with the operating frequency. The gain of an aperture
antenna increases with the square of frequency if aperture efficiency is constant with
frequency; see (4-27). Another feature is the nearly real-valued input impedance.

Since all receiving antennas act as collectors of waves, an effective aperture can be
defined for every antenna; see Sec. 4.4.1. However, this chapter deals with antennas that
have an obvious physical aperture. In the first section, general principles are developed
for calculating the radiation patterns from any aperture antenna. Subsequent discussions
focus on rectangular and circular aperture shapes. The properties of specific antennas
such as horns and circular parabolic reflectors then follow naturally. As in preceding
chapters, theoretical derivations lead to an accurate description of the antenna parameters,
as well as design techniques. Both rigorous and approximate methods of gain calculation
are also presented in this chapter.

9.1 RADIATION FROM APERTURES AND HUYGENS’ PRINCIPLE

344

Although aperture antennas were not widely used until the World War II period, the basic
concepts were available in 1690 when Huygens explained, in a simple way, the bending
(or diffraction) of light waves around an object. This was accomplished by viewing each
point of a wave front as a secondary source of spherical waves. The next wave front is the
envelope of these secondary waves in the forward direction. Some 150 years after
Huygens’ contribution, Fresnel recognized that the phase shift between wave fronts is
computed from the distance between wave fronts AL by the familiar relation SAL.
Fig. 9-1 shows how a plane wave and a spherical wave can be constructed from secondary
waves; also see Figs. 16-1 and 16-2. The envelope of secondary waves forms the new
wave front. Geometrical optics (ray tracing) predicts that light shining through a slit in a
screen will have a lit region and a completely dark shadow region with a sharp boundary
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/  Figure 9-2 Plane wave incident on a slit in a screen. The
edge diffraction leads to spreading of the radiation
from the slit.

between them. Geometrical optics works well only for apertures that are very large rel-
ative to a wavelength. The secondary source concept shows that the secondary waves will
spread out away from the aperture and there will be a smooth blending of the lit and
shadow regions. This diffraction effect is illustrated in Fig. 9-2 for a slit in an opaque
screen with a plane wave incident on it. The superposition (i.e., the sum) of the wavelets
in the limit of an infinite number of secondary sources becomes a radiation integral over a
continuous source that we are familiar with.

Huygens’ principle evolved into a mathematical from referred to as the equivalence
principle (or, field equivalence principle). The field equivalence principle replaces an
aperture antenna with equivalent currents that produce radiation fields equivalent to those
from the antenna. The equivalence principle is derived by observing that a solution to
Maxwell’s equations and the boundary conditions, which all electromagnetic problems
must satisfy, is the solution. This follows from the uniqueness theorem in mathematics
which states that a solution that satisfies a differential equation (e.g., Maxwell’s equa-
tions) and the boundary conditions is unique. We now use this concept to set up equiv-
alent current relations for use in analyzing aperture antennas.

In the original problem of Fig. 9-3a, the fields that satisfy Maxwell’s equations in the
region exterior to volume V and that satisfy boundary conditions along § are unique.' As
long as the sources exterior to V and the boundary conditions along S are not changed, the
solution (E, H) will not change. In the equivalent problem, the source exterior to V are
not changed, since there are none. Also, the boundary conditions are not changed, as will
now be explained. In the original problem, the fields along the boundary are E(S) and
H(S). In the equivalent problem of Fig. 9-3b, the original sources (e.g., the antenna

"In this chapter, the uppercase symbols V and S will be used to denote volume and surface.
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Figure 9-3 The equivalence principle.

structure) have been removed, altering the fields internal to S, denoted as E; and H;. In
order for the fields external to S to remain the same, equivalent currents must be intro-
duced to satisfy the discontinuity of the fields across S. These equivalent currents are
found from the boundary conditions of (2-22) and (2-23) as

Ja=1x [H-H] onsS (9-1a)
My=[E—E]xf onS§ (9-1b)

Where (E;, Hy) and (E, H) are the fields internal and external to S; see Fig. 9-3b. These
equivalent currents, which are obtained from only a knowledge of the tangential fields
over S, can be used to find the fields external to S. However, the fields on S required to
determine the equivalent currents are unknown. Also, we do not know how to find the
external fields from the equivalent currents. We now address these difficulties, starting
with the second one.

Since the internal fields (E;, H;) are arbitrary, we choose them to be zero for sim-
plicity; see Fig. 9-3c. Then (9-1) becomes

Js=n x H(S) (9-2a)
M;=E(S) xn (9-2b)

Where E(S) and H(S) are the fields over the surface S. This zero internal field formulation
is referred to as Love’s equivalence principle.

Since the fields inside S are zero in the equivalent problem of Fig. 9-3¢, we are free to
introduce materials inside S. If a perfect electric conductor is placed along S, Js will
vanish. The explanation is often given that the electric current is “shorted out” by the
conductor. This leaves a magnetic current density My radiating in the presence of the
electric conductor producing the external fields. Similarly, a perfect magnetic conductor
can be introduced along S to eliminate M _leaving only Js. Thus, we have two equivalent
formulations. They are M in the presence of a perfect electric conductor over S and J in
the presence of a perfect magnetic conductor over S. Both yield the correct fields external
to S. However, these problems are difficult to solve as long as S is a general surface. Note
that if the real antenna contains conducting portions, then the Js equals the actual current
density over that portion and the aperture portion contains both Js and Mg (before any
fictitious conductors are introduced).

If the surface S is large in terms of a wavelength and the curvature of S is small, image
theory can be applied locally across the surface to solve for the currents operating in the
presence of the introduced conductors; this is exploited in Chap. 16. However, since the
selection of S is for convenience and we are interested in radiation problems, we can
extend S to infinity. Since S must be a closed surface, S includes the infinite plane along
z=0 and closes at infinity to enclose sources in the region z < 0 of Fig. 9-4. In this case,
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we can apply image theory with no approximation and easily solve many practical
problems with planar apertures.

We can apply image theory to the planar surface S to simplify the solution procedure.
To do this, we find the fields due to currents Js and Mg on the z =0 plane as shown in
Fig. 9-4a; this will be followed by the application of image theory to reduce the solution
formulation by one-half. Although not all antenna problems have a planar aperture that
can be placed in the xy-plane, an equivalent planar aperture surface S can be set up. This
will be fruitful if the tangential field over S can be obtained; more will be said about this
later. First, we need to solve for fields in z > 0 due to the equivalent currents of Fig. 9-4a.

The fields (E, H) in the region z > 0, in general, are found by first evaluating A using
(2-61) and finding E and H from (2-46) and (2-36). In this case, the equivalent currents J
and M will yield the exact fields everywhere in z > 0. However, we restrict our solution
to the far-field region appropriate to antenna problems. Then we can use the much simpler
procedure of Sec. 2.4.4 that we have used many times to solve radiation problems.
Now we slightly recast the formulation for the case of planar surface current densities in
the xy-plane. First, the magnetic vector potential is found from the form of (2-101)
appropriate to the geometry of Fig. 9-4a:

67].‘& N A
A=y / / Js(r)et T ds (9-3)
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(c) Equivalent magnetic current density alone.
Figure 9-4 Equivalent current configurations for a planar aperture surface. The antenna

located in z << 0 has been removed and three different equivalent current sets introduced as
shown.



348 Chapter 9 Aperture Antennas
The far-zone electric field from (2-105) is

Ey = —jw(A +Asb) (9-4)

The subscript A indicates that this field arises from the magnetic vector potential A.
The electric vector potential F associated with the magnetic current density is found
using the duality principle introduced in Sec. 3.4.1%

—Jpr -
F:Ee // Ms(r’)ejﬂl"r/dsl (9_5)
N

d7r

The far-zone magnetic field arising from F is the dual of (9-4):

Hi = —jw(Fy0 + Fydb) (9-6)

Since the solution is in the far field, the electric field associated with Hg can be found
from the TEM relationship of (2-107) as

Er = 7Hy x £ = —jwn(Fy0 — Fydb) (9-7)

The total electric field is then found by summing the contributions from each current:

E=E, +Ep = —jw[(Ag+1F,)0+ (A; — nFy) ] (9-8)

The equivalent systems of Fig. 9-4a involves both the electric and magnetic current
densities. Computations can be reduced considerably if image theory is used so that we
only have to deal with one of the currents. First, we introduce a perfect magnetic planar
conductor along surface S. The image currents shown in Fig. 9-4b are obtained by the
duality of images in a perfect magnetic ground plane; that is, a magnetic current parallel
to the plane has an oppositely directed image and a parallel electric current has a similarly
directed image. The fields for z > 0 are unchanged after removing the conducting plane
and introducing the images, as shown in Fig. 9-4b. Since the currents and their images are
adjacent to the plane S, we can add them vectorially to obtain the final equivalent system,
which has a doubled electric surface current density and no magnetic surface current
density. The radiation electric field for z > 0 is 2E4. In similar fashion, a perfect electric
ground plane can be introduced along S as shown in the leftmost part of Fig. 9-4c. Image
theory renders the images shown; see Fig. 3-8. These images acting together yield a zero
total electric surface current density and a magnetic surface current density of 2Mg. Then
the radiation electric field for z > 0 is 2Ep.

‘We can now summarize the equivalence theorem in terms most suitable to radiation pattern
calculations. First, an aperture plane is selected for the antenna, this is usually the physical
aperture of the antenna but need not be. Coordinates are set up such that the aperture plane
is the xy-plane and the +z-axis is the forward radiation direction. Then the radiation field
for z > 0 are found by one of the three equivalent systems of Fig. 9-4 as follows:

a. Js and Mg on S (xy-plane)
E=E, +Ep (9—964)
with (9-3) in (9-4) and (9-5) in (9-6) and (9-7)

>The symbol F for magnetic vector potential should not be confused with the normalized radiation
pattern function F(6, ¢).
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b. 2Json S
E=2E,\ (9-9b)
c. 2Mg on S

E =2Ej (9-9¢)

The procedures for finding radiation from equivalent aperture plane currents are now
clear. It remains then to focus on determining those currents, which are established
using (9-2).

So far, no approximations have been introduced other than the usual far-field
approximations. Indeed, if the exact fields E(S) and/or H(S) are used in any of the above
three procedures, exact far-field results will be obtained in the half-space z > 0. However,
such exact knowledge of the fields over the entire plane S is rarely available. Usually, at
best it is possible to obtain only an approximate knowledge of the fields over a finite
portion of the infinite aperture plane. One such approach is the popular physical optics
approximation, in which it is assumed that the aperture fields E, and H,, are those of the
incident wave. It is usually assumed that these fields exist over only some finite portion S,
of the infinite plane S and the fields elsewhere over S are zero. In most cases, the aperture
surface S, coincides with the physical aperture of the antenna. These approximations
improve as the dimensions of the aperture relative to a wavelength increase.

The three solution procedures will now be simplified. Suppose that aperture fields E,
and H,,, which exist over and are tangent to some portion of S, of the infinite plane S, are
known (perhaps by employing the physical optics approximation). The equivalent surface
current densities follow from (9-2) as

Js=1 x H, (9-10)
Ms=E, x i (9-11)

on S, and zero elsewhere. Using these in (9-3) and (9-5) gives

—jpBr .
A:/~Le4 fl><// Hae*’dr'r/dS' (9-12)
r
Sa
—jpr L
F:—Ee4 ﬁx// Eae/ﬂ"'r/dS’ (9-13)
Tr
Sa

The integral the above two equations is a two-dimensional Fourier transform. The two-
dimensional Fourier transform of an aperture field plays an important role in radiation
calculations for aperture antennas, in a way similar to the Fourier transform of the current
distribution for line sources (see Chap. 5). We therefore make the following definitions

for the integrals:
P= / / Ee /7Y ds’ (9-14)

Sa
Q= / / H,e /% ¥ qs/ (9-15)
Sa

The far-zone electric field based on both aperture fields can be written in a single
expression often encountered in the literature. The total electric field in terms of the
potentials, form (9-4) and (9-7), is
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E=—jwA — jwnF x r (9-16)

Where the r-component of the first term is to be neglected. Substituting in (9-12) and
(9-13) and performing some manipulations yield

e Ior

E=-jp drr

i x // [ x E, — it x (A x H,)]e/™ ¥ ds’ (9-17)
Sa

This gives the full vector form of the radiated electric field from the aperture fields and is
often called a vector diffraction integral. The term “diffraction” is used because the field
found using (9-17) represents the superposition of all elements of the source distribution;
this is in contrast to geometrical optics that traces rays from points on the antenna directly
to observation points (see Sec. 16.1). The subsequent developments here are cast in terms
of the Fourier transforms P and Q; this provides a more procedural, as well as instructive,
approach.

The aperture surface S, is in the xy-plane, so r' =x’x+y'y. This with t in spherical
coordinates from (C-4) in (9-14) and (9-15) yield

P, = // Eux (x/, y/)ejﬁ(x'sinQ cos ¢+ y'sin @ sin d))dxldy/ (9-1861)
Sa

Py — // an (X/, y/)ej‘d(x’sinQ cos ¢+ y'sin @ sin q‘w)dx/dy/ (9-18b)
Sa

Qx — // Hax ()C/, yl)ejﬂ(x'sinﬁ cos ¢+ y'sin 0 sin d))dxldy/ (9-1961)
Sa

Qy — // Hay (X/, yl)ejﬂ(x/sinﬁ cosd)+y’sin€ sin d))dxldy/ (9-19b)
Sa

Now, (9-12) and (9-13) together with n =z reduce to

e~ Ibr . A
A=pS (0% + Q) (9-20)
e Ior
F=—¢ (=Pyx + P,y) (9-21)
47y ’

Expressing X and ¥y in spherical coordinates as in (C-1) and (C-2) and retaining only the
0- and ¢-components give

—jgr R

A=y 64;r [0 cos 6(Q, sin ¢ — Q, cos @) + b(Qx cos  + Q, sin P)] (9-22)
—jér R

F=—¢ 647]” [0 cos O(Py sin ¢ — Py cos ¢) + d(Py cos ¢ + Py sin¢)] (9-23)

Using these in (9-8) yields the final radiation field components

—jBr

(a) Eg=j03 47]rr [P, cos ¢+ Py sin ¢+ 1 cos 6(Q, cos ¢ — Oy sin ¢)] (9-24a)
—jpr

Ey=js 64;” [cos O(Py cos p—P, sin ) — n(Q, sin ¢ + Oy cos gb)} (9-24Db)
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In a similar fashion, the other two equivalent systems reduce to

—jpr
(b) Eo=j0n—cos (0, cos & — 0. sin) (9-25a)
e*er

Ey= —jBn - (Qy sin ¢+ QO cos ) (9-25b)
—jBr

(c) Ey=jg 62; (Py cos ¢+ Py sin @) (9-26a)
—jor

Ey —Jﬁ e - cos O(Py cos ¢ — Py sin @) (9-26b)

If the exact aperture fields over the entire aperture plane are used, the three for-
mulations of (9-24) to (9-26) each yield the same result. Use of the exact aperture fields
leads to equal contributions arising from the electric and magnetic currents. [H.3: Collin
and Zucker, Part 1, p. 73]. Therefore, the equivalent system using both current types, as in
(9-24), gives zero total field for z < 0 because cos 6 is negative for 7/2 < 0 = 7, and the
contributions cancel as guaranteed by the equivalence theorem. However, the single
current systems of (9-25) and (9-26) do not yield zero fields for z < 0. This is an expected
result since image theory was involved in the development of these, and identical fields
are obtained only in the region z>0.

The trigonometric functions appearing in (9-24) to (9-26) actually describe the
projections of the aperture equivalent surface current densities onto the plane containing
the far-field components (i.e., perpendicular to t). For aperture field expressions, the
trigonometric functions that multiply the radiation integrals are often referred to as
obliquity factors. The element factor sin 6 for line sources along the z-axis is an obliquity
factor. For apertures that are several wavelengths in extent, the obliquity factors do not
reduce the main beam and first few side lobes by a significant amount. Then the Fourier
transform adequately describes the pattern, and the aperture antenna problem reduces to
first finding the (scalar) far-field pattern from the Fourier transform of the aperture
electric field magnitude. Polarization is determined from the component(s) of the aperture
electric field tangent to a far-field sphere by projecting E, on to the far-field sphere.

In practice, only approximate information about the aperture fields is available, such as
obtained from the physical optics approximation. Then the three formulations give dif-
ferent results. The accuracy of the three results depends on the accuracy of the aperture
fields, but the differences might not be significant. For apertures mounted in a conducting
ground plane, the aperture plane (except for the aperture itself) is well modeled as an
infinite, perfectly conducting plane. Then the magnetic current (aperture electric field)
formulation of (9-26) is preferred since the aperture electric field, and thus magnetic
current, is zero outside the aperture because of the boundary condition of zero tangential
electric field on the conductor. For apertures in free space, the dual current formulation of
(9-24) is used. This is usually accompanied by the assumption that the aperture fields are
related as a transverse electromagnetic (TEM) wave:

1
H,=-zxE, (9-27)
"

This implies that

1 P P
Q=-zxP or Q,;=——3, Q=— (9-28)
n Ui n
This assumption is valid for moderate- to high-gain antennas and is often applied with
success even to apertures that are only a few wavelengths in extent. Using (9-28) in (9-24)
leads to
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8 1+ cos ,
Ey=jg 2? — [Px cos ¢+ P, sin ¢] (9-29q)

e 14 cos @
Bo=li e 2

which is a simpler form than (9-24). The factors in brackets are identical to those in
(9-26). The obliquity factor of (1 + cos 6)/2 differs only slightly from the cos 6 obliquity
factor in (9-26) for small values of 6, where radiation is significant for high-gain antennas.
Unlike (9-26), (9-29) remains valid over all space (i.e., 0 <6 <<180°) because image
theory was not employed and we can take surface S to enclose the antenna, since
equivalent currents are zero except over the finite aperture. However, accuracy is likely to
degrade for directions far out from the main beam. In summary, (9-26) should be used for
apertures in ground planes and (9-29) should be used for aperture antennas in free space.

[Py cos ¢ — Py sin ¢] (9-29b)

EXAMPLE 9-1 Slit in an Infinite Conducting Plane

The aperture antenna calculation procedures and the physical optics approximation can be
illustrated rather simply for a plane wave normally incident on a slit in an infinite perfectly
conducting plane as shown in Fig. 9-5. This is the same problem as in Fig. 5-7a, except for a
coordinate system change. The physical optics approximation leads us to assume that the
incident field E' =yE,e 7" associated with the plane wave propagating in the +z-direction
renders the field over the physical aperture, so

X L
YE, |yl= 5 z=0
E,— (9-30)

0 elsewhere

The magnetic current formulation is appropriate in this case because the aperture electric field
is zero over the perfectly conducting portion of the aperture surface. This is essentially a one-
dimensional problem because the aperture field is uniform in the x-direction; then the radiation
fields will not change with position along the x-direction. We are thus concerned only with the
yz-plane (¢ =90°), and since the aperture field is only y-directed, (9-18) reduces to

Ei

L> Incident

plane wave

Figure 9-5 Plane wave incident on a slit in an infi-
nite conducting plane. The slit is infinite in the
x-direction and is L wide in the y-direction.
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L/2 . sin[(BL/2)sin 6]
P:APVZA/ Eoejﬁysmﬂd /:AEOLi. 9-31
St =y (BL/2)sin 0 &-31)

This result is similar to the line-source pattern of (5-2) except for the geometry difference of
the z-axis now being normal to the current.
When normalized, the magnitude of this expression renders the following radiation pattern:

__sin[(BL/2)sin 0]

(6)= (BL/2)sin 6 (9-32)

The polarization of the far field (electric field) is the tangent of the aperture electric field
direction y onto the far-field sphere (in the ¢ =90" observation plane), which is the §-com-
ponent and there is no ¢-component. Notice that (9-32) is nonzero at § = 90°; this is acceptable
since Ep can be normal to the conducting plane. A note of caution is in order for this example,
which has an aperture that is infinite in one dimension. The problem is really two-dimensional
rather than three-dimensional (equivalently, the aperture is one-dimensional rather than two-
dimensional). Therefore, the complete electric field will not be given by (9-26). The spherical
wave behavior of e 77 /r (e.g., free-space Green’s function) is replaced by the cylindrical wave
behavior e 77"/,/r. However, the one-dimensional Fourier transform as presented here yields the
correct angular variation (pattern). The pattern based on this simple approach agrees well with
that of more rigorous techniques, even for a slit of L= 0.454, which is not large electrically. [1]

9.2 RECTANGULAR APERTURES

There are several antennas that have a physical aperture which is rectangular in shape. For
example, many horn antennas have rectangular apertures. Another example is a rectan-
gular slot in a metallic source structure such as a waveguide. In this section, we present
some general principles about rectangular apertures that have uniform and tapered
excitations. In Sec. 9.4, these principles are applied to rectangular aperture horn antennas.

9.2.1 Uniform Rectangular Apertures

A general rectangular aperture is shown in Fig. 9-6. It is excited in an idealized fashion
such that the aperture fields are confined to the L, by L, region. If the aperture fields are
uniform in phase and amplitude across the physical aperture, it is referred to as a uniform
rectangular aperture. Suppose the aperture electric field is y-polarized; then the uniform
rectangular aperture electric field is

L, L,
E,=E,3y, [|x|= DR ly|= ?} (9-33)

k_v«hé‘
=

N
h
Y

Figure 9-6 The rectangular aperture.
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Then from (9-18b)

Ly/2 Ly/2
Py _ E,,/ ejﬁx’sin& cos @dx// i ejﬁy/sin 0 cos ¢dyl

—Ly/2 —Ly/2
(9-34)
g SOLBL/2)] sinl(BL,/2)
o (BLx/2)u (BLy/2)v
where we have introduced the pattern variables
u=sin 6 cos ¢, v=sinf sin ¢ (9-35)
The complete radiation fields are found from (9-26) as
e~ Ior ., sin[(BL./2)u] sin[(BL,/2)v]
Ey=jB8——E,L,L e 9-36
=0 SO S T (8L 2)v (9-36a)
e o sin[(BLy/2)u] sin[(BL,/2)v]
E;,=j3——E,L.L, cos0 cos J 9-36b
6 =B ey Eolly C T GLju (BL2) (5-36b)

These fields are rather complicated functions of # and ¢, but fortunately they simplify in
the principal planes. In the E-plane (yz-plane), ¢ =90° (and 270°) and (9-36a) reduces to

e sin[(Ly/2)sin §]
Eo=i0 e Eols s = 3 Ysin @

In the H-plane (xz-plane), ¢ =0° (and 180°) and (9-36b) becomes

E-plane (9-37)

—ibr sin[(BL,/2) sind]

e
E;=j8——E,L.L, 0 - H-pl 9-38
s=J8 27r y C08 (BL./2) sinf prane ( )

Note that E, goes to zero at =90 where it is tangent to the perfect conductor intro-
duced in the equivalent magnetic current formulation. The normalized forms of these
principal plane patterns are

sin[(8L,/2) sin 6]
(BL./2) sinf

__sin[(BL,/2) sin 0]
O =G0 2y sine

For large apertures (L,, L, > 1), the main beam is narrow, the cos 6 factor is negligible, and
the principal plane patterns are both of the form sin (x)/x that we have encountered several
times before, as, for example, with the uniform line source. By neglecting the obliquity
factors in (9-36), the normalized pattern factor for the uniform rectangular aperture is

vy SBL/2)u] sinf(3L,/2)]

’ (BLe/2)u (BLy/2)v
which is the normalized version of P, in (9-34). The half-power beamwidths in the
principal planes follow from the line source result in (5-12). In the xz- and yz-planes,
the beamwidth expressions are

Fy(0)=cosb $»=0° (9-39)

¢ =90° (9-40)

(9-41)
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A A

HP, =0.886 T rad =50.8 T deg (9-42a)
A A

HP, =0.886 — rad =50.8 — deg (9-42b)
Ly L,

Finally, we derive an expression for the directivity of a uniform rectangular aperture.
Such calculations are greatly simplified by using the variables u and v. The transfor-
mation from 6 and ¢ to u and v given by (9-35) is essentially a collapsing of the spherical
surface of unit radius onto a planar surface through the equator, giving a circular disk of
unit radius. The u, v disk is analogous to the azimuthal map projection used in cartog-
raphy to show, for example, the northern hemisphere on a planar map; the globe is
projected with the North Pole at the center and the azimuth (radial) lines give true
compass directions. The visible region in u and v corresponding to 8 = 7/2 is

w4 v*=sin® 6 = 1 (9-43)

which follows from (9-35).
The beam solid angle is found using

O = / " / ¢)|*d2 (9-44)

where only radiation for # = 7/2 is considered. The beam solid angle can be evaluated by
integrating over the entire visible region in terms of # and v. The projection of df2 onto the
u,v plane is given by du dv=cos 0dS). From (9-43), it is seen that cos 0 = v/ 1— u?— 12,
Therefore, dQ? = du dv/v'1—u?>—v? and (9-44) becomes

// 2 du dv (9-45)
1— uz—vz
142+112<1

This is a general expression. For a large uniform phase aperture (L, and L,>> 1), the
radiation is concentrated in a narrow region about u =v =0 (§ =0). Then the square root
in the denominator in (9-45) is approximately 1. Also, since the side lobes are very low,
we can extend he limits to infinity without appreciably affecting the value of the integral.
Using these results and (9-41) for the uniform rectangular aperture in (9-45) yields

© sin[(BLy/2)u] [ sin’[(BL,/2)]
Qu = ——>—d ——=d 9-46
=L T L. -
The following change of variables:
u'= ﬂéx u= BLs (9-47a)
Y= % _ ﬁzL«V (9-47b)
leads to
2 2 [*sin®d * sin®/
O, — / / ~
4 BLx BLV [oo (le,)z du /—m (1}/)2 dv (9 48)

From (F-12) each integral above equals 7, so
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4 , A
= m =
(27/2)’LiL, L.L,

(9-49)

The directivity of the rectangular aperture with uniform amplitude and phase is then

4 4rm
D, = R L.L, (9-50)
From this expression, the physwal area of the aperture can be identified as A, = L.L,.
Comparing this to D =471Aep, / A~ from (4-23), we see that the maximum effectlve aperture
Aem equals the physical aperture A, for the uniform rectangular aperture. This is true for any
shape aperture with uniform excitation. Also note that for ideal apertures, there are no ohmic
losses (radiation efficiency e, = 1), so gain equals directivity and A, = Ae-

EXAMPLE 9-2 A 20\ x 10X Uniform Rectangular Aperture

The complete pattern for a uniform rectangular aperture that has L, =204 and L, =104 is
from (9-41):

sin(207u) sin(107v)
207u 107w

The contour plot of this pattern is shown in Fig. 9-7. The principal plane patterns, which are
profiles along the u and v axes of Fig. 9-7, are shown in Fig. 9-8. The aperture of Fig. 9-6 has a
ratio Ly/L,=2 as in this example. Notice that the wide aperture dimension L, leads to a
narrow beamwidth in that direction (along the u-axis). The half-power beamwidth from (9-42)
is HP, =0.0443 rad = 2.54° in the xz-plane, and HP, = 0.0886 rad = 5.08° in the yz-plane.
The directivity from (9-50) is D =4 (201)(101)/4* = 2513 34 dB.

flu,v)=

(9-51)

Figure 9-7 Contour plot of
the pattern from a uniform
amplitude, uniform phase
rectangular aperture

(Ly =204, L,=104). The
solid contour levels are 0, -5,
-10, -15, -20, -25, -30dB.
The dashed contour levels are
—-35 and —40dB. Principal
plane profiles are shown in
Fig. 9-8.
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Pattern, dB

—-60 - +
L | | | | | | | | |

-1.00 -80 -60 -40 -20 0 20 40 .60 .80 1.00
(a) The xz-plane pattern; u = sin 6.

Pattern, dB

—-60 - +
L | | | | | | | | I v

-1.00 -80 -60 -40 -20 0 20 40 .60 .80 1.00
(b) The yz-plane pattern; v = sin 6.

Figure 9-8 Principal plane patterns for a uniform amplitude, uniform phase rectangular
aperture (L, =204, L,=104). The complete pattern is shown in Fig. 9-7.

9.2.2 Tapered Rectangular Apertures

In the previous section, we saw that the uniform rectangular aperture has an effective
aperture equal to its physical aperture. In other words, uniform illumination leads to the
most efficient use of the aperture area. It will be shown in Sec. 9.3 that uniform excitation
amplitude for an aperture gives the highest directivity possible for all constant phase
excitations of that aperture. In the antenna design problem, high directivity is not the only
parameter to be considered. Frequently, low side lobes are important. As we saw in
Chap. 5, the side lobes can be reduced by tapering the excitation amplitude toward the
edges of a line source. This is also true for two-dimensional apertures. In fact, many of
the line source results can be directly applied to aperture problems.

To simplify our general discussion of rectangular aperture distributions, we omit
the polarization of the aperture electric field, so that E, can represent either the x-
or y-component of the aperture field. Then (9-18) becomes

d :// E (X, Y) &M ™ ax'ay (9-52)
Sa
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Most practical aperture distributions are separable and can be expressed as a product of
functions of each aperture variable alone:

E (¥, y) =Ea(x)Ea(y) (9-53)
Then (9-52) reduces to
Le/2 n Ly/2 -
P:/ E, (x')e!™™ dx'/ En(y)e!™™ ay (9-54)
—Ly/2 —Ly/2

Each of these integrals is recognized as the pattern factor of a line source along the respective
aperture directions. The normalized pattern factor for the rectangular aperture is then

f ) =fl)hRW) (9-55)

where fi(«') and f>(¢v') arise from the first and second integrals in (9-54), which are
essentially pattern factors of line source distributions along the x- and y-directions. Again,
here we have neglected any obliquity factors. The uniform rectangular aperture result
corresponding to (9-55) is (9-41). It is obtained directly from sin(u«)/u of (5-7) by using v’
of (9-47a) in place of u for f;(u') and v/ of (9-47b) in place of u for f>(v'). Note the
different definition of u in Chap. 5 and this chapter.

Thus, the pattern expression for a rectangular aperture distribution that is separable, as
in (9-53), is obtained by finding the patterns f; and f, corresponding to the distributions
E, and E,,, and then employing (9-55).

EXAMPLE 9-3 The Open-Ended Rectangular Waveguide

One of the smallest aperture antennas is the open-ended waveguide shown in Fig. 9-9. It
requires no construction, since the antenna is the open end of a waveguide. It is often used as a
probe, such as with a near-field measurement range (see Sec. 13.2), because of its compact
size. When operated in the dominant TE ;o mode, the aperture electric field is cosine-tapered in
the x-direction with length L, = a, similar to (5-21), and is uniform in the y-direction with
length L, =0>. The radiation pattern then can be found from the corresponding line source

y

7
Y,
(T)‘j <~—ta—>
T b A* T Eﬂ X

+—>G>
D>

E,
z 0
Figure 9-9 Geometry for an open-ended rectangular waveguide operating in the dominant
TE o mode as in Example 9-3. The aperture electric field E, and radiated field components Ej
and E; are shown.
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results using f (i, v') =f (u')f2(v'), where fi(«) is obtained from (5-25) and f>(v') is obtained
from (5-7):

Pl ) = cosu'  sinv/ _ cos[(BLy/2)u]  sin[(BLy/2)v]
T a-(@/mu Y 1-(@/m)(BLy2u (BLy/2)v

The vertical linear polarization of this antenna is evident from Fig. 9-9, which shows the
components of the electric field in the far field. The complete far-field component expressions
are easily obtained from (9-56) using the equivalent current formulations of (9-24) or (9-26).
If the open-ended waveguide is surrounded by a large ground plane, (9-56) in (9-26) yields
the following principal plane pattern results by a process identical to the development pre-
sented for (9-39) and (9-40):

(9-56)

% sin 9]

cos[
Fy(0)=cosf

—_— ¢=0° (9-57a)
1— F @ sin 8}
T 2

open-ended waveguide on a
ground plane, 0 < 0 < 90°

sin {— sin 9]
Fg(0)= b ¢=90° (9-57b)

—sinf
The magnetic current formulation is chosen because the ground plane is well represented by

the perfect conductor used in the image theory model of Fig. 9-4c. If the waveguide radiates
into free space, the complete expression of (9-24) is more appropriate and yields

cos {% sin 6}

1+cosf R
Fy(0)= 3 2 5a 5 =0 (9-58a)
1- [— — sin 0}
w2
open-ended waveguide in
free space, 0 < 0 < 180°
. [Bb .
1 4 cos 8 sin 751n9
Fp(0)= 5 b $»=90° (9-58b)
7 Sin 9

Note the difference in obliquity factors between (9-57) and (9-58). For (9-57), the boundary
conditions on the ground plane at § =90° are satisfied as explained in association with (9-38).
For operation in free space, (9-58) is valid all the way to §=180° where the (1 + cos 6)/2
obliquity factor takes the pattern to zero. Fig. 9-10 shows the patterns in the E- and H-planes
calculated using (9-57) and (9-58). Also shown are measured pattern data for a WR90 wave-
guide in free space operating at 9.32 GHz. [H.3: Silver, p. 345; 2] Agreement to the measured
data is best in the E-plane for the free-space case of (9-58b), as expected. But in the H-plane the
agreement is better for the ground plane case of (9-57a). This is due to the fact that the aperture
theory used for the calculated patterns assumes an electrically large aperture, but the waveguide
has dimensions that are not electrically large: a=2.286cm=0.71/ and b=1.016 cm=0.314.
In addition, the fringe currents on the waveguide exterior are neglected, which will affect the H-
plane more than the E-plane. Better results can be obtained by including the fringe currents on
the waveguide walls, the phase constant 3, of the waveguide, and the reflection coefficient
introduced by the discontinuity of the abrupt termination [2]; see Prob. 9.2-4. The directivity of
the open-ended waveguide is discussed in Example 9-4.
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(a) The E-plane patterns.

X

60 With ground
plane

180

In free
space

(b) The H-plane patterns.

Figure 9-10 Radiation patterns of an open-ended WR-90 waveguide in free space operating at
9.32 GHz with the geometry of Fig. 9-9 and as described in Example 9-3. The computed
patterns are for free space (solid curve) and with a ground plane in the xy-plane (dashed curve).
Also shown are the measured patterns (dots).

9.3 TECHNIQUES FOR EVALUATING GAIN

Aperture antennas are often selected for use in applications requiring high gain. It is,
therefore, important to be able to evaluate gain as accurately as possible. In this section,
techniques are presented for evaluating gain based on pattern information and on aperture
field information. In addition, simple formulas are presented that provide approximate
gain values. These techniques apply to a wide variety of antenna types.



9.3 Techniques for Evaluating Gain 361

9.3.1 Directivity
Two useful forms for directivity from (2-144) and (2-140) are

4T
D=— 9-59
a (9-59)
4rU,,
D= -60
> (9-60)
where U,, is the maximum of the radiation intensity defined through
1 2 2] » 2
U6, 9) = 5 ||Eaf* + [Ef"]* = UnlF(6, 0) (9-61)
€4 is the beam solid angle:
2m
Q= / / *)sin 0 d6 d¢ (9-62)

The total radiated power P is evaluated by integrating (9-61) over all radiation space or
from P = U,,{24. Accurate evaluation of directivity using (9-59) and (9-62) requires both a
knowledge of the pattern over all angles 6, ¢ and integration of the pattern. If the pattern
function is known, the integral in (9-62) can sometimes be evaluated analytically, but is
usually found by numerical integration.

Pattern integration can be avoided when evaluating the directivity of aperture anten-
nas. This approach is based on determining the radiated power in the aperture plane where
it is easier to integrate. A knowledge of the aperture fields is required, of course. The
formulation is simplified by assuming that the tangential aperture electric and magnetic
fields are related as a TEM wave; see (9-27). This is justified by the good match to free
space (e.g., low VSWR) that most aperture antennas exhibit, indicating real power flow
as with a TEM wave. Using (9-27) in the general radiation field expression of (9-24) with
(9-61) gives

62
3272y

U(, ¢) = (1+cos 0)°[|P.]* + P[] (9-63)

The maximum value of this function, which corresponds to the main beam peak from

(9-14), is
Uy = 87T2 // E, dS' (9-64)

since I« r' =0 in the broadside case (6 =0) because =2z and r’ is in the xy-plane.

Integration of (9-63) to obtain P is, in general, rather difficult. This can be avoided by
observing that the total power reaching the far field must have passed through the
aperture. Within the validity of (9-27), the power density in the aperture is |E,| / 2n and
we can determine the radiated power from

1 2
P=— [[ |E.?dS 9-65
2 // |Eq| (9-65)
Sa

Substituting (9-64) and (9-65) in (9-60) gives a simplified, but powerful, directivity
relationship:
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2
J[ ®aas
4
D:TZ 18 T
A // ‘Ea|2dS/
Sa

This formula assumes the following: The pattern peak is directed broadside to the
aperture, the aperture is large relative to a wavelength, and the aperture fields nearly form
a plane wave. It turns out that the latter two conditions need not be strictly satisfied for
good results to be obtained. Note the similarity of (9-66) to (8-85) for a half-wavelength
spaced linear array.

If the aperture distribution is of uniform amplitude (E, = E,), then (9-66) reduces to

(9-66)

4
P
where A, is the physical aperture area. This was shown to be true for the rectangular
aperture by direct evaluation; see (9-50). Further, (9-67) is a general result and implies
that the directivity of a uniform amplitude aperture is the highest obtainable from a

uniform phase aperture. This is true because the maximum of (9-66) occurs for a uniform
illumination, which yields (9-67); see Prob. 9.3-2.

D,= Ap (9-67)

EXAMPLE 9-4 Directivity of an Open-Ended Rectangular Waveguide

To illustrate the aperture field integration method of determining directivity, we return to the
open-ended waveguide operating in the TE |y mode as described in Example 9-3 and illustrated
in Fig. 9-9. The aperture field distribution is

/ a a b b
E,=3yE, cos—, ——=x=_, ——=y=_ 9-68
Y80 €057 2= %72 2=V 73 (9-68)
where the waveguide (and, thus, the aperture) has wide and narrow dimensions of @ and b.
Then
: a/2 / b/2 2 20\ 2
/ / E. ds| = E, / cos - gy / dy | =E (i’) »? (9-69)
J. —a/2 a —b/2 ™
Sa
and
a2 / b2
/ / E,|* d' = / L / dy =E22b (9-70)
) —a/2 a —b/2 2

Substituting these into (9-66) gives

47 (8 47
D= 7z (ﬁab) = ?(O.SI)ab (9-71)
This directivity is reduced by a factor of 0.81 (the aperture taper efficiency, ;) from that of
same aperture when uniformly illuminated as in (9-67). However, in order for this formula to
provide a good approximation the aperture should be electrically large with dimensions of a
few wavelengths. A more all-purpose approach is (9-59) that should be used for small aper-
tures. This begins by finding the total normalized vector pattern by interpolating between the
principal plane patterns:
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F(0. ¢) =sin¢ Fz(0, ¢)0+ cos ¢ Fy (0, ¢)b (9-72)

Then the total pattern magnitude squared is

|F(0, ¢)]> =F(0, ¢) « F(0, ¢) =sin’¢ F(0, ¢) + cos’d F* (0, ¢) (9-73)

The directivity is found from (9-59) and (9-62) with (9-73), (9-58b) for Fg and (9-57a) for Fy
because of the better fit to the measured pattern. This process yields a directivity of 6 dB,
which is close to the measured gain value at 9.32 GHz of 6.2 dB. [2] The directivity calculated
from (9-71) is 3.6 dB, which is inaccurate because of the small aperture size.

Most rectangular aperture distributions are separable, that is,

Ey(x,y) = Ea (X)Ea(y) (9-73)
It can then be shown (see Prob. 9.3-15) that the directivity is also separable:

D =7D,D, cos 0, (9-74)
where

D,, D, = directivity of a line source with a relative current distribution of E,(x), E,»(y)
0, = main beam pointing direction relative to broadside

The cos 6, factor represents the projection of the aperture physical area onto the plane
normal to the main beam maximum direction 0,. This approximation is valid if the beam
is not scanned within several beamwidths of endfire. The directivity of a uniform rect-
angular aperture for broadside (6, =0) can be expressed as follows using (5-19):

2L, 2L 4w
b

(9-75)

="

which is (9-50).

9.3.2 Gain and Efficiencies

Gain equals directivity reduced by the amount of power lost on the antenna structure; see
Secs. 2.5 and 4.4.1 for previous discussions of gain. This is expressed using radiation
efficiency front (2-155) as

G=eD (9-76)
Another form follows from (9-60) with input power in place of radiated power since
P = e, P;,; also see (2-152):
_ 4rU,,
- Pin

G

(9-77)

This form is often used when evaluating antennas by numerical computation.
Since the directivity of an aperture antenna is directly proportional to its physical
aperture area A,, gain will be also:

41 41
G= ;—er = )_ZEaPAP = gapDu (9-78)

where (4-27), (4-29), and (9-67) were used. A, is the effective aperture and can be cal-
culated through this equation for any antenna, including arrays. From this, we see that
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Aperture efficiency €,p is a measure of how efficiently the antenna physical area is uti-
lized. If &, is known, it is a simple matter to calculate the gain of an aperture antenna of
aperture area A, using (9-78).

There are several contributions to the overall aperture efficiency. The following form
shows the factors separately and is appropriate for general use:

9:50)

All these factors have values from zero to unity. We discussed radiation efficiency e, in
Sec. 2.5; it represents all forms of dissipation on the antenna structure such as conductor
losses. In most aperture antennas, these losses are very low, so e, ~ 1 and

G~D  most aperture antennas (9-81)

This may not hold if one of the following situations applies: The antenna size is less than
a wavelength, a lossy transmission line or device is considered to be part of the antenna,
or lossy materials are an integral part of the antenna such as a dielectric lens.

Aperture taper efficiency €, represents gain loss strictly due to the aperture amplitude
distribution. Often, the amplitude is tapered from the center to the edges of an aperture
intentionally to reduce sidelobes. ¢, is the ratio of directivity computed with only the amplitude
taper present, D,, to the directivity of the same aperture uniformly illuminated, D,,:

D
g=— or D,=¢D, (9-82)
Du

Examples for line sources are given in Table 5-2. Also, in Example 9-4 we found
g, =0.81 for an open-ended waveguide.

Antennas that have a secondary radiating aperture illuminated by a primary (feed)
antenna, such as a parabolic reflector, experience spillover loss due to power from the
feed missing the radiating aperture. This spillover efficiency ¢, and aperture taper effi-
ciency are the main sources of gain loss in most aperture antennas. The product €&, is
called the illumination efficiency ;.

The remaining factor in (9-80), €,, is achievement efficiency and can include many
subefficiencies. More subefficiencies will be treated with reflector antennas in Sec. 9.5,
but the following two are usually dominant:

Ea = Ecr€ph (9-83)

Cross-polarization efficiency, €., represents loss due to power being radiated in a
polarization state orthogonal to the intended polarization. Phase efficiency, epp, represents
loss due to nonuniform phase across the aperture.

Any of the efficiency factors can be expressed as a gain factor in decibels as

£,(dB) =10 log ¢, (9-84)

Gain “loss” is negative of this. For example, the aperture taper efficiency for Example 9-4
is £,=0.81, so ,(dB) = —0.91 dB and the gain loss is +0.91 dB. This is the only source
of loss in this case. In general, (9-78) and (9-80) can be written in dB form as

G(dB) = 10 log C_ZA,,) +e,(dB) +5,(dB) + £,(dB) + 2a(dB)  (9-85)
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Recall that polarization mismatch factor p and impedance mismatch factor ¢ are not
included in aperture efficiency nor gain, but they play a role similar to the efficiency
factors (as discussed in Sec. 4.4).

9.3.3 Simple Directivity Formulas

It is often necessary to estimate the gain of an antenna, especially in system calculations. If
the gain cannot be measured, simple gain equations can be used. The most direct and
simplest approach is to use (9-78). The operating wavelength and physical aperture area are
easily obtained. Aperture efficiency can sometimes be determined by using a theoretical
model, as will be discussed for horns and reflectors later in this chapter. In many cases, it can
be estimated. In general e,, ranges from 30% to 80% with 50% being a good overall value.
Optimum gain pyramidal horns have an aperture efficiency near 50%. Parabolic reflector
antennas have an efficiency of 55% or greater. Gain can be found by estimating the aperture
efficiency. For example, a 30-dB gain antenna with an actual efficiency of 55% will have a
gain error of 0.38 dB when an estimated efficiency of 60% is used.

It is very useful to have an approximate directivity expression that depends only on the
half-power beamwidths of the principal plane patterns. This is expected to yield good
results since we know that directivity varies inversely with the beam solid angle
(D=4m/Qy4) and the beam solid angle is primarily controlled by the main beam. Thus,
we expect to find that D x (HPEHPH)” , where the product of the principal plane
beamwidths approximates the beam solid angle. We now derive such relations.

The topic of directivity and gain estimation was introduced in Sec. 4.5.3, and the full
development along with references is found in [3]. The directivity of a rectangular
aperture with a separable distribution given by (9-74) for broadside operation (6, =0) is

D=nD.D, (9-86)

where D, and D, are the directivities of a line source (or linear array) associated with the x
and y aperture distribution variations. But we know from studying several linear current
distributions that these directivities are related to the aperture extents as

2L 2L,

Dx:CxTxa Dy:CyT) (9-87)
where directivity factors ¢, and ¢, are constants that vary slightly with the distributions
E.i(x) and E(y). For uniform line sources, ¢y =c,=1; see (5-19). Using (9-87) in
(9-86) and rearranging give

D=re, 2L, 2L, _ dmereykiky  Ameyeykiky

0T (ki) (k) PP

Ly YLy

(9-88)

The beamwidth factors k, and k, are constants associated with the following beamwidth
formulas that we have used frequently (see Table 5-2):

A A
HP =k HP, = k, I (9-89)

For uniform line sources, k. =k, =0.886. The numerator in (9-88) is the directivity-
beamwidth product:

180\ 2
DB = 47c,cykyk, - (—) [deg?] (9-90)
- ™
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The general form of the directivity estimation formula based only on half-power beam-
widths in degrees is

DB

D=— """
HPo HPypo

(9-91)
It is similar to the gain-bandwidth product that is commonly used to characterize circuit
devices. It remains relatively constant under a variety of operating circumstances because
as the amplitude is tapered, constants cy, ¢, decrease due to aperture taper efficiency
reduction, but the constants &, k, increase due to beam broadening and nearly cancel the
decrease in ¢y, cy.

If we could determine the value of DB, (9-91) would be our desired simple expression
for directivity. For uniform distributions in x and y:

DB, =47(1)(1)(0.886)(0.886) = 9.86 rad” = 32,383 deg? (9-92)

Then (9-88) becomes

D — ﬂ uniform rectangular aperture (9-93)
frect " HP o HPgo directivity approximation

where HPgo and HPyo are the principal plane beamwidths in degrees. Although this is
based on a uniform rectangular aperture, it produces accurate results for any pattern with
a moderately narrow major lobe and with minor lobes present. This relation can be used
for scanned beams if the beamwidths are those of the scanned beam. For uniform circular

apertures,
4 2\ /180\°
DB, =D - szz—fmz(l.oz—> (—)
cir /"L 261 T

= 33,709 deg2 uniform circular aperture
directivity approximation

(9-94)

where (9-171) and (9-172) were used. This is very close to the directivity-beamwidth
product of 32,383 for uniform rectangular apertures. As the amplitude taper from the
center to the perimeter of a circular aperture is changed, DB varies from 33,709 to about
39,000 deg” [4]. For a rectangular aperture with a cosine amplitude taper in the H-plane
and uniform phase, as found in the open-ended waveguide of Example 9-4, DB is 35,231
deg.” The foregoing aperture distributions are included in Table 9-1, which lists the DB
values for several cases.

Some simple antennas and theoretical patterns have no minor lobes. The Gaussian and
cos? 0 patterns are examples; see Probs. 9.3-18 and 9.3-19. The formula of Case 1 in
Table 9-1 for no side lobe patterns with DB =41,253 applies to both omnidirectional and
unidirectional patterns. As mentioned in Sec. 4.5.3, the formula with 41,253 gives
1.47 dB for a half-wave dipole, which is close to the correct value of 1.63 dB. For the
unidirectional cos? 6 pattern (zero for 6 > 90°) the directivity is exactly D=2(2g+ 1)
which is 13.4dB for g=>5. The half-power beamwidth is 42.2° in both planes for this
pattern and the directivity is 41,2531(42.2)* = 13.6 dB, which is good agreement with the
exact value.

In practice, antennas produce radiation patterns with significant power content in side
lobes that do not progressively decrease away from the main beam. In addition, the main
beam rolls off more slowly than idealized patterns such as the sin u/u pattern for a
uniform line source. Thus, the solid angle of the main beam is larger than that predicted
by the product of the principal plane beamwidths. This together with the increased solid
angle contribution from the side lobes reduces the directivity compared to models based
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Table 9-1 Directivity-Beamwidth Product for Use in Directivity Estimation: D ~ ;28

HPgoHPpo
Case Pattern or Aperture Distribution Type DB [deg’]
1 No side lobe pattern, rectangular beam. See (4-56). 41,253
2 Uniform rectangular aperture. See (9-92). 32,383
3 Cosine-uniform rectangular aperture such as an open-ended 35,231
waveguide. See Example 9-3 and Prob. 9.3-20a.
4 Gaussian pattern. See Prob. 9.3-18 36,407
5 Uniform circular aperture. See Prob. 9.3-20b and Sec. 9.5.1. 33,709
6 Circular aperture with parabolic-on-a — 12 dB-pedestal distribution. 38,933

See Prob. 9.3-20c¢ and Table 9-2.
7 General use for practical patterns with side lobes and null fill. 26,000
See Sec. 4.5.3 and (9-95).

on ideal patterns. A variation of (9-92) that yields accurate gain values for antennas used
in practice is

26,000

G=—2"—
HPpoHPyo

(9-95)
This is also (4-57). Gain is used here instead of directivity because it applies to com-
mercial antennas for which vendors quote measured gain values. It is assumed that ohmic
losses are very small so that G = D.

The simple formulas for finding directivity or gain are based only on half-power
beamwidths and thus accurate results cannot be counted on. There is not enough infor-
mation contained in the half-power beamwidths. The most important aspect of the
beamwidth-based directivity formulas is to select the appropriate formula. The intended
application for each DB value are included in Table 9-1. The following examples illus-
trate the power of the general formula of (9-95).

EXAMPLE 9-5 Pyramidal Horn Antenna

A pyramidal horn antenna (see Fig.9-18a), with a rectangular aperture of width A and height B,
designed for optimum gain has an aperture efficiency of 51 %; so from (9-78)

4
G=0.51 )—ZAB (9-96)

As a specific example; a “standard gain horn” operating from 33 to 50 GHz has a measured gain
of 24.7 dB (G = 295.1) at 40 GHz (1 =0.75 cm). The aperture dimensions of this horn are
A =5.54 cm and B=4.55 cm: Using these values of 4, A, and B in (9-96) gives G =287.2 =
24.6 dB. The gain can also be estimated from the principal plane half-power beamwidths,
measured at 40 GHz to be HPgo = 9° and HPyo = 10°. Then (9-95) yields G =288.9 =24.6 dB.
The gain values from both of these methods agree very well with the measured gain of 24.7 dB.

EXAMPLE 9-6 Circular Parabolic Reflector Antenna

The aperture efficiency of a common circular parabolic reflector antenna with diameter D is
55%, so (9-78) becomes
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4 4w [ D? D?
G:EQPA—ZAP:O.SS;N—2 <7TT) :5‘437 (9-97)
For a specific example, a 3.66-m (12-ft) circular reflector operating at 11.7 GHz
(A=2.564 cm) has a measured value of G = 50.4 dB and HPgo = HPyo =0.5°. Again, we will
check our estimation formulas. First, (9-97) gives G = 5.43(366/2.564)? = 110,644 = 50.4 dB.
Next, (9.95) yields G = 26,000/(0.5)2 =104,000 =50.2 dB. Both of these estimates are in good
agreement with the measured gain.

9.4 RECTANGULAR HORN ANTENNAS

Horn antennas are extremely popular antennas in the microwave region above about 1
GHz. Horns provide high gain, low VSWR, relatively wide bandwidth, low weight, and
they are rather easy to construct. As an additional benefit, the theoretical calculations for
horn antennas are achieved very closely in practice.

The three basic types of horn antennas that utilize rectangular geometry are illustrated
in Fig. 9-11. These horns are fed by a rectangular waveguide that is oriented with its
broad wall horizontal. For dominant waveguide mode excitation, the E-plane is then
vertical and the H-plane horizontal. If the horn serves to flare the broad wall dimension
and leave the narrow wall of the waveguide unchanged, it is called an H-plane sectoral
horn antenna as shown in Fig. 9-11a. On the other hand, if the horn serves to flare only
in the E-plane dimension, it is called an E-plane sectoral horn antenna and is shown in
Fig. 9-11b. When both waveguide dimensions are flared, it is referred to as a pyramidal
horn antenna, which is shown in Fig. 9-11c.

The operation of a horn antenna can be viewed as analogous to a megaphone, which is an
acoustic horn radiator providing directivity far sound waves. The electromagnetic horn acts as
a transition from the waveguide mode to the free-space mode. This transition reduces
reflected waves and emphasizes the traveling waves. This traveling wave behavior, as we have
seen with other antennas, leads to low VSWR and wide bandwidth.

Aperture antennas are among the oldest antennas. Heinrich Hertz experimented with
microwave parabolic cylinder antennas in 1888. The Indian Physicist J. Chunder Bose
operated a pyramidal horn, which he called a “collecting funnel,” at 60 GHz in 1897. The

(a) H-plane sectoral horn. (b) E-plane sectoral horn.

N

(c¢) Pyramidal horn.

Figure 9-11 Rectangular horn antennas.
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horn antenna has been in widespread use since the 1940s; see Appendix H.8.6 books for
on horn antennas.

A characteristic of the horn antenna that we have not encountered until now is that the
longer path length from the connecting waveguide to the edge of the horn aperture
compared to the aperture center in the flare plane introduces a phase delay across the
aperture. This aperture “phase error” is not present in antennas such as an open-ended
waveguide and complicates the analysis. Phase errors occur in several areas of antennas
and they are treated in this section on rectangular horn antennas. In addition to the
rectangular horns, conical horn antennas are common. There are also special-purpose
horns including those with a dielectric or metallic plate lens in the aperture to correct for
the phase error and those with metallic ridges inside the horn to increase bandwidth
[H.8.5]. One of the most important applications for horn antennas is as a feed for a
reflector antenna. Popular feed horns have corrugations on the inside walls; these are
discussed in Sec. 9.7.

9.4.1 The H-Plane Sectoral Horn Antenna

The H-plane sectoral horn of Fig. 9-12a is fed from a rectangular waveguide of interior
dimensions a and b, with a the broadwall dimension. The aperture is of width A in the
H-plane and height b in the E-plane. The H-plane cross section of Fig. 9-12b reveals the
geometrical parameters. The following relationships for the geometry will be of use in
subsequent analysis:

A 2
6 =R+ (5) (9-98)
A
ay =tan~! <2—R1> (9-99)

Ru=(A—a) (%) 2_% (9-100)

The preceding relations follow directly from Fig. 9-12b and it is an exercise to prove
(9-100). The dimensions A and Ry (or £ or R;) must be determined to allow construction
of the horn. We first investigate the principles of operation and then present design
procedures for determining the horn dimensions.

The key to solving aperture antenna problems is to find the tangential fields over
the aperture. The aperture plane for the H-plane sectoral horn shown in Fig. 9-12a is in

Ry —>

(a) Overall geometry. .
(b) Cross section through the xz-plane (H-plane).

Figure 9-12 H-plane sectoral horn antenna.



370 Chapter 9 Aperture Antennas

the xy-plane. The aperture fields, of course, arise from the attached waveguide. As is
usually the case in practice, we will assume that the waveguide carries the dominant TE
rectangular waveguide mode. The transverse fields in the waveguide are then given by

Ey = Eqg cos = ¢ (9-101a)
a
E,
Ho= (9-101b)

where Z, = nl(1—4/2a)*1"""* is the waveguide characteristic impedance. The fields
arriving at the aperture are essentially an expanded version of these waveguide fields.
However, the waves arriving at different points in the aperture are not in phase because of
the different path lengths. We will now determine this phase distribution.

The path length R from the (virtual) horn apex in the waveguide to the horn aperture
increases toward the horn mouth edges. Thus, waves arriving at aperture positions dis-
placed from the aperture center lag in phase relative to those arriving at the center. The
phase constant changes from that in the waveguide 3, to the free space constant 3 as
waves progress down the horn. But for relatively large horns, the phase constant for
waves in the vicinity of the aperture is approximately that of free space. The aperture
phase variation in the x-direction is then given by

o IHRRY) (9-102)

The aperture phase is uniform in the y-direction. An approximate form for R using
Fig. 9-12b is

1/2

2
R=y/R+x2=R |1+ (Ri) 1 (9-103a)
1

1+ % (;) 2] (9-103b)

for x < R; that holds if A/2 < R;. Then

Q‘JR]

Ry~ LT (9-104)

The amplitude distribution is an expanded version of that in the waveguide, so it is a
cosine taper in the x-direction. Using this fact and (9-104) in (9-102) leads to the aperture
electric field distribution

2

E,y =E, cos = ¢=13/2R1) (9-105)

inside the aperture and zero elsewhere. Note that E, (x= £ A/2)=0 as required by
boundary conditions. The phase distribution is often referred to as a quadratic phase error,
since the deviation from a uniform phase condition varies as the square of the distance
from the aperture center. This result can be derived more rigorously by representing the
horn as a radial waveguide [H.3: Collin and Zucker, Part 1, p. 636].

The quadratic phase error complicates the radiation integral evaluation; however, the
result is worth the effort. Substituting (9-105) into (9-18b) yields



9.4 Rectangular Horn Antennas 371

A/2 o y b2
Py — Eo/ cos %e—](gi/ZRl)xlze;dux’dx// e/ﬁvy/dy/ (9-106)
—A/2 —b/2

After considerable work, this reduces to
1 /7R, sin[(8b/2)sin 0 sin ¢
P,=E,|=4/— I -1
=y 109 G (5-107)

where the factors in brackets correspond to each of the integrals in (9-106). The second
factor is that for a uniform line source. The first involves the function

1(0, ¢) = elR1/29)(Bsind cos 6+ m/A2 () — jS(sh) — C(s)) +S(s})] (5-108)
1200 cooms AR [0 (1) — (1) — C(1) +S(1))]
where
1 ﬂA 7TR1
/
sh = P2 R Bu—"
o1 WﬁR1< y Ribu=
1 ﬁA 7TR]
/
= —_— ——R _—
& WﬁR|<2 1u=—4
(9-109)
I BA TR,
,7 S — —_—
h= wﬂRl( 5 “Ribur

1 ﬁA 7TR1
/
= - __R -
Y T

and the functions C(x) and S(x) are Fresnel integrals defined in (F-17) and tabulated in [5].
The total radiation fields can now be obtained. Using (9-29) gives the far-zone electric
field components

—jpr
Ey=jB5—(1+cos) sing P, (9-110a)
4mr
) e Ior
E,=j0 - (14cos @) cos ¢ P, (9-110b)

These together with (9-107) give the complete radiated electric field

. [TR e %" [ 1+4+cosO\ 4 . .
E = jGE,b 5 (2)(9 sin ¢ + ¢ cos @)

sin[3b/2)sin 6 sin ¢]
" (Bb/2)sinOsin ¢

(9-111)
1(6, ¢)

where 1(0, ¢) is still given by (9-108).
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The complete radiation expression is rather cumbersome, so we will examine the
principal plane patterns. In the E-plane, ¢ =90° and the normalized form of (9-111) is

1 +cos@ sin[(8b/2) sin 0]
2 (Bb/2)sin

Fe(0) (9-112)

The second factor is the pattern of a uniform line source of length b along the y-axis, as

one would expect from the aperture distribution.
In the H-plane, ¢ =0° and the normalized H-plane pattern is

B 1+cosé

Fuy(0) = c _1+cos® 1(0,9=0°)

Ju6)=— 1(0=0°, 6=0°)

(9-113)

The H-plane pattern can be displayed rather simply using universal radiation pattern plots
that are based on the maximum phase error across the aperture. The aperture distribution
phase error as a function of position x from (9-105) is

B
b= — -114
T (9-114)
Since the maximum value of x is A/2, the maximum phase error is
B [A\? A2
Omax==— =) =2r—— =27t 9-115
mX T oR \2 s8R, " (9-115)
where ¢ is defined to be
A2 1A\ 1
f— —_(Z) — 9-116
8AR, 8 (A) Ry /A ( )
The function 1(6, ¢ =0°) in (9-108) can be expressed in terms of ¢ as
1(6, ¢ = 0°) = JF/80A/D) im0+ 122 (00 ) iS00V C(s1) +S(s1)] ( |
9-117
o+ /DO (1) S (1)~ C(11) +S (1)
where
1 (A
s1=2vt|—1—— | —sin@
=2V 4\ 2" 8t
1 (A 1
s =2y/t|1—— | =sinf | ——
n=2V1 4\ 72" 8t
: (9-118)
1 [A 1
t1:2\/i —I—E Esm@ +§
1 [A 1
=2 1—— | =si —
& Vi 4\ A sinf) | + 8t
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This function is plotted in Fig. 9-13 for various values of . It is normalized to the main
beam peak for a zero phase error condition, which displays the directivity loss (reduction
of the main beam peak) as the maximum phase error 27t increases.

The curves in Fig. 9-13 are universal pattern plots from which antenna patterns can be
derived for specific values of A, b, and . The H-plane plots (solid curves) are a function of
(A/Z) sin 6. The E-plane plot (dashed curve) is the second factor of (9-112), and the abscissa
for it is (b/A) sin 6. The factor (1 4 cos 6)/2 that appears in both pattern functions (9-112) and
(9-113) is not included in Fig. 9-13. For most situations, it has a small effect on the total pattern
and may be neglected. Its effect, however, is easily included by adding 20 log[(1 + cos 6)/2]
to the corresponding pattern value from the universal pattern. Note that the E-plane plot of
Fig. 9-13 has the —13.3-dB side lobe level of a uniform line source pattern, and the H-plane
constant phase (¢ = 0) plot has the —23-dB side lobe level of a cosine-tapered line source
pattern. As the phase error increases, the H-plane pattern beamwidth and side lobes increase.

The pattern of f5(0) in (9-113) can be evaluated with excellent results using a math-
ematics application computer package to perform the numerical integration:

A/2 r 5 o
fu(0)oc cos X g IR+ yiBsing s (9-119)
—A/2 A
where (9-106) was used with the exact phase error expression of (9-103a) rather than the
quadratic approximation of (9-1035). This avoids the foregoing complicated expressions
and permits inclusion of the exact phase.
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The directivity for an H-plane sectoral horn is obtained from the aperture integration
method of (9-66) as

Dy = % % (%) eh = j—fe, ef, Ab (9-120a)
where
. (9-120B)
= T {[Clp)~CloP + [5(1) S (9-1200)
p1:2\ﬁ|:l—|— %] p2=2\/2[—1+$] (9-120d)

Note that p; = —s| =1} and p, = s}, = —¢, from (9-108) for u = 0. This expression explicitly
shows the two efficiency factors associated with aperture taper and phase, ¢, and £ .

A family of universal directivity curves is given in Fig. 9-14, where ADy/b is plotted
versus A/ for various values of R;/A. Notice that for a given axial length R, there is an
optimum aperture width A corresponding to the peak of the appropriate curve. The values
of A/ corresponding to optimum operation plotted versus Ry /A produce a smooth curve

with the equation A/A= /3R, /4, giving

A = \/3AR,  optimum (9-121)
For example, the value of A/ for the peak of the Ry /A =30 curve of Fig. 9-14 is 95, and

from (9-121), A/4=+/3R; /7= /3(30) = 9.49.

140 1 T T T T T T T
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120 - 50, i
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Figure 9-14 Universal directivity curves for an H-plane sectoral horn.
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The optimum phase error parameter value corresponding to optimum directivity is
found from (9-116) with (9-121) as

A? 3

fop = SR 8 optimum (9-122)
The optimum behavior of the directivity curves can be explained rather simply. For a
fixed axial length, as the aperture width A is increased from a small value, the directivity
increases by virtue of the increased aperture area. Optimum performance is reached when
t=1to, =3/8, which corresponds to a phase lag at the aperture edges (x=+A/2) of
Omax :27rt0p:37r/4: 135°. As A is increased beyond the optimum point, the phase
deviations across the aperture lead to cancellations in the far field and decreased direc-
tivity, as can be seen from the pattern plots of Fig. 9-13.

The foregoing analysis can be performed without approximation by using numerical
techniques together with the exact phase error (9-103a), as with the radiation integral in
(9-119), However, it is easier to use a corrected phase error parameter that includes the
effects of the exact phase error. The exact pattern is obtained if the value of ¢ in (9-118) is
replaced by the following [6]:

A\ 1 AN
= | — — ] ; 1 2 _1 _12
te <;> n [ + (A) 6 t] exact (9-123)

If the phase error is not large and the aperture is more than a few wavelengths, then 7, ~ ¢.
For example, the optimum case with a 31 aperture (A/A=3) has an exact phase error
parameter of . = 0.354, which is close to the approximate value of 0.375. Similarly, exact
phase error conditions for directivity are obtained by replacing ¢ with 7, in (9-120).

The half-power beamwidth for optimum performance can be determined from the
pattem plot of Fig. 9-13 for r=3/8. The 3-dB down point on the main beam occurs
for (A/1) sin @y =0.68, so the H-plane beamwidth for an optimum H-plane sectoral horn
is 20y =sin"'(0.681/A); and for A>> 2,

y)

HPy ~ 1.36= =78~
- 36A 78A

optimum (9-124)

9.4.2 The E-Plane Sectoral Horn Antenna

A rectangular horn antenna can also be formed by flaring the feed waveguide in the
E-plane. The resulting horn is referred to as an E-plane sectoral horn antenna as shown
in Fig. 9-15. The geometrical relationships for this horn are

B 2
=R+ (5> (9-125)
B
—tan-! (2o N
op =tan <2R2> (9-126)
2
Rg=(B—D) (%E) f% (9-127)

A similar line of reasoning as employed for the H-plane horn leads to the following
aperture electric field distribution for the E-plane horn:
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(a) Overall geometry. (b) Cross section through the yz-plane (E-plane).
Figure 9-15 E-plane sectoral horn antenna.

Ey=E, cos — ¢(3/2R2)? (9-128)
a

The same steps as used with the H-plane sectoral horn yield the radiation field:

Ry 4ae 7 - .
E=j3E, /%?"fém SR (@ in b+ b cos )

(9-129a)
1 + cos@ cos[(Ba/2)u] ) )
. C(ry)—jS(ry) — C(ry) + jS(r
3 1—[(ﬁa/7r)u]2[ (r2)=jS(r2) = C(r1) + jS(r)]
where
_ | B (_B _ | B (B
ry= 7TR2 3 R2”U s rp = 7TR2 ) Rz”U (9-129b)
The normalized H-plane pattern follows from this with ¢ =0° as
Fun(0) = 1 4 cos® cos[(Ba/2) sinf] (9-130)

2 1 — [(Ba/x) sin 6]

The second factor in this expression is the pattern of a uniform phase, cosine amplitude
tapered line source of length a.

The aperture phase error in the E-plane is approximated with the quadratic phase
error in (9-128) as &= ((3/2R,)y*. The maximum phase error occurs for y=+B/2,
giving Smax = (3/2R,)(B/2)* = 2m(B%8/R,) =27 s, where we define the phase error
parameter s as

B> 1/B\* 1
- —_(Z) — -131
T 8IR, 8 <)> Ra /. (9-131)

The E-plane pattern magnitude from (9-129) with ¢ =90° can be expressed in terms of s as
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Fe(0)] = — 21 (0)

1 4 cos @ ) [C(rs) — C(r3)]2 + [S(r) _S(r3)}2 12 (9-132a)

2 4[C?(2v/s) + $2(2V5)]

where

1 (B . 1 /B .
r3=2v/s [—1—4S (Z sin 9)] r42\/§[1—4s <2 sin 0)} (9-132b)

Similar to (9-119) for the H-plane sectoral horn, the pattern of an E-plane sectoral horn can be
evaluated by direct numerical integration; fz(6) in (9-132a) is found from

B/2 . o ,
fE(e)OC/ efjﬁ\/R%erlze]B sin 0y dy/ (9_133)

~B/2

The universal patterns for the E-plane sectoral horn are plotted in Fig. 9-16. The E-plane
patterns (solid curves) for various values of s are not normalized to 0 dB at the maximum
point, but rather are given relative to the no-phase error case, which is s = 0 corresponding
to a uniform line source. The H-plane pattern (dashed curve) is that of a cosine-tapered line
source, which is the second factor of (9-130). The factor (1 + cos ) /2 is not included in
these plots.

The directivity of the E-plane sectoral horn found from (9-66) is

a32B 4
Dg = T Esgh = Egh aB (9-134a)
where
5 8 (9-134b)
t— 7_(_2
c? s
ek = 7@)42 @) (9-134c)
q
B o (9-1344)
= = S -
1= Vm,

A family of universal directivity curves ADg/a for various values of R,/A is given in
Fig. 9-17 as a function of B/ /. The peak of each curve corresponds to optimum directivity
for the value of R,. A curve fit to pairs of values of B// and R,/1 for optimum
conditions yields

B=+/2AR, optimum (9-135)
The corresponding value of s is

B? 1
—_— e | _1
Sop = g~ LT optimum (9-136)
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Figure 9-17 Universal directivity curves for an E-plane sectoral horn.
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Exact phase error conditions corresponding to spherical wave fronts in the aperture
plane can be included easily, replacing s by s, [6]:

_ (B L
Se_i 8s

That is, the pattern and directivity expressions of (9-132) and (9-134) are made exact by
using (9-137). However, in practice, accuracy cannot be expected when the aperture is
small, because the aperture fields are not well approximated by free-space conditions.

The half-power beamwidth relationship for the optimum horn follows from the
s = 1/4 plot in Fig. 9-16 and is

N2 1/2
1+ <E) 164 —1 3 exact (9-137)

0.47 / A
HP;=2sin"'—— ~ 0947 =54°% optimum (9-1338)
B/ B B

Gain for horn antennas nearly equals directivity—that is, Gg ~ Dg and Gy =~ Dpy. The
gain of an E-plane sectoral horn has been shown to be more accurately given by [7]

__16aB  Cq)+S(q1) niariyi-itig)
(14 Ag/2) a1

£ (9-139)

where A, =A/1/1—(4/ 24)” is the wavelength of the dominant mode in the waveguide
feeding the antenna and g; = B[\/22,0r cos(cg/2)]”". This expression yields values that
agree quite well with experimental results. The values from (9-134) are less than those of
(9-139) by 20% or more.

9.4.3 The Pyramidal Horn Antenna

Probably the most popular form of the rectangular horn antenna is the pyramidal horn
antenna. As shown in Fig. 9-18, it is flared in both the E- and H-planes. This configu-
ration will lead to narrow beamwidths in both principal planes, forming a pencil beam.
The aperture electric field is obtained by combining the results for H- and E-plane
sectoral horns from (9-105) and (9-128) giving

Ey = E, cos (%x) o I(B/2) (2 /Ry +y? /Ry) (9-140)

Following a procedure similar to that used for the sectoral horns will yield a general
radiation field expression. The principal plane patterns are the same as those obtained
from the sectoral horn calculations because the aperture distribution is separable as
in (9-72). To be precise, the E- and H-plane patterns of the pyramidal horn equal the
E-plane pattern of the E-plane sectoral horn and the H-plane pattern of the H-plane
sectoral horn. Therefore, the E-plane pattern of the pyramidal horn can be found from
the universal pattern plots (solid curves) of Fig. 9-16, and the H-plane pattern can be
found from the solid curves of Fig. 9-13.

Since pyramidal horns are used as gain standards at microwave frequencies, accurate
gain evaluation is important. The directivity of the pyramidal horn is found rather simply

from
p, = ™ (*p.) (%D (9-141)
P 3 \a E)\pH i
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(a) Overall geometry.

(b) Cross section through the xz-plane (H-plane). (c) Cross section through the yz-plane (E-plane).
Figure 9-18 Pyramidal horn antenna.

See Prob. 9.4-15. The terms in parentheses are obtained directly from the directivity
curves for sectoral horns of Figs. 9-14 and 9-17, respectively. Gain values computed with
(9-141) agree very well with experiment for sufficiently large horns. It includes the
geometrical optics fields and singly diffracted fields from the horn edges. The inclusion of
multiple diffraction and diffraction at the edges arising from reflections from the horn
interior leads to small oscillations in the gain about that predicted by (9-141) as a function
of frequency, and in agreement with experimental results [8].

It is instructive to examine the aperture efficiency contributions for horns. The
radiation efficiency e, is close to unity, so we can take gain to be equal to directivity; see
(9-81). The two efficiencies that must be considered are the aperture taper efficiency e,
and phase efficiency epp:

€ap = E1Eph = 6,55}1&;1 (9-142)
where we decomposed total phase efficiency into factors due to phase errors in the E- and
H-planes. Gain is then expressed from (9-77) as

4 4
G = A—f cpAB = %E,Anghg; = G,eb el (9-143)

where G, is the gain without a phase error effect and includes aperture taper efficiency,
which was found in Example 9-4 to be £,=0.81. The phase error efficiencies can be
found by evaluating directivity for the sectoral horns and removing the known taper
efficiency. The results of this process are plotted in Fig. 9-19 as a function of phase error
parameters s and ¢. The aperture efficiencies for optimum sectoral horns with s =0.25 and
t=0.375 are

eh, = 0.649, el = 0.643  optimum (9-144)
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Figure 9-19 Aperture efficiencies for E- and H-plane sectoral horns (left ordinate) and phase
efficiencies associated with E- and H-plane flares (right ordinate).

Both include ¢,=0.81. So,

e Ho_ Ca
gph = — = 0.80’ Eph = — = 0,79 (9'145)
Et &

The aperture efficiency of an optimum pyramidal horn from (9-142) is
e, = emem = 0.81(0.80)(0.79) = 0.51 (9-146)

It is common to use an aperture efficiency value of 50% for optimum gain pyramidal
horns.
The gain of an optimum gain pyramidal horn from (9-146) in (9-143) is

47 . .
G = O.SIFAB optimum pyramidal horn (9-147)

It is popular to express horn gain in dB form by taking 10 log of (9-143):

Gas = Goas + cppan(s) + ehas(t) (9-148)

The last two terms are gain reduction factors associated with the phase errors of (9-120c¢)
and (9-134c¢). These phase efficiencies, before taking 10 log, can be approximated with
simple formulas [9]:

1
ek (s) = P [C*(2V/s) + S*(2V/5] ~ 1.00329 — 0.11911s — 2.752245>  (9-149)
)

ph
7T2 2 2
() = 2 {1C) = CoP + [S() = 2] }
~ 1.00323 — 0.087841 — 1.27048¢ (9-150)

The approximate formulas are valid from zero up to at least s =0.262 and = 0.397. For
example, s =0.25 and t=0.375 in the approximate formulas give the values in (9-144),
which are the points shown in Fig. 9-19. Increased accuracy is obtained if the exact phase
error parameters in (9-123) and (9-137) are used.
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Many applications for horns require a specified gain to be realized at a known oper-
ating frequency. Usually, the optimum gain design approach is used because it renders the
shortest axial length for the specified gain. We now derive the single design equation that
permits determination of the optimum horn geometry for the specified gain. The proce-
dure includes the connecting waveguide internal dimensions a and b as well as the horn
dimensions. There are three conditions that must be satisfied. The first two are that the
phase error in the E- and H-planes be those associated with optimum performance.
The third is that the structure of the pyramidal horn be physically realizable and properly
mated to the connecting waveguide. This can be seen from Fig. 9-18 to be

Rr = Ry = Rp (9-151)
From similar triangles in Fig. 9-18,

R A2 A
Ry A/2—a/2 A—a

(9-152)

R B2 B
R: B/2—-b/2 B-b

(9-153)

Imposing the optimum performance in the E-plane through (9-135) and substituting

(9-153), we obtain
2/R:B
B = ‘/1; £ or B —bB-2iR; =0 (9-154)

which is a quadratic equation with one solution:

1
B = (b + VP + 8iRp) (9-155)

The second solution yields the impossible case of negative B and is ignored. Similarly, the
optimum performance condition for the H-plane of (9-122) together with (9-152) yields

A—ua A—a (A? A—a
Ry = R, = — | = 9-156
= A (32) 3 (9-156)
Imposing the physical realization condition of (9-151) with (9-156) in (9-155) gives
1 8A(A — a)
B=—-|b+ /> +—— (9-157)
2 3
Linking this to the specified gain G gives
4 4 1 8A(A — a)
G = ?sapAB = pE EapAE <b + 4\/b* + 3> (9-158)

Expanding to form a fourth-order equation in A gives the desired design equation [10]:

3bG)? 3G2 4

8mep 32722,

A* —aA’ + pyramidal horn design equation (9-159)
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It is possible to solve this quartic equation for its roots, but it is rather involved and the
solution is easily obtained using a numerical equation solver routine. Alternatively, it can
be solved by trial and error using a first guess approximation of

A = 045)V/G (9-160)

We now summarize the steps in the optimum horn design procedure:

Step 1: Specify the desired gain G at the operating wavelength A and specify the
connecting waveguide dimensions a and b.

Step 2: Solve (9-159) for A using &,,=0.5L

Step 3: Find the remaining horn dimensions as follows: B from (9-147); R; from
(9-121); Ry from (9-152); Iy from (9-98); R, from (9-135); R from (9-153);
and [p from (9-125).

Step 4: The correct solution can be verified by checking to see if Rg equals Ry and by
evaluating (9-131) and (9-116) to see if s=0.25 and r=0.375.

Horn antennas operate well over a bandwidth of about 50%. However, performance is
optimum only at the design frequency. Fig. 9-20 is again curve for the “standard gain
horn” in the 8.2 to 12.4 GHz band that is considered in Example 9-7. Note that gain
increases with frequency, which is characteristic of aperture antennas. The curve is not a
straight line as might seem to be the case from the explicit frequency-squared dependence
in (9-78). This is because aperture efficiency decreases with frequency due to increasing
phase errors, as shown in Fig. 9-20. Thus, an optimum gain horn is only “optimum” at its
design frequency.

Before closing this section with an example of optimum horn design, we comment on the
assumption that phase error arises from a spherical phase front in the aperture and
the wavelength there equals that of free space. A solution technique for rectangular horns is
available that uses a gradual change in phase velocity from the waveguide to the aperture by
treating each point as a section of an infinitely long waveguide of that width [ 11]. However, for
all but short horns with small apertures, gain does not differ noticeably from the foregoing
design approach.
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Figure 9-20 Directivity and aperture efficiency of the standard gain rectangular horn of
Example 9-7.
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EXAMPLE 9-7 Design of an Optimum Gain Pyramidal Horn Antenna

Commercial “standard gain” pyramidal horn antennas are available to cover the frequency
band from 8.2 to 12.4 GHz (X-band). They are fed from a WR90 waveguide with
a=0.9in.=2.286cm and b =0.4in. = 1.016 cm. As the gain curve in Fig. 9-20 indicates, the
aperture efficiency decreases rapidly with frequency. Therefore, the optimum design point is
chosen near the low end of the band to provide more uniform gain over the whole band.
Efficiency reduction due to increased phase errors at the high end of the band is significant, bu